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CHAPTER 1

Introduction

1.1 Motivation

The exponential advancement of the human race is perhaps best visible in the

twentieth century. Never before had mankind seen such rapid advancements in science

and technology. In the course of one century we have moved from traveling on horses

and carriages to traveling faster than the speed of sound into space. It is interesting to

imagine where we will be at the end of the twenty-first century. The twentieth century

was full of brilliant innovations that have touched our lives in many levels. Wireless

communications is undoubtedly one of these innovations that has affected our lives at

a personal level. The pioneers of wireless technology who invented and perfected radio

in the beginning of the twentieth century could not have imagined the impact of their

invention a century later. Current advancements in telecommunication, electronics,

and computer industries have fundamentally altered the way we communicate.

The telecommunication revolution that began with the invention of telephone by

Bell continued with the invention of radio by Marconi then it was elevated to a whole

new level by the introduction of other new technologies such as satellite communi-

cation, mobile communication, and later on the convergence of the two in ambitious

projects such as IRIDIUM and Global STAR. This revolution continues today with
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the widespread use of the Internet for data transfer and electronic correspondence as

well as voice and video transmission. Recent technological advancements in science

and engineering have blurred the traditional boundaries between previously differ-

ent services such as the long distance telephone, radio and television broadcasting,

and data transmission through the Internet. The number of Internet radio and tele-

vision stations has increased significantly and continues to increase at a fast pace.

Voice over IP technology is successfully being exploited by small corporations to

provide a cheaper alternative to traditional long distance phone services offered by

established providers. Nowadays consumers rapidly utilize new technologies and the

time between the introduction of such technologies and their marketing has signifi-

cantly decreased to a level that today’s researchers must work hard to keep up with

consumer’s demands. These recent technological advancements and the growth in

consumer demands has tremendously increased the need for more reliable, power ef-

ficient, cheaper, and above all, smaller wireless devices. Novel wireless devices that

are not limited to one standard, one network, or one particular task will be in great

demand in the near future. Small portable devices that have the capability of trans-

ferring voice, data, and video at blazing speeds over a wireless network are the vision

of tomorrow. Tomorrow’s wireless consumers demand 100% network coverage, 100%

of the time, and this is becoming a reality with the development of seamless mobile

services. The principle behind such services is that the user will connect seamlessly

to the optimum available network at any given time, from one handset. For example,

to the Wireless Local Area Network (WLAN) hotspot at the airport, the 3G network

within city limits, and the GSM network elsewhere.

As more people begin to appreciate the true benefits of Wireless LANs, which are

turning cafes, hotels, airports, and rail stations into wireless hotspots, the wireless

sector is gearing up for the hardest-fought standards-setting battle yet. The next gen-

eration of WLAN standards, IEEE 802.11n, promises data rates of at least 100Mbit/s,
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whereas the current fastest speed achievable, from 802.11g, is theoretically 54Mbit/s

and in practice is actually about half of that. It is expected that the 802.11n will be

based on multiple input multiple output (MIMO) antenna technology.

Future wireless devices will be compatible with different standards and need to be

able to operate at multiple frequency bands. Furthermore, as the size of these devices

become smaller and smaller, the need for compact and miniaturized antennas with

desirable radiation characteristics is on the rise. Antennas are devices that transform

electric signals flowing in wires to electromagnetic waves propagating in space and are

vital components in any wireless system. The antenna dimensions are mainly deter-

mined by its frequency of operation and are inversely proportional to this frequency.

Since most wireless systems work at relatively low frequencies (a few GHz at most),

antennas are usually the largest components of any such system. In future wireless

devices, where many different sub-systems exist and the overall area of the entire

system should be as small as possible, having a small antenna becomes extremely

important. Miniaturized antennas are also sought for other applications such as RF

telemetry interfaces for communicating with implantable medical devices or environ-

mental sensor networks. Therefore, antenna miniaturization is a necessary task in

achieving optimal designs for future wireless systems. Such antennas need to be ef-

ficient and able to operate over the frequency band(s) specified by each application.

Since reducing the size of the antenna reduces its bandwidth and efficiency [1], new

techniques must be developed to design highly efficient miniaturized antennas with

sufficient bandwidth. Furthermore, the existence of numerous standards and tech-

nologies, currently in use, requires miniaturized and compact antennas with different

capabilities. Applications such as cellular phones, Wireless Local Loop (WLL) sys-

tems, Ultra Wideband (UWB) communication systems, or WLANs require antennas

with drastically different characteristics. For example, many of the existing WLAN

devices use two different unlicensed frequency bands in the 2.4 GHz and 5 GHz bands.
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Thus, the antennas used in these systems must be able to operate at these two fre-

quency bands whereas a UWB radio requires UWB antennas with bandwidths on the

order of 3:1.

1.2 Literature Review

1.2.1 Design of Electrically Small Antennas

The bandwidth, radiation characteristics, and polarization of an antenna is a

function of its geometrical parameters. The dimensions of an antenna are mainly

determined by its frequency of operation and the environment in which it operates.

These dimensions are inversely proportional to the frequency of operation. Antenna

miniaturization is not a new topic and has been extensively investigated by numerous

researchers. In 1947, Wheeler investigated the fundamental limitations on small an-

tennas [2], and a year later Chu published his famous paper “Physical Limitations on

Omni-directional Antennas”, deriving a theoretical relationship between the dimen-

sions of an antenna and its minimum quality factor [1]. Since then, the famous Chu

limit has been used as a means of comparison for performances of small antennas. As

brilliant as Chu’s derivation was, it is only applicable to a certain class of antennas

and provides a rather loose limit. Other researchers have also extensively studied

these fundamental limitations [3]. In 1996, McLean re-examined the derivation of the

Chu limit and obtained a more accurate limit based on Chu’s derivation [4]. In all of

these studies, the lower bound for the antenna Q is derived using different methods.

A number of different techniques exist for calculating the Q factor of an antenna. In

[5], Collin proposes a method for calculating the antenna Q in which the Q of an

antenna is defined similar to the definitions used in conventional network theory. In

[6], the Foster reactance theorem is used to define the radiation Q of an antenna,

which is then related to its measured input impedance. Time domain evaluation of Q
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of antennas is studied in [7] and another method to evaluate the Q of small antennas

is given in [8]. Because of the importance of electrically small antennas, the studies

in determining the lower bound of Q of small antennas have continued well into the

new century [9, 10, 11], and this area is still an active area of research [12, 13].

These studies have mainly focused on the theoretical limitations of small antennas

and evaluation of the Q of antennas. However, antenna miniaturization, in spite of its

adverse affects, is still a challenging problem and needs to be addressed. Techniques

for reducing the dimensions of an antenna can be categorized into two general cate-

gories: 1) Antenna miniaturization using optimal antenna topology and 2) Antenna

miniaturization using magneto-dielectric materials. In the first category, the electri-

cal dimensions of the antenna are reduced by modifying its topology. For example, a

linear wire antenna may be bent in different directions to reduce the maximum linear

dimension of the antenna and thereby reduce its overall occupied space. Wheeler

studies several such miniaturization methods in [14]. Other researchers have also ex-

tensively used this method for reducing the antenna dimensions [15, 16, 17]. In [18],

electrically small self resonant wire antennas are designed using a genetic algorithm

optimization method. Use of fractal geometries in reducing the antenna size and the

characteristics of such antennas are examined in [19] and [20].

In the second category, miniaturization is achieved by loading the antenna with

high permittivity and/or high permeability materials. High-permittivity materials

have long been used to reduce the dimensions of printed antennas. Examples of such

antennas are given in [21]. More recently, this technique is used in [22] to design an

electrically small antenna on a package. In [23], a dielectric resonator loaded slot

antenna is used to achieve a wideband compact antenna. Use of high permeability

materials, however, were traditionally limited to low frequency applications where

magnetic materials such as ferrites have considerable relative permeabilities (µr). As

frequency increases beyond a few hundred Mega Hertz, however, µr becomes lossy
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and such materials cannot be used for antennas with high efficiency requirements. In

[24], the combination of magnetic and dielectric materials is used to circumvent this

problem to some extent and achieve a compact wideband antenna. Another solution

to this problem is to make use of artificial magnetic materials. These materials

usually consist of some sort of resonant circuits embedded in a dielectric substrate,

which behaves as a magnetic material over a limited frequency band. These and other

types of artificial substrates have been used to design miniaturized antennas [25]. For

example, a reactive impedance surface is used in [26] to obtain an electrically small

antenna with reasonable bandwidth. In [27], a volumetric metamaterial substrate that

acts as a perfect magnetic conductor (PMC) is used as the substrate of an antenna.

1.2.2 Bandwidth Enhancement of Narrow-band Antennas

As mentioned in the previous sub-section, wide bandwidth, small size, ease of

fabrication, low cost, and compatibility to the rest of the RF front end are desirable

features of an antenna. Because of their low profile, simple design, ease of fabrication,

and low cost, planar antennas have found a special place in today’s wireless commu-

nication devices. Microstrip patch antennas, printed monopoles and dipoles, and slot

antennas fall within this category. However, these antennas are usually narrow-band

by nature and miniaturizing them further reduces their useful bandwidth. This has

motivated many researchers to work on enhancing the bandwidth of such antennas.

Most of the techniques that have been used to improve the bandwidth of narrow-band

resonant antennas fall within one of the following two general categories:

1. Using multiple radiating elements including parasitic elements

2. Increasing the number of resonances of a narrow-band antenna

Using multiple radiating elements with different resonant frequencies seems a natural

way of enhancing antenna bandwidths. This technique has widely been used in de-

signing wideband microstrip antennas [28]. Examples of this includ patch antennas
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with parasitic patch elements on the same substrate (Chapter 4 of reference [28]),

patch elements with parasitic patch antennas on a different layer (Chapter 5 of [28]),

and a combination of these two [29, 30, 31, 32, 33, 34, 35]. This technique does help

increase the bandwidth and, in some cases, the gain of such antennas. However, it also

increases the occupied area and/or volume of the antenna, which is very undesirable.

The second category of techniques, which either does not increase the occupied

area of the antennas or increases it minimally, makes use of increasing the number

of resonances of a narrow-band antenna. If these resonances are designed to be close

enough in frequency, they can be merged to achieve a wideband antenna. Microstrip

patch antennas with embedded slots are examples of this category. In [36], bandwidth

of a patch antenna is enhanced by embedding a U-shaped slot etched on the patch.

Similarly, E-shaped patch antennas with two λ/4 notch slots are shown to have a

wide bandwidth [37]. In this case, a double-resonant antenna is obtained where one

resonance comes from the patch and the other from the two λ/4 notch slots. Similar

methods are also used widely and are described in [21, 28, 38, 39].

1.2.3 Dual-Band and/or Reconfigurable Antenna Design

Dual-band antennas are of interest in many wireless applications that use two

different frequency bands. These could be two different bands that are used for

transmit and receive operations in order to minimize interference or two frequency

bands that are used for a certain application such as Wireless LAN. In the latter case,

two unlicensed frequency bands in the 2.4 GHz and 5 GHz ISM bands are usually used.

Different WLAN devices are compatible with one or more of the available standards

that use frequencies in one or both of the two bands. Current advancements in printed

antenna technology have resulted in a variety of different techniques for designing

low profile, cost effective, and highly efficient dual-band antennas [21]. Some of the

techniques that are used to design wideband antennas can also be used to design
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dual-band antennas. For example, using multiple radiating elements with different

resonant frequencies is an obvious choice. This is done in [40] to achieve a WLAN

antenna. However, because of space limitations, it is desirable to design single-element

multi-band antennas that occupy the same area as a single-band antenna. Most of

the available methods that allow for design of such single-element dual-/multi-band

antennas use a variety of techniques to manipulate the current distribution of one

of the higher order resonant modes of the structure. Higher resonant modes of an

antenna do not have current distributions similar to the current distribution of its

fundamental mode. This translates to having different radiation patterns at both

bands of a dual-band antenna, which is not desirable. Therefore, this manipulation

should be done in a fashion that allows for controlling both the resonant frequency

and the current distribution of the higher order mode.

In [41], a patch antenna is loaded with a reactance along the center of the patch and

a dual-band operation is achieved. In [42], one and/or two open circuited stubs, which

are equivalent to reactive impedances, are used to load a circular patch antenna along

its edge and obtain a dual-band antenna. In [43], a fractal geometry with two parasitic

elements is used to obtain a dual-band antenna with enhanced impedance bandwidth.

In [44], a dual-band rectangular patch antenna is obtained by loading the patch with

a slot at a particular location along the patch. This way, the slot affects one of the

resonant modes of the patch more than the other in order to obtain a dual-band

operation with desired characteristics. However, the range of achievable frequency

ratio (f2/f1) for this antenna is limited to 1.6-2. This idea was later applied to circular

and triangular patch antennas where frequency ratios of 1.3-1.4 and 1.35-1.5 were

respectively achieved [45, 46]. Variations of these techniques with differently shaped

slots and patches have also been investigated and discussed in detail in Chapter 4 of

[21]. Similar methods are used in [47] to achieve dual-band operation for suspended

plate radiators.
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The configuration and radiation characteristics of slot antennas appear to be more

amenable to reconfigurability than their patch antenna counterparts. In a recent

study, the design of a reconfigurable slot antenna was demonstrated with an octave

band tunability using five PIN diode switches [48]. The drawback of this design is that

the PIN diodes are forward biased to change the resonant length of the antenna and

a significant amount of electric current flows through each diode. Given the ohmic

resistance associated with each diode, this results in loss of RF power and, hence,

reduces the radiation efficiency of the antenna. In [49], a single-element, dual-band,

CPW-fed slot antenna with similar radiation patterns at both bands is studied. How-

ever, this antenna shows high levels of cross polarized radiation in its second band

of operation. In [50], a compact, dual-band, CPW-fed slot antenna, with a size re-

duction of about 60% compared to a conventional slot antenna, is studied. However,

this antenna is designed for two particular frequency bands, and little attention has

been paid to investigating its frequency tuning capabilities. Furthermore, it suffers

from high levels of cross polarized radiation, which at some angles are equal to or

even larger than the co-polarized component. Other topologies have also been used

to achieve dual-/multi-band operations. Examples of these include structures that

make use of parasitic elements and multiple radiating elements [51, 52]. As men-

tioned previously, a relatively wide rectangular slot shows a dual-band behavior and

frequency ratios from 1.1 to 1.7 can easily be obtained by choosing the appropriate

location for the feed. However, once the antenna is fabricated, the frequency ratio

and the location of the two bands cannot be changed.

1.2.4 Ultra Wideband Antenna Design

A few decades after the early investigations on ultra-wideband wireless systems,

UWB devices have found a large range of applications including ground penetrat-

ing radars, high-data-rate short-range wireless local area networks, communication
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systems for military, and UWB short pulse radars for automotive and robotics appli-

cations to name a few [53]. UWB radio is a fast emerging technology with attractive

features for applications such as the fourth generation (4G) personal wireless com-

munication systems (PCS) [54, 55]. Such systems require antennas that are able to

operate across a very large bandwidth with consistent polarization and radiation pat-

tern parameters over the entire band. A number of techniques have been developed in

past to design antennas with wideband impedance matched characteristics. Among

these, traveling wave antennas, spiral antennas, self-complementary antennas, and

multi-element antennas (e.g, log-periodic antennas) have been used extensively.

In general all antennas whose current and voltage distributions can be represented

by one or more traveling waves, usually in the same direction, are referred to as

traveling or non-resonant antennas. Since these antennas are non-resonant, they are

inherently broadband [56, 57]. The famous tapered slot antenna, which is also a planar

antenna, is an example of this class of antennas. This antenna was investigated in

[58] in 1985. This study was further pursued by a number of other studies to achieve

optimum geometrical parameters of this antenna, and its application in end-fire arrays

is described in [59, 60, 61]. However, traveling wave antennas must usually be at least

a few wavelengths long to be efficient radiators. In a potential UWB PCS device,

having such a long antenna is not practical due to limited device dimensions.

Another class of UWB antennas is antennas that have rotation invariant geome-

tries, which are shown to have inherently wideband characteristics [56, 62]. Printed

spiral antennas are examples of this class of UWB antennas and have been used in

a variety of different applications [62]. Because of their usefulness, research on spiral

antennas has continued to this date. In [63], a broadband (2-18 GHz) spiral antenna

is proposed. Other forms of spiral antennas such as the non-planar conical spiral have

also been used as broadband antennas [64].

Self complementary concept [65] is used to design antennas that show a constant
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input impedance, irrespective of frequency, provided that the size of the ground plane

for the slot segment of the antenna is large and an appropriate self-complementary

feed can also be designed. Theoretically, the input impedance of self-complementary

antennas is 186 Ω and cannot be directly matched to standard transmission lines.

Another drawback of self-complementary structures is that they cannot be printed

on dielectric substrates, since the dielectric constant of the substrate perturbs the

self-complementary condition. Another technique for designing wideband antennas is

to use multi-resonant radiating structures. Log-periodic antennas, microstrip patches

with parasitic elements, and slotted microstrip antennas for broadband and dual-

band applications are examples of this category [28, 56, 66]. In [67], UWB operation

is achieved by combining a dielectric resonator antenna with a λ/4 monopole. In

[68] a planar stepped impedance dipole antenna consisting of multiple sections with

different widths is proposed and shown to have very large impedance bandwidth. A

general introduction on the history and design of UWB antennas as well as the general

requirements of such antennas in wireless systems are studied in [69], [70], and [71]

respectively.

The electric dipole and monopole above a ground plane are perhaps the most

basic types of antennas available. Variations of these antennas that demonstrate

considerably larger bandwidths than those of traditional designs have recently been

introduced [72, 73]. Impedance bandwidth characteristics of circular and elliptical

monopole plate antennas are examined in [72]. Wideband characteristics of rect-

angular and square monopole antennas are studied in [74], and a dielectric loaded

wideband monopole is investigated in [73]. The advantage of this class of antennas is

that UWB operation is achieved by using a single element that occupies a relatively

compact area. The biggest disadvantage of these types of antennas is that antenna

polarization as a function of frequency changes.
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1.3 Dissertation Overview

The goal of the center for Wireless Integrated MicroSystems (WIMS) at the Uni-

versity of Michigan is to develop functional microsystems that could be in the form of

either a totaly implantable neural prostheses or an integrated environmental monitor-

ing sensor network. In the environmental monitoring test-bed, the goal is to design

miniaturized microsystems that include a micro-sensor, appropriate analog and dig-

ital circuitry for processing the acquired data, and a wireless interface that uses an

integrated antenna to transmit and receive RF signals. The main objective of this

dissertation is to develop multi-functional antennas for such wireless integrated mi-

crosystems. In order to accomplish this, new methods for reducing the size of planar

antennas must be developed. Such methods should result in antennas that have mod-

erate to high efficiency values. Furthermore, it should be possible to match the input

impedance of such antennas to a wide range of source impedances, easily. This has

been done in part in [75] and in Chapter 1 of this thesis. One major drawback of

these and other miniaturization methods is the reduction in the antenna bandwidth

that occurs as a result of miniaturization. Therefore, it becomes necessary to develop

methods to address this major problem. Several methods for bandwidth enhancement

of compact printed antennas have been developed, which are covered in the remain-

der of this dissertation. The outline of this dissertation is presented in the following

sub-sections.

1.3.1 Chapter 2: Antenna Miniaturization

Recently, a new class of miniaturized slot antennas was proposed by the Radia-

tion Laboratory of the University of Michigan [76]. The proposed antenna occupies

an area of 0.15λ × 0.15λ and has a bandwidth of about 1%. In Chapter 2 of this dis-

sertation, new methods and topologies for miniaturizing slot antennas and enhancing

12



the bandwidth of this class of slot antennas are proposed. In particular, techniques

such as parasitic coupling and inductive loading to achieve higher bandwidth and

further size reduction for this class of miniaturized slot antennas are examined. A

new double-resonant miniaturized antenna based on the topology proposed in [76] is

developed. The overall bandwidth of a proposed double resonant antenna is shown

to be increased by more than 94% compared with a single resonant antenna occu-

pying the same area. The behavior of miniaturized slot antennas, loaded with series

inductive elements along the radiating section, is also examined. The inductive loads

are constructed by two balanced short circuited slot lines placed on opposite sides of

the radiating slot. These inductive loads can considerably reduce the antenna size at

its resonance. Prototypes of a double resonant antenna at 850 MHz and inductively

loaded miniaturized antennas at around 1 GHz are designed and tested. Finally the

application of both methods in a dual-band miniaturized antenna is presented. In all

cases measured and simulated results show excellent agreement.

1.3.2 Chapter 3: Wideband/Dual-Band Slot Antennas

As mentioned in 1.2.2, design of wideband antennas that occupy small areas on

a printed circuit board (PCB) is much desired. A simple method of addressing this

problem is to enhance the bandwidth of ordinary narrow-band antennas such as pla-

nar microstrip or slot antennas. In Chapter 3 of this dissertation this problem is

addressed. A wideband slot antenna element is developed as a building block for

designing single- or multi-element wideband or dual-band slot antennas. It is shown

that a properly designed, off-centered, microstrip-fed, moderately wide slot antenna

shows a dual-resonant behavior with similar radiation characteristics at both resonant

frequencies. Therefore, it can be used as a wideband or dual-band element. This el-

ement shows bandwidth values up to 50%, if used in the wideband mode. When

used in the dual-band mode, frequency ratios up to 1.6 with bandwidths larger than

13



10% at both frequency bands can be achieved without putting any constraints on the

impedance matching, cross polarization levels, or radiation patterns of the antenna .

This technique is further modified, and the single-element moderately wide slot

antenna is fed at two locations along the slot with a two-prong microstrip feed. This

way, the aperture’s electric field distribution is manipulated to create two fictitious

short circuits along the slot. This creates two additional resonances besides the main

one. The frequencies of these fictitious resonances can be chosen such that the overall

bandwidth of the antenna is drastically increased. By using this technique, a slot

antenna with a 1.8:1 bandwidth ratio is designed and fabricated. The measurement

results of this antenna show similar radiation patterns at different frequencies in its

band of operation. Furthermore, the antenna has a relatively constant gain and more

importantly, it has an excellent polarization purity over the entire bandwidth. The

proposed wideband slot element, with a single microstrip feed, can also be incorpo-

rated in a multi-element antenna topology resulting, in a very wideband antenna with

a minimum number of elements. It is also shown that, by using only two of these

elements in a parallel feed topology, an antenna with good radiation parameters over

a 2.5:1 bandwidth ratio can be obtained. In order to achieve such a large band-

width using ordinary slot radiators in a multi-element antenna topology, one should

use additional radiating elements. For example, a planar log-periodic slot antenna

is recently proposed in [77], which has five radiating elements with less than 50%

impedance bandwidth.

1.3.3 Chapters 4 & 5: Dual-Band Reconfigurable Slot An-

tennas

As mentioned in Section 1.2.3, a growing number of different applications use

more than one frequency band, and a number of different topologies have been pro-

posed for designing dual-band antennas. However, most of these topologies suffer
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from limited tunability range. In other words, the ranges of frequency ratios, f2/f1,

that can be achieved from most designs are relatively limited. Furthermore, only

a couple of the available techniques can be used to design dual-band reconfigurable

antennas. In Chapters 4 and 5, I propose a new technique for designing dual-band

and/or reconfigurable narrow slot antennas that can easily be modified to obtain a

single-band tunable antenna. Furthermore, the frequency ratio of the antenna will

be determined by the applied DC bias voltage or by choosing the right value for the

lumped elements and not by changing the geometrical parameters of the antenna.

The proposed technique is based on loading a slot antenna with a fixed or variable

capacitor at a certain location along the slot. One of the advantages of this technique

is that the current that flows through a capacitor, or a reverse biased varactor, is

small compared to a PIN diode or a MEMS switch, and hence, the finite Q of the

device does not deteriorate the antenna efficiency. As will be shown, such an antenna

exhibits a dual-resonant behavior. In addition, placing a capacitor in parallel with

the slot results in reduction of its resonant frequency. This occurs for both the first

and second resonant modes. However, the decrease is not uniform and depends on the

location of the capacitor along the slot. It is shown that the location of the capacitor

can be chosen to minimize the variations of one mode, hence obtaining a dual-band

antenna with adequate control over its frequency ratio.

1.3.4 Chapter 6: Improved Wire and Loop Slot Antennas

In this chapter, a new technique for enhancing the bandwidth of annular wire or

slot antennas is proposed. Using this technique, the geometry of a simple wire or slot

ring antenna is modified to obtain a new type of ring antenna, henceforth referred

to as the bi-semicircular ring antenna. While occupying the same area, the modified

antennas have much wider bandwidth than the ordinary printed annular slot or strip

antennas. The bandwidth enhancement factor for such antennas is maximized by
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optimizing their geometrical parameters. Prototypes of the wideband bi-semicircular

strip and slot antennas are designed, fabricated, and tested. Measurement results

confirm that the modified antennas provide bandwidth values much larger than the

original annular slot and strip antennas. Furthermore, the antennas demonstrate

consistent radiation patterns, low cross-polarized radiation levels, and high efficiency

values across their entire bands of operation

1.3.5 Chapter 7: Compact Ultra-Wideband Antennas for

Time- and Frequency-Domain Applications

In Chapter 7, a new type of single-element, wideband antenna is proposed that can

provide wider bandwidth and consistent polarization over the frequency range that the

antenna is impedance matched. The basis for achieving such an ultra-wideband oper-

ation is through proper magnetic coupling of two adjacent sectorial loop antennas in a

symmetrical arrangement. The antenna is composed of two parallel coupled sectorial

loop antennas (CSLA) that are connected along an axis of symmetry. The geometrical

parameters of this antenna are optimized, and it is shown that the antenna can easily

provide a wideband impedance match over an 8.5:1 frequency range. The gain and

radiation patterns across the frequency range of operation remain almost constant

particularly over the first two octaves of its return-loss bandwidth. The antenna ge-

ometry is then modified in order to reduce its size and weight without compromising

its bandwidth. This helps fabrication and installation of the antenna operating for

lower frequency applications such as ground penetrating radars or broadcast televi-

sion where the physical size of the antenna is large. It is expected that after properly

modifying the topology of the antenna to reduce its overall dimensions, an antenna

with maximum dimension of 0.35λ0 × 0.1λ0 at the lowest frequency of operation will

be designed.
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1.3.6 Appendix: A Measurement System for Ultra-Wideband

Communication Channel Characterization

In this appendix a novel wideband propagation channel measurement system with

high dynamic range and sensitivity is introduced. The system enables the user to

characterize signal propagation through a medium over a very wide frequency band

with fine spectral resolution (as low as 3 Hz) by measuring the attenuation and phase

characteristics of the medium. This system also allows for the study of temporal,

spectral, and spatial de-correlation. The high fidelity data gathered with this system

can also be utilized to develop empirical models or used as a validation tool for physics

based propagation models, which simulate the behavior of radio waves in different

environments such as forests, urban areas, or indoor environments. The mobility and

flexibility of the system allows for site specific measurements in various propagation

scenarios.
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CHAPTER 2

Bandwidth Enhancement and Further Size

Reduction of a Class of Miniaturized Slot

Antennas

Current advancements in communication technology and significant growth in

the wireless communication market and consumer demands demonstrate the need for

smaller, more reliable and power efficient, integrated wireless systems. Integrating en-

tire transceivers on a single chip is the vision for future wireless systems. This has the

benefit of cost reduction and improving system reliability. Antennas are considered

to be the largest components of integrated wireless systems; therefore, antenna minia-

turization is a necessary task in achieving an optimal design for integrated wireless

systems. The subject of antenna miniaturization is not new and has been extensively

studied by various authors [1, 2, 3, 4]. Early studies have shown that for a resonant

antenna, as size decreases, bandwidth (BW) and efficiency will also decrease [1]. This

is a fundamental limitation which, in general, holds true independent of antenna ar-

chitecture. However, research on the design of antenna topologies and architectures

must be carried out to achieve maximum possible bandwidth and efficiency for a given

antenna size. Impedance matching for small antennas is also challenging and often

requires external matching networks; therefore, antenna topologies and structures
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that inherently allow for impedance matching are highly desirable. The fundamental

limitation introduced by Chu [1] and later re-examined by McLean [4] relates the

radiation Q of a single resonant antenna with its bandwidth. However, whether such

limitation can be directly extended to multi-resonant antenna structures or not is

unclear. In fact, through a comparison with filter theory, designing a relatively wide-

band antenna may be possible using multi-pole (multi-resonant) high Q structures.

In this chapter we examine the applicability of multi-resonant antenna structures to

enhance the bandwidth of miniaturized slot antennas.

Different techniques have been used for antenna miniaturization such as: minia-

turization using optimal antenna topologies [76, 78, 79] and miniaturization using

magneto-dielectric materials [80, 81]. In pursuit of antenna miniaturization while

maintaining ease of impedance matching and attaining relatively high efficiency, a

novel miniaturized slot antenna was recently presented [76]. Afterwards, a similar

architecture in the form of a folded antenna topology was presented in order to in-

crease the bandwidth of the previously mentioned miniaturized slot antenna [79].

Here we re-examine this topology [76] and propose modifications that can result in

further size reduction or bandwidth enhancement of this structure without imposing

any significant constraint on impedance matching or cross polarization level. In Sec-

tion 2.1 a dual-resonant antenna topology is examined for bandwidth enhancement.

This miniaturized antenna shows a bandwidth which is 94% larger than that of a

single-resonant miniaturized antenna with the same size.

Using series inductive elements distributed along the antenna aperture results in

the increase of inductance per unit length of the line. Therefore, the guided wave-

length of the resonant slot line is shortened. Thus, the overall length of the antenna

is decreased. In Section 2.2 this technique is first demonstrated using a standard

resonant slot antenna and then incorporated in the miniaturized antenna topology of

[76] to further reduce the resonant frequency without increasing the area occupied by
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the antenna.

The aforementioned techniques for bandwidth enhancement and further size re-

duction can be used individually or in conjunction with one another. The combined

application of the techniques of Sections 2.1 and 2.2 is presented in Section 2.3 by

demonstrating the design of a dual-band miniaturized slot antenna.

2.1 Miniaturized Slot Antenna with Enhanced Band-

width

2.1.1 Design Procedure

In this section, the design of coupled miniaturized slot antennas for bandwidth

enhancement is studied. The configuration of the proposed coupled slot antenna is

shown in Figure 2.1(b), where two miniaturized slot antennas are arranged so that

they are parasitically coupled. Each antenna occupies an area of about 0.15λ0 × 0.13λ0

(Figure 2.1(a)) and achieves miniaturization by the virtue of a special topology de-

scribed in detail in [76]. However, this antenna demonstrates a small bandwidth (less

than 1%). A close examination of the antenna topology reveals that the slot-line

trace of the antenna only covers about half of the rectangular printed-circuit board

(PCB) area. Therefore, another antenna, with the same geometry, can be placed in

the remaining area without significantly increasing the overall PCB size. Placing two

antennas in close proximity of each other creates strong coupling between the an-

tennas, which, if properly controlled, can be employed to increase the total antenna

bandwidth.

As seen in Figure 2.1(b), only one of the two antennas is fed by a microstrip

line. The other antenna is parasitically fed through capacitive coupling mostly at

the elbow section. The coupling is a mixture of electric and magnetic couplings that
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Figure 2.1: The geometry of single- and double- element miniaturized slot antennas.
(a) Single-element miniaturized slot antenna. (b) Double-element minia-
turized slot antenna.

counteract each other. At the elbow section, where the electric field is large, the slots

are very close to each other. Therefore, it is expected that the electric field coupling

is the dominant coupling mechanism and the electric fields (magnetic currents) in

both antennas will be in phase, thus enhancing the radiated far field.

The two coupled antennas are designed to resonate at the same frequency, fr1 =

fr2 = f0, where f0 is the center frequency and fr1 and fr2 are the resonant frequencies

of the two antennas. In this case, the S11 spectral response of the coupled antenna

shows two nulls, the separation of which is a function of the separation between the

two antennas, s, and their overlap distance, d. In order to quantify this null separation

a coupling coefficient is defined as:

kt =
f 2

u − f 2
l

f 2
u + f 2

l

(2.1)

where fu and fl are the frequencies of the upper and lower nulls in S11. Therefore,

kt can easily be adjusted by varying d and s (Figure 2.1(b)), and decreases as s is

increased and d is decreased. A full-wave electromagnetic simulation tool can be used

to extract kt as a function of d and s in the design process. Bandwidth maximization
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(a) (b)

Figure 2.2: S11 of double-element antenna and single-element antennas. DEA:
Double-Element Antenna, SEA 2: Single-Element Antenna with the same
size as DEA. (a) S11 of the double-element antenna and single-element
antenna of the same size (SEA 2). (b) S11 of the single-element antenna
that constitutes the double-element antenna (SEA 1)

is accomplished by choosing a coupling coefficient (by choosing d and s) such that S11

remains below -10 dB over the entire frequency band. Here the resonant frequencies

of both antennas are fixed at fr1 = fr2 =850 MHz and kt is used as the tuning

parameter. However, it is also possible to change fr1 and fr2 slightly, in order to

achieve a higher degree of control for tuning the response.

The input impedance of a microstrip-fed slot antenna, for a given slot width,

depends on the location of the microstrip feed relative to one end of the slot and varies

from zero at the short circuited end to a high resistance at the center. Therefore, an

off-center microstrip feed can be used to easily match a slot antenna to a wide range of

desired input impedances. The optimum location of the feed line can be determined

from the full-wave simulation. In the double antenna example, the feed line consists

of a 50 Ω transmission line connected to an open-circuited 75 Ω line crossing the slot

(Figure 2.1(b)). The 75 Ω line is extended by 0.33λm beyond the strip-slot crossing

to couple the maximum energy to the slot and also to compensate for the imaginary

part of the input impedance. Using this 75 Ω line as the feed allows for compact and

localized feeding of the antenna and tuning the location of the transition from 50 Ω
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Figure 2.3: Far field radiation patterns of the double-element miniaturized slot an-
tenna at 852 MHz. (a) E-Plane. (b) H-Plane.

to 75 Ω provides another tuning parameter for obtaining a good match.

2.1.2 Fabrication and Measurement

A double-element antenna (DEA) and two different single-element antennas (SEA 1

and SEA 2) were designed, fabricated, and measured. SEA 1 is the constitutive el-

ement of DEA and SEA 2 is a single element antenna with the same topology as

SEA 1 (see Figure 2.1(a)) but with the same area as the DEA. SEA 2 is used to

compare the bandwidth of the double resonant miniaturized antenna with that of the

single-resonant miniaturized antenna with the same size. All antennas were simu-

lated using IE3D [82], which is a full wave simulation software based on Method of

Moments (MoM), and fabricated on a Rogers RO4350B substrate with thickness of

500 µm, a dielectric constant of εr = 3.5, and a loss tangent of tan(δ) = 0.003 with a

copper ground plane of 33.5 × 23 cm2. The input reflection coefficient, S11, of the

single-element antennas (SEAs) as well as the double-element antenna are presented

in Figure 2.2. SEA 1 shows a bandwidth of 8 MHz or nearly 0.9% and SEA 2 shows
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Type -10 dB BW Gain
f(MHz) 848 852 860

Double Slot 2.4% G(dBi) 1.5 1.7 1.7
Single Slot 1 0.9% 0.8dBi

Table 2.1: Comparison between the radiation parameters of the double-element an-
tenna and its constitutive single element antennas of Figure 2.1.

a bandwidth of 11.7 MHz or 1.31% whereas the bandwidth of the double-element

antenna is 21.6 MHz (2.54%), which indicates a factor of 1.94 increase over a single-

element antenna with the same area. Choosing a different substrate, with different

thickness and dielectric constant, can increase the overall bandwidth of both anten-

nas. However, it is also expected that the bandwidth ratio of the double-element

antenna to the single-element antenna remains the same. The overall size of the

DEA is 0.165λ0 × 0.157λ0, which shows a 25% increase in area when compared to

the size of the SEA 1 (0.133λ0 × 0.154λ0). The Q of each antenna has also been

calculated using the method presented in [6] and compared with the fundamental

limit on the Q of small antennas [4] in Table 2.2. Demonstrably the quality factors

of both single-element antennas are well above the minimum theoretical limit. Since

Q is only defined for single resonant structures, no value for Q is reported for the

double-element antenna in Table 2.2. In calculating the minimum Q for the slot an-

tennas using the Chu limit, it is necessary to find the radius of the smallest sphere

that encloses the antenna. At first, it may not be clear whether this sphere should

only cover the aperture or, in addition to that, some portion of the ground plane too

(because of the electric currents that exist in the ground plane). This becomes clear

by applying the equivalence theorem to this problem, which shows that the magnetic

currents responsible for radiation exist only on the aperture; therefore, according

to the derivation of the Chu limit, the smallest sphere that encloses these radiating

magnetic currents should be used.

The gain of the double resonant antenna was measured at three different frequen-
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Type Size Measured Q∗ Min Q∗∗

Single Element 1 0.133λ0 × 0.154 λ0 70.0 5.34
Single Element 2 0.165λ0 × 0.157λ0 66.4 3.9
Double Element 0.165λ0 × 0.157λ0 N/A 3.9

Table 2.2: Comparison between the measured Q of the slot antennas of Section 2.1
and the minimum attainable Q specified by the Chu limit.

cies and is presented in Table 2.1. Radiation patterns of the antenna were measured

at f = 848, 852, and 860 MHz and found to be similar to each other. Figure 2.3 shows

the co- and cross-polarized E- and H-Plane radiation patterns at f =852 MHz. The

E- and H-Plane radiation patterns of this antenna are expected to be dual of those

of a short electric dipole. Figure 2.3(b) shows the H-Plane radiation pattern, which

is similar to the E-Plane radiation pattern of an electric dipole. Figure 2.3(a), how-

ever, does not show a uniform radiation pattern like the H-Plane radiation of a short

electric dipole. This can be attributed to the finiteness of the ground plane where

some radiation comes from the electric currents on the antenna ground plane at the

edges of the substrate. Since there is a phase difference between the electric currents

around the slot edge and those at the substrate edge, radiated fields from these cur-

rents interfere destructively, causing the deeps in the E-Plane around θ = ±90◦. The

H-Plane pattern is expected to have deep nulls at these angles; therefore, this effect

is not significant for the H-Plane pattern. Table 2.1 shows the radiation characteris-

tics of the double- and single-element antennas. It is seen that the gain-bandwidth

product of the proposed double-antenna is significantly higher than that of the single

antenna.

25



2.2 Improved Antenna Miniaturization Using Dis-

tributed Inductive Loading

2.2.1 Design Procedure

A microstrip-fed slot antenna has the length of λg/2, where λg is the wavelength

in the slot, at its first resonance. The electric current distribution can be modeled

by the voltage distribution over a λ/2 transmission line short-circuited at both ends.

The resonant length of a transmission line (λg) can be made smaller if the inductance

per unit length of the line is increased. This can be accomplished by inserting a

number of series inductors in the transmission line. For slot-lines, insertion of series

lumped elements is not possible. Besides, series lumped elements usually have low

Qs which adversely affect the antenna efficiency (gain). To realize a slot line with

higher inductance per unit length, an array of distributed, short circuited, narrow

slot-lines can be placed along the radiating segment of the slot antenna as shown in

Figure 2.4(b). The impedance of a short circuited slot line is obtained by:

ZS = jZ0s tan(βgl) (2.2)

where βg is the propagation constant, Z0s is the characteristic impedance, and l is

the length of the short circuited slot-line. The characteristic impedance of a slot-line

is inversely proportional to its width [83]; therefore, by using wider series slots, more

inductance can be obtained for a fixed length of short circuited transmission line. The

best location to put series inductors in a slot is near its end where the amplitude of

magnetic current is small. Putting them at the center of the slot where the magnetic

current is at its maximum, strongly degrades radiation efficiency. It can easily be

seen that by increasing the number and value of inductors, the length of transmission

line necessary to satisfy the boundary conditions at both ends of the slot decreases.
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Figure 2.4: Topologies of the loaded and unloaded straight slot antennas. (a) An
ordinary microstrip-fed slot antenna. (b) A microstrip-fed straight slot
antenna loaded with an array of series inductive elements.

The size reduction may also be explained by considering the electric current dis-

tribution in the conductor around the slot. There are two components of electric

current in the ground plane of the slot, one that circulates around the slot and one

that is perpendicular to it. The latter is described by the continuity of the electric

current and displacement current at the slot discontinuity. Putting a discontinuity

(a slit) normal to the circulating current path forces the current to circle around the

discontinuity. Hence the electric current traverses a longer path length than the ra-

diating slot length, which in turn lowers the resonant frequency. Figure 2.4(b) shows

a slot antenna loaded with a number of narrow slits that act as an array of series

inductors. These slits are designed to have a length smaller than λg/4 and carry a

magnetic current with a direction normal to that of the main radiator. Placing them

only on one side of the radiating slot results in asymmetry in phase and amplitude

of the current along the slot, which could create problems in matching and worsen

cross polarization. In order to circumvent this problem, two series slits are placed on

the opposite sides of the main slot. These slits carry magnetic currents with equal

amplitudes and opposite directions. Since the lengths of these narrow slits are small
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Figure 2.5: Topology of a miniaturized slot antenna loaded with series distributed
inductors (slits).

compared to the wavelength and because of their close proximity, the radiated fields

from the opposite slits cancel each other and they do not contribute to the radiated

far field. Matching is performed by using an off-centered, open-circuited microstrip

feed. The optimum location and length of the microstrip line are found by trial and

error, using full wave simulations. For both straight slots (with and without series

inductors), the lengths of the extended microstrip lines are found to be λm/4, where

λm is the wavelength in the microstrip lines at their respective resonance frequencies.

Figure 2.5 shows a miniaturized slot antenna (similar to the topology in [76]) loaded

with series inductive slits to further reduce its resonance frequency. The antenna,

without the series inductors, is already small and adding series inductive elements

further reduces the resonant frequency or equivalently the electrical dimensions of

the antenna. Instead of using identical inductive elements along the radiating slot,

differently sized inductive slits are used to cover most of the available area on the

PCB in order to maintain the area occupied by the antenna. The antenna is matched

to a microstrip transmission line in a manner similar to the straight slots described
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(a) (b)

Figure 2.6: Simulated and measured S11 of the straight slot antennas and miniatur-
ized slot antennas with and without inductive loading. (see Figures 2.4
and 2.5). (a) S11 of straight loaded and unloaded slot antennas. (b) S11

of ordinary and loaded miniaturized slot antennas.

earlier. The feed line is composed of a 75 Ω open-circuited microstrip line connected

to a 50 Ω feed line. In this case, the open-circuited microstrip line is extended beyond

the slot strip crossing by 0.3λm and 0.26λm respectively for the miniaturized antenna

and the loaded miniaturized antenna.

2.2.2 Fabrication and Measurement

The straight slots with and without series inductors were simulated using IE3D

and fabricated on a 500 µm thick Rogers RO4350B substrate. Figure 2.6(a) shows the

simulated and measured S11 for the slot antennas with and without inductive loading.

This figure shows the resonant frequency and −10 dB bandwidth of 2.2 GHz and

235 MHz (10.7%) for the straight slot. The loaded slot with the same length as that

of the unloaded slot has a resonant frequency of 1.24 GHz and a bandwidth of 63 MHz

(5%). This result indicates a 44% reduction in the resonant frequency and a similar

reduction in the bandwidth, as expected. The overall size can still be reduced by

using longer short circuited slits, if they could be designed in a compact fashion. The

radiation patterns of the small slot antenna were measured in the anechoic chamber
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Figure 2.7: Far field radiation patterns of loaded straight slot antenna shown in Fig-
ure 2.4(b). (a) E-Plane. (b) H-Plane.

of the University of Michigan and are presented in Figure 2.7. It is seen that the

cross polarization components in the far field region in both E- and H-planes are

negligible, thereby confirming the fact that the radiation from the magnetic currents

in the inductive loadings with opposite directions cancel each other in the far field

region. The miniaturized loaded and unloaded slot antennas were also fabricated using

RO4350B substrate. Figure 2.6(b) shows the simulated and measured input reflection

coefficients of the loaded and unloaded miniaturized antennas. It is shown that, by

inserting the series inductors, the resonance frequency of the antenna shifts down

from 1116 MHz to 959 MHz (14% reduction). In this design, the overall PCB size is

unchanged. Figure 2.8 shows the E- and H-Plane co- and cross-polarized radiation

patterns of the loaded miniaturized antenna. It is seen that the cross polarization

level is negligible at broadside. The gains of the loaded and unloaded miniaturized

slot antennas (antenna in Figure 2.5) were also measured in the anechoic chamber

using a standard log-periodic reference antenna and were found to be 0.8 dBi and

0.7 dBi respectively. Table 2.3 shows a comparison between Q of the miniaturized
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Figure 2.8: Far field radiation patterns of loaded miniaturized slot antenna shown in
Figure 2.5. (a) E-Plane. (b) H-Plane.

Antenna Type Size -10 dB BW Measured Q Min Q
Min. Straight Slot 0.260λ0 × 0.120λ0 5% 17.5 2.43
Min. S-shaped Slot 0.15λ0 × 0.15λ0 0.98% 67.50 4.97

Loaded Min. S-Shaped Slot 0.128λ0 × 0.128λ0 0.73% 98.4 7.21

Table 2.3: Comparison between BW, measured Q and the minimum attainable Q of
the miniaturized antennas in Section 2.2.

antennas presented in this section and the fundamental limit on Q of small antennas

with the same size[1, 4]. It is observed that the Q of these antennas are well above

the Chu limit.

2.3 Dual-Band Miniaturized Slot Antenna

In this section, the techniques introduced in the previous sections are used in the

design of a dual-band miniaturized slot antenna. The geometry of this antenna is

shown in Figure 2.9. The resonant frequencies of the slot antennas (fr1 and fr2) and

the value of the coupling coefficient (kt) are used as design parameters to achieve the
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desired response. Increasing the vertical displacement, d, and decreasing the hori-

zontal separation, s, cause kt to increase or equivalently result in a larger separation

between the two frequency bands. Small changes in the resonant lengths of the slots

result in slight changes in fr1 and fr2, which can be used as a means of fine-tuning

the response. Note, however, that resonant frequencies fr1 and fr2 should be close to

each other so that coupling can take place. The separation between the two bands is

limited by practical values of kt. Large kt values cannot be obtained easily, since both

electric and magnetic couplings are present and add destructively. In addition to this

problem, matching the antenna at the two bands becomes increasingly difficult as the

separation increases. A parameter δf is defined as a measure of separation between

the two frequency bands:

δf =
∆f

f0

=
fu − fl

f0

(2.3)

where f0 is the center frequency. In practice by changing kt, fr1, and fr2, values of δf

up to 10% can easily be obtained. This architecture is particularly useful for wireless

applications that use two separate frequency bands (different bands for transmit and

receive for example) that are close to each other but still cannot be covered with the

available bandwidth of these types of miniaturized antennas.

In order to achieve a higher miniaturization level for the given size, series inductive

elements are also placed along slots to reduce the resonant frequencies of each element.

Figure 2.10 shows the simulated and measured S11 of this dual-band antenna. The

discrepancies between the simulated and measured results are due to the finiteness

of the ground plane as described in [76]. The measured results indicate an fl =

761.5 MHz and fu = 817.5 MHz or equivalently a δf = 7.1%. A good match at both

bands is obtained by using an off center open-circuited microstrip feed where the

microstrip line is extended by 7 cm over the slot-strip transition. Table 2.4 shows a

comparison between the antenna size, -10 dB bandwidth, measured Q, and minimum

attainable Q for the two bands. It is seen that the Q of both bands are well above

32



4 3 2 1 0 1 2 3
3

2

1

0

1

2

3

x [cm]

y
 [

cm
]

Figure 2.9: Topology of the dual-band inductively loaded miniaturized slot antenna
of Section 2.3.

Resonance Frequency Size -10 dB BW Measured Q Min Q
771.5 MHz 0.14λ0 × 0.15λ0 0.4% 200 5.25
827.5 MHz 0.15λ0 × 0.16λ0 1.2% 104 4.44

Table 2.4: Comparison between BW, Measured Q and the Minimum attainable Q of
the dual-band miniaturized antenna.

the Chu limit. The overall size of the structure is 5.73 cm × 5.94 cm or equivalently

0.145λ0 × 0.15λ0 at the lowest frequency of operation. Radiation patterns of the

antenna at the two bands are measured and found to be similar to those of the single

element antenna topology as shown in Figure 2.8.

2.4 Conclusions

Two approaches are introduced for increasing the bandwidth and reducing the size

of miniaturized slot antennas. Placing two similar slot antennas in close proximity of

each other creates a double resonant structure, the response of which is a function

of the relative spacing between the two antennas. The coupled miniaturized antenna
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Figure 2.10: Measured and simulated S11 of the miniaturized dual-band slot antenna
of Section 2.3.

can be designed to have a bandwidth that is larger by 94% than the bandwidth of a

single resonant antenna with the same area or to behave as a dual-band antenna.

For a fixed resonance frequency, adding series inductive elements to a slot an-

tenna reduces its size. The size reduction is a function of number and values of the

inserted inductive elements. Using series inductive elements does not adversely affect

impedance matching and the cross polarization level. This technique is also used

in combination with other miniaturization techniques to further decrease the size of

the radiating structure. The technique is applied to a straight as well as a minia-

turized slot antenna and for a given antenna size, significant reduction in resonance

frequencies are observed.

Finally, both techniques are applied to the design of a miniaturized dual-band an-

tenna. Series inductors are used to reduce the resonant frequencies of each resonator.

A large coupling coefficient is used to achieve a large separation between the two nulls

in the S11 response of the parasitically coupled antenna. The values of kt, fr1, and

fr2 are used as design parameters in order to obtain a miniaturized dual-band slot
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antenna with relatively good simultaneous matching.
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CHAPTER 3

A Wideband Slot Antenna Employing a Fictitious

Short Circuits Concept

Wide bandwidth, small size, ease of fabrication, low cost, and compatibility to the

rest of the RF front end are desirable factors of an antenna. The literature concerning

the design of frequency independent or very wideband antennas is enormous and

extends beyond the scope of this chapter. The vast majority of techniques developed

for achieving frequency independent behavior make use of topologies that result in

relatively large antennas, hence eliminating their use for mobile wireless applications.

Therefore, it is desirable to develop other techniques to increase the bandwidth of,

otherwise narrow-band, small-sized antennas, without significantly increasing their

sizes. This can be accomplished by increasing the number of resonances of single

resonant antennas such as a half-wavelength slot. For example, by feeding a λ/2 slot

near an edge by a microstrip line, the magnetic current distribution (electric field

along the slot) can be manipulated to create a null near the feed point producing a

second resonance with a frequency slightly larger than that of the first one. When

appropriately fed, these two resonances can merge and result in an antenna with a

much larger bandwidth or two separate bands of operation with similar radiation

characteristics. Microstrip-fed, wide slot antennas have been theoretically studied
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in [84]. Also experimental investigations on very wide slot antennas are reported

by various authors [85, 86, 87, 88]. The drawback of these antennas are two fold:

1) they require a large area for the slot and a much larger area for the conductor

plane around the slot, 2) the cross polarization level changes versus frequency and

is high at certain frequencies in the band [49, 85, 86, 87]. This is mainly because of

the fact that these antennas can support two orthogonal modes with close resonant

frequencies. The advantages of the proposed dual-resonant slots to these antennas

are their simple feeding scheme, low cross polarization levels, and amenability of the

elements’ architecture to the design of series-fed multi-element broadband antennas.

That is, the proposed wideband element can be used as a building block in design

of multi-element antennas that can produce larger overall bandwidths with fewer

radiating elements and much smaller size than existing multi-element antennas such

as log-periodic arrays. In this chapter, first the design and measurement results

of the double-resonant slot antenna in the wideband mode is presented. Then the

application of this technique in the design of dual-band slot antennas is examined

and finally, the use of this element in a parallel fed double-element antenna topology

is investigated. The latter antenna shows very good radiation characteristics over a

2.5:1 bandwidth ratio by using only two radiating elements.

3.1 Off-Centered Microstrip-Fed Slot Antenna As

A Broadband Element

3.1.1 Antenna Design

A resonant narrow slot antenna is equivalent to a magnetic dipole and, at its first

resonance, it has an equivalent length of λg/2 (λg is the guided wavelength in the

slot). If the slot antenna is fed near an edge by a microstrip line and the slot width is
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properly chosen, at a frequency above that of the first slot resonance, a fictitious short

circuit near the microstrip feed may be created. Basically, the tangential component

of the electric field created by the microstrip line at a particular distance cancels out

the electric field of the slot excited by the return current on the ground plane of the

microstrip line. A full wave simulation shows the field distribution for this situation

in Figure 3.1(b) whereas Figure 3.1(a) shows the electric field distribution in the slot

at its normal first resonance. The field distribution is shown to have a null along the

slot between the two ends at a frequency slightly above that of the first resonance.

The width of the microstrip feed, the slot width, and the distance between the center

of the microstrip feed and the edge of the slot antenna, Ls, are the parameters that

affect the existence and location of this fictitious short circuit. As Ls increases,

the second resonant frequency also increases; therefore, by choosing Ls properly, the

second resonant frequency can be chosen such that the total antenna bandwidth is

increased or a dual-band operation is achieved. Meanwhile, the frequency of the first

resonance, which is determined by the overall effective length of the antenna, does not

change significantly. Matching is achieved by tuning the length of the open-circuited

microstrip line, Lm. As can be observed from Figure 3.1, the electric field distribution

at this second resonant frequency is similar to that of the first one. Therefore, it is

expected that the radiation patterns of the antenna at the two frequencies are similar.

In order to test this concept, two wideband double-resonant slot antennas with

different Ls values are designed and fabricated. The antennas (Figure 3.1(c)) are

similar rectangular slots with lengths and widths of L = 37 mm and W = 6 mm and

Ls of 3.6 mm and 4.6 mm for Antenna 1 and Antenna 2, respectively. The antennas

are fed with a 110 Ω open circuited microstrip line connected to a 50 Ω main line that

is connected to a 50 Ω SMA connector. The structures were simulated using IE3D [82]

and fabricated on a 500 µ m, RO4350B substrate with a dielectric constant of 3.4,

loss tangent of 0.003, and ground plane size of Lg × Wg = 15 cm × 12 cm. Figure 3.2
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Figure 3.1: The electric field distributions and three-dimensional geometry of a 0.08λ
wide microstrip-fed slot antenna. (a) Normal field distribution. (b) Field
distribution at a slightly higher frequency showing a fictitious short cir-
cuit along the slot causing the second resonance. (c) Three-dimensional
geometry.
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Figure 3.2: Measured and simulated input reflection coefficients of the proposed
broadband slot antenna. The two measured responses correspond to two
values of LS = 3.6 mm and LS = 4.6 mm.

shows the simulated and measured input reflection coefficients of both antennas and

Table 3.1 shows a summary of the radiation parameters and physical dimensions of

the two antennas. The −10 dB S11 bandwidth of Antenna 1 is 1022 MHz (30.3%),

whereas Antenna 2 shows a bandwidth of 1220 MHz (37%). The slight discrepancy

between the simulation and measurement results can be attributed to the finiteness

of the ground plane, which causes a shift in the resonant frequency, and to the fact

that the response of the antenna is sensitive to the exact location of the microstrip

feed, which is subject to alignment errors in the fabrication process.

The radiation patterns of Antenna 1 were measured in the anechoic chamber

of the University of Michigan at the two resonant frequencies. Figures 3.3(a) and

3.3(b) show the E- and H-Plane co- and cross-polarized patterns of this antenna at

3.077 GHz and 3.790 GHz, respectively. It is observed that the patterns at both

resonant frequencies are similar, confirming the fact that electric field distributions

along the slot are similar at both frequencies. As can be observed from this figure, the

E-Plane patterns of the antenna are not the dual of those of an electric dipole. From
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Figure 3.3: E- and H-Plane co- and cross-polarized radiation patterns of the broad-
band slot antenna. ‘-’: H-Plane Co-Pol, ‘- -’: E-Plane Co-Pol, ‘-.’: H-
Plane X-Pol, and ‘...’: E-Plane X-Pol.

duality theorem, it is expected that the E-Plane patterns are similar to the H-Plane

pattern of an electric dipole, which is a circle. However, in Figure 3.3 the E-Plane

patterns have two minima at θ = ±90◦. This is caused by two different mechanisms.

The first mechanism is the cancelation that occurs at grazing angle as a result of

the phase difference between E-fields on the top and bottom of the ground plane.

The second reason for having these minima is that the slot antenna is covered with

a dielectric substrate at one side. This forces the normal component of the electric

field at grazing angle to go to zero as described in [56]. It is also observed that the

normalized cross polarization level at broadside is less than−25 dB and small for other

observation angles as well. The gains of the antennas were measured in the anechoic

chamber using a standard double ridged horn antenna at the two different resonant

frequencies and are reported in Table 3.1. The antenna gains at both frequencies are

very similar, which assures the similarity of the radiation mechanisms and the field

distributions at both frequency bands.
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3.1.2 Parametric Study

Now that the broadband behavior of the microstrip-fed slot antenna has been

shown, the effect of the three parameters that affect its double-resonant behavior

must also be examined. These parameters are the impedance of that section of mi-

crostrip line that feeds the slot antenna, the aspect ratio of the antenna (W/L), and

the distance between the edge of the slot antenna and the center of the microstrip

feed, Ls. Using full-wave simulations in IE3D, a number of slot antennas with dif-

ferent W/L, Ls, and feed impedance values are designed and matched to 50 Ω by

changing the length of the open-circuited microstrip line (Lm in Figure 3.1). Then

their impedance bandwidths (|S11| < −10 dB) are calculated and reported in Fig-

ure 3.4. The antennas have aspect ratios (W/L) ranging from 0.0003 to 0.25. In this

chapter, the antennas that have aspect ratios in the range of 0.05 < W/L < 0.25

are referred to as “moderately-wide” and those with W/L < 0.05 and W/L > 0.25

are referred to as “narrow” and “wide” slot antennas, respectively. Figure 3.4(a)

shows the fractional bandwidth versus aspect ratios of the antennas when they are

fed with 50 Ω microstrip lines. It can be observed that, for fixed Ls, as W/L in-

creases, the antenna bandwidth increases as well. However, the increase in bandwidth

for 0.2 < W/L < 0.25 is not significant. This saturation behavior is explained by

defining a quality factor for the antenna and relating it to the Fourier transform of

the electric field distribution over the aperture. It can be shown that, for a single-

resonant slot antenna, bandwidth increases as W increases and a similar saturation

behavior is observed [89]. This can then be extended to each of the resonances of this

double-resonant antenna. The double-resonant behavior for the 50 Ω line impedance

is only observed for W/L > 0.07. For Ls/L = 5.5%, the antenna is hard to match

for small W/L values and hence, its impedance bandwidth goes to zero faster than

other cases. It is also observed that, for a fixed W/L ≥ 0.07, the antenna bandwidth

increases as Ls increases. This increase continues until Ls/L = 10%. Beyond this
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Type L, W [mm] Ls, Lm [mm] BW Gain @ fl, fu Lg, Wg [cm]
Antenna 1 37, 6 3.6, 4.1 30.3% 2.5 dBi, 2.6 dBi 15, 12
Antenna 2 37, 6 4.6, 3.9 37% 2.5 dBi, 2.5 dBi 15, 12

Table 3.1: Physical and radiation parameters of the two broadband microstrip-fed
slot antennas of Section 3.1.

value, increasing Ls increases the second resonant frequency such that a wideband

match cannot be obtained and the antenna enters into the dual-band mode of oper-

ation. Figure 3.4(b) shows a similar study in the same W/L range for antennas fed

with 80 Ω microstrip lines. In this case, the double-resonant behavior is observed for

W/L ≥ 0.05 and the antenna bandwidth has a similar characteristics as those of the

previous case. Similar to the previous case, the antenna goes to a dual-band mode

for Ls/L > 10%. Figure 3.4(c) shows a similar figure for a 110 Ω feed line. In this

case, the antenna does not go to dual-band mode until Ls/L > 11.5%. This occurs

because the separation between the two resonant frequencies (fu − fl) is smaller for

the same Ls value and matching the antenna, by only changing Lm, is found to be

easier. Comparing Figures 3.4(a), 3.4(b), and 3.4(c) shows that, for the same W/L

and Ls values, the bandwidth of the antenna slightly decreases as the feed impedance

increases. This can be attributed to the presence of the discontinuity in the transition

region from the main 50 Ω line to 80 Ω or 110 Ω feed lines. However, under the same

condition, matching is easier and lower S11 values can be obtained for higher feed

impedances.

3.2 Dual-Band Microstrip-Fed Slot Antenna

3.2.1 Antenna Design

In this section, we will show that the moderately-wide slot antenna presented in

the previous section can also be designed to demonstrate a dual-band behavior. Re-
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Figure 3.4: Bandwidth of moderately-wide slot antenna in the wideband mode of op-
eration as a function of aspect ratio (W/L), feed impedance, and location
of the feed. (a) 50 Ω Feed impedance, (b) 80 Ω Feed impedance, and (c)
110 Ω Feed impedance.
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Figure 3.5: Simulated input reflection coefficients of a dual-band antenna with W =
6 mm and L = 31 mm on a substrate with εr = 3.4 for different values of
Ls.

ferring to Figure 3.1(b), if the distance Ls is increased, the equivalent length of the

second resonance decreases. Therefore, the second resonant frequency (fu) increases

while the frequency of the first resonance (fl) is not expected to change consider-

ably, as this resonance is set by the overall length of the antenna. This way, the

antenna becomes a dual-band one in which the separation between the two resonant

frequencies is a function of the resonant length of the second resonant frequency or,

equivalently, the distance of the feed from the antenna edge, Ls. Figure 3.5 shows

the full-wave S11 simulation results of an antenna with W = 6 mm and L = 31 mm

on a substrate with dielectric constant of 3.4, for different values of Ls. By increasing

Ls from 2 mm to 8.5 mm, fl varies between 3.3 GHz and 3.7 GHz and fu increases

from 4 GHz to 5.2 GHz. This corresponds to an fu/fl variation from 1.1 to 1.6 while

retaining an S11 lower than −15 dB. Based on the simulation results of Figure 3.5, a

dual-band antenna with L = 31 mm and W = 6 mm was designed and fabricated on
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Figure 3.6: Simulated and measured input reflection coefficients of the dual-band an-
tenna of Section 3.2.

a 500 µm thick, RO4350B substrate with a ground plane size of 15 cm × 12 cm. The

simulated and measured S11 of this antenna are plotted in Figure 3.6, where excellent

agreement between them is observed. The antenna shows a fu/fl of 1.47 with rela-

tive bandwidths of 10.6% and 12.1% at the lower and upper bands, respectively. As

described in Section 3.1, the magnetic current distributions at both frequencies are

similar, and therefore, the resulting radiation patterns are expected to be similar as

well. The co- and cross-polarized E- and H-Plane radiation patterns of the antenna

at both bands were measured, and the results are presented in Figures 3.7(a) and

3.7(b). It is shown that the radiation patterns at both bands are similar and the

levels of cross polarized radiation are negligible. The antenna gains are measured

using a standard horn antenna and are reported in Table 3.2.

3.2.2 Parametric Study

A similar parametric study as the one presented in Section 3.1.2 was performed for

the antenna in the dual-band mode. In this study, the bandwidth and frequency ratio

(fu/fl) of the antenna in the dual-band mode are studied as functions of the aspect

ratio, feed impedance, and feed location. A number of different moderately-wide dual-
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Figure 3.7: E- and H-Plane co- and cross-polarized radiation patterns of the dual-
band slot antenna of Section 3.2 at (a) f=3.3 GHz and (b) f=4.85 GHz.
‘-’: H-Plane Co-Pol, ‘- -’: E-Plane Co-Pol, ‘-.’: H-Plane X-Pol, and ‘...’:
E-Plane X-Pol.

band slot antennas with different W/L, Ls, and feed impedance values are designed

and simulated in IE3D. Simultaneous matching at both bands to 50 Ω is obtained by

changing the length of the open-circuited microstrip line (Lm in Figure 3.1). Figure 3.8

shows the fractional bandwidth of the lower and upper bands (fl and fu) as functions

of W/L and Ls, for different values of feed impedances. For narrow microstrip feeds

(high impedance lines) achieving simultaneous match at both bands was found to be

easier than wider lines and lower |S11| values were obtained. As a result, the dual-

band operation, for a fixed Ls, occurs at lower aspect ratios for narrower feeds. For

example, for the 110 Ω feed, the dual-band operation starts at W/L = 0.065, which

increases to W/L = 0.080 and W/L = 0.095 for 80 Ω and 50 Ω lines, respectively.

However, one drawback of higher impedance feeds to lower ones is the slightly lower

fractional bandwidths that are obtained as explained in Section 3.1. The effects of

W/L, feed impedance, and Ls on the frequency ratio of the two bands of the dual-

band antenna (fu/fl) are also studied in Figure 3.9. It is seen that increasing Ls has
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L,W Ls, Lm fl, fu (GHz)
31 mm, 6 mm 5 mm, 2.3 mm 3.3, 4.85
BW @ fl, fu Gain @ fl, fu Lg, Wg

10.6%, 12.1% 2.5 dBi, 2.8 dBi 15 cm, 12 cm

Table 3.2: A summary of the physical and radiation parameters of the dual-band slot
antenna of Section 3.2.

the largest effect on fu/fl. The antenna aspect ratio, W/L, also slightly affects this

frequency ratio, as shown in Figure 3.9.

3.3 An Octave Bandwidth Double-Element Slot

Antenna

In this section, the design and measurement results of a very wideband, double-

element slot antenna is presented. As demonstrated in Section 3.1, a single-element,

moderately-wide slot antenna can be designed to have a wideband response. There-

fore, it is expected that a properly designed antenna that is composed of two or more

such radiators can show very wideband characteristics. There are a number of differ-

ent multi-element feeding topologies, in which such an element can be used. These

include feeding the two elements in series, parallel, or through parasitic coupling. The

wideband behavior is only observed when the antenna is fed directly with a microstrip

line; therefore, parasitic coupling does not provide the best results. Series feeding of

both elements, using a single microstrip line, is possible and is a good choice for end

fire arrays such as printed log-periodic arrays. However, using a parallel feed configu-

ration, such as the one shown in Figure 3.10(a), provides more flexibility in the design

of the broadband feed network and allows for designing antennas with a broadside

radiation pattern. In this arrangement, a broadband antenna with good impedance

matching and consistent radiation patterns over the band of operation can easily be

obtained.
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Figure 3.8: Bandwidth of moderately-wide slot antennas in the dual-band mode of
operation as a function of aspect ratio (W/L), feed impedance, and lo-
cation of the feed. (a) 50 Ω feed impedance, lower band. (b) 50 Ω feed
impedance, higher band. (c) 80 Ω feed impedance, lower band. (d) 80 Ω
feed impedance, higher band. (e) 110 Ω feed impedance, lower band. (f)
110 Ω feed impedance, higher band.
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Figure 3.9: Frequency ratios of the upper band to the lower band of the moderately-
wide slot antenna in the dual-band mode of operation as functions of the
aspect ratio (W/L), feed impedance, and location of the feed. (a) 50 Ω
microstrip feed. (b) 80 Ω microstrip feed. (c) 110 Ω microstrip feed.
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Figure 3.10: Geometry and circuit model of the double-element broadband slot an-
tenna of Section 3.3. (a) Antenna geometry. (b) The four-port network,
which models the antennas, their coupling effects, and their microstrip
feeds. The S-Parameters of this network are used in the simulation of
the circuit shown in Figure 3.10(c). (c) Circuit model of the antenna in
Figure 3.10(a) used in optimizing the feed network parameters.
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The objective is to design an antenna that covers at least an octave bandwidth.

For this design, the upper and lower frequencies are chosen such that they cover both

of the bands designated for Wireless LAN operation. The schematic of the proposed

antenna is shown in Figure 3.10(a), where two slots with different lengths are used

in a parallel feed arrangement. The larger antenna covers the lower and the smaller

antenna covers the higher frequency bands. The lengths L1 and L2 are determined

from the lowest resonant frequency of each element. W1 and W2 are chosen to be

equal and wide enough such that the aspect ratio of both elements are in the range

of 0.15 ≤ W/L ≤ 0.25. From Figure 3.4(c), it is seen that in this range, the antennas

have their maximum bandwidth. Choosing W2/L2 = 0.25 results in W2 = 7 mm.

Although it is not necessary, W1 is chosen to be equal to 7 mm as well. This results

in W1/L1 = 0.175, which is in the desired range. Then, the larger slot antenna is

simulated and LS1 is optimized such that the antenna covers a bandwidth of 2.3 GHz

to 3.6 GHz. Similarly, LS2 is optimized such that the second antenna covers a band-

width of 3.7 GHz to 5.5 GHz. The feed network dimensions L3, L4, L5, W3, W4, Lm1,

and Lm2 (see Figures 3.10(a)), must be optimized to achieve the desired response in

the band of operation. This is accomplished by performing a full-wave simulation

on the four-port structure shown in Figure 3.10(b) and obtaining the S-parameters

of this network. Then, the calculated S-parameter matrix is used in ADS and a

circuit simulation is performed on the circuit shown in Figure 3.10(c). In this sim-

ulation, the software replaces all of the microstrip lines, the Tee-junction, and the

microstrip taper by their equivalent circuit models. The values L3, L4, L5, W3, W4,

Lm1, and Lm2 are defined as optimization variables in this circuit simulation. The

optimization goal is to have |S11| < −10 dB over the frequency range of 2.4 GHz

to 5.5 GHz. Two constraints are set on the variables; first, the width of microstrip

lines must be larger than 0.15 mm. The reason for this is that the fabrication of

very narrow microstrip lines is difficult in our facilities. The second constraint is that
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Figure 3.11: Simulated and measured input reflection coefficient (S11) of the double-
element broadband antenna of Section 3.3.

the difference between L4 and L5 (see Figure 3.10(a)) must be smaller than 6 mm.

Since the electrical length of a 6 mm microstrip line at 5.5 GHz (which is the highest

desired frequency) on the RO4350B substrate is about 60◦, the two antennas will

not be excited with a phase difference larger than 60◦ at any frequency in the de-

sired band of operation. Even though each antenna covers a certain portion of the

band, there is an overlap frequency band in which both of the antennas can operate.

Therefore, the second constraint is necessary for having consistent radiation patterns

over the entire frequency band. The circuit was then optimized using the embed-

ded optimization engine in ADS [90] and the optimum values of the parameters were

obtained. Since the circuit simulation and optimization process ignores the mutual

coupling effects between the microstrip lines, a full-wave simulation was performed on

the entire structure and the optimization parameters were fine tuned in the full-wave

simulation. For the aforementioned frequency band, the final physical parameters of

the antenna are listed in Table 3.3. The final design was fabricated on a RO4350B

substrate with a ground plane size of 15 cm × 12 cm. The S11 of the antenna

was measured using a calibrated HP-8753D vector network analyzer and is presented
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in Figure 3.11 along with the full-wave simulation result obtained from IE3D. The

discrepancies between the two results can mostly be attributed to the finite size of

the ground plane, inaccuracies in the fabrication process, uncertainties in the exact

permittivity of the substrate (±3% error specified by the manufacturer), and numer-

ical errors in the simulation results. Nevertheless, the measured S11 shows a −10 dB

impedance bandwidth from 2.3 GHz to 6 GHz. However, in order to determine the

useful bandwidth of the antenna, other parameters such as radiation patterns, gain,

polarization, and cross polarization levels must also be carefully examined over the

entire bandwidth. In order to study the effect of ground plane size on the radiation

patterns of the wideband antenna, another antenna with the same dimensions was

also fabricated on a substrate with a larger ground plane (23 cm × 30 cm). The radi-

ation patterns of both antennas were measured in the anechoic chamber at 9 different

frequencies ranging from 2.5 GHz to 6 GHz. However, for brevity, only the radiation

patterns at 3 GHz, 4 GHz, 5 GHz, and 5.8 GHz are reported. Figures 3.12 and 3.13

show the H- and E-Plane radiation patterns for both co- and cross-polarizations at

different frequencies. In these figures SGP and LGP denote “Small Ground Plane”

and “Large Ground Plane” respectively. The experimental results show that the size

of the ground plane alters the radiation pattern, especially in the H-Plane cut due to

the out of phase radiation from the edges of the substrate.

The measured gain and directivity of the antenna at boresight are shown in Fig-

ure 3.14. Also the directivity at the direction of maximum radiation is shown in this

figure. The antenna gain and directivity at boresight are very close to each other,

indicating a high radiation efficiency. This figure also shows that above 5.5 GHz the

direction of maximum radiation shifts away from the boresight direction. There are

two reasons for this: First, at 5.5 GHz the larger antenna has an electrical length

that is about 1λ. Since it is off-centered fed, its electric field distribution is anti-

symmetric with respect to the center of the antenna. Therefore, there is a null in
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Figure 3.12: H-Plane co- and cross-polarized radiation patterns of the double-element
broadband antenna of Section 3.3. ‘-’: H-Plane Co-Pol SGP, ‘-.’: H-
Plane Co-Pol LGP, ‘- -’: H-Plane X-Pol SGP, and ‘...’: H-Plane X-Pol
LGP.
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Figure 3.13: E-Plane co- and cross-polarized radiation patterns of the double-element
broadband antenna of Section 3.3. ‘-’ Solid line: E-Plane Co-Pol SGP,
‘-.’ Dash-Dotted Line:E-Plane Co-Pol LGP, ‘- -’ Dash-Dashed Line: E-
Plane X-Pol SGP, and ‘...’ Dotted Line: E-Plane X-Pol LGP.

56



-2.0

-1.0

0.0

1.0

2.0

3.0

4.0

5.0

6.0

2.5 3 3.5 4 4.5 5 5.5 6

Frequency [GHz]

D
ir

e
c

ti
v

it
y

 o
r 

G
a

in
 [

d
B

i]
Gain at Boresight

Maximum Directivity

Directivity at Boresight

Figure 3.14: Measured values of the gain and computed values of the directivity of
the double-element broadband antenna.

Parameter L1 L2 Ls1 Ls2 Lml Lm2 L3

Value 40 28 6.1 4.6 3.5 4.6 1.25
Parameter L4 L5 W1 W2 W3 W4 W5

Value 7.3 12.6 7 7 0.7 0.2 0.2

Table 3.3: A summary of the physical dimensions of the broadband double-element
antenna of Section 3.3. All dimensions are in mm.

the radiation pattern of this element at boresight and the maximum radiation occurs

at θ = 45◦, 135◦. Since this element is resonant at around 1 λ, it can radiate rather

efficiently and distort the overall radiation pattern. The second reason is that, as fre-

quency increases, the two antennas are excited with a larger phase difference, which

also shifts the direction of maximum radiation. However, this happens outside of the

desired band of operation. Based on the measured S11, consistency of the radiation

patterns, and polarization purity over the entire frequency band, it can be concluded

that the antenna has a bandwidth from 2.3 GHz to 5.8 GHz or equivalently a 2.5:1

bandwidth ratio.
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3.4 Conclusions

A novel slot antenna element is proposed that allows for easy design of wideband

or dual-band antennas. The single element shows bandwidths up to 37% when used

in the wideband mode. When operated in a dual-band mode, the structure has the

ability to cover a 1.6:1 frequency ratio easily. Furthermore, it is shown that this broad-

band antenna element is an excellent choice for constructing multi-element antennas

with a much larger bandwidth. To demonstrate this, a two-element antenna configu-

ration was considered and a wideband broadside radiating antenna with a bandwidth

ratio of 2.5:1 was designed. This allows the designer to obtain very wideband an-

tennas by using a smaller number of antenna elements than was previously possible.

An important and unique feature of this design is that the polarization purity of the

antenna and high efficiency are unchanged over the entire frequency band.
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CHAPTER 4

A Varactor Tuned Dual-Band Antenna

Dual-band antennas are of interest in many wireless applications that use two

different frequency bands for receiving and transmitting. Current advancements in

printed antenna technology have resulted in a variety of different techniques for de-

signing low profile, cost effective, and highly efficient dual-band antennas [21]. Most

techniques make use of certain approaches to manipulate the current distribution at

one of the higher order resonant modes of the structure to change its resonant fre-

quency. For example in [44], a rectangular patch antenna is loaded with a slot at

a particular location along the patch such that it affects one resonant mode more

than another. This way, a dual-band operation is obtained. However, the range of

achievable frequency ratios (f2/f1) is limited to 1.6 − 2. This idea was later ap-

plied to circular and triangular patch antennas where frequency ratios of 1.3 − 1.4

and 1.35 − 1.5 were respectively achieved [45, 46]. Variations of these techniques

with differently shaped slots and patches have also been investigated and discussed

in detail in Chapter 4 of reference [21].

The configuration and radiation characteristics of slot antennas appear to be more

amenable to reconfigurability than their patch antenna counterparts. In a recent

study, the design of a reconfigurable slot antenna with an octave tunability band-

width was demonstrated [48]. This antenna uses five PIN diode switches to achieve
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reconfigurability. The drawback of this design, however, is that the PIN diodes are

forward biased to change the resonant length of the antenna and significant amount

of electric current flows through each diode. Given the ohmic resistance associated

with each diode, this results in loss of RF power and hence, reduces the antenna’s

radiation efficiency. In [49], a single-element, dual-band, CPW-fed slot antenna with

similar radiation patterns at both bands is studied. However, this antenna shows

high levels of cross polarized radiation at its second band of operation. In [50], a

compact, dual-band, CPW-fed slot antenna, with a size reduction of about 60% com-

pared to a conventional slot antenna, is studied. However, this antenna is designed

for two particular frequency bands and little attention has been paid to investigating

its frequency tuning capabilities. Furthermore, it suffers from high levels of cross po-

larized radiation, which at some angles are equal or even larger than the co-polarized

component. Other topologies have also been used to achieve dual-/multi-band oper-

ations. Examples of these include structures that make use of parasitic elements and

multiple radiating elements [51, 52]. Among other categories, design of a wideband

or dual-band relatively wide slot antenna fed by a microstrip line can be mentioned.

In Chapter 3 of this dissertation it is shown that, for a rectangular slot with width to

length ratios larger than 0.15, a dual-resonant behavior can be achieved and frequency

ratios from 1.1 to 1.7 can easily be obtained by choosing the appropriate location for

the microstrip feed. The antenna is shown to have very small cross polarization levels

and similar radiation patterns at both bands.

In this Chapter, we propose a new technique for designing dual-band narrow slot

antennas that can easily be modified to obtain a tunable antenna. Furthermore, the

frequency ratio of the antenna will be determined by an applied DC bias voltage

or by choosing the right value for the lumped element and not by changing the

geometrical parameters of the antenna. The proposed technique is based on loading

a slot antenna with a fixed or variable capacitor at a certain location along the
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Figure 4.1: Transmission line equivalent circuit model of a slot antenna loaded with
a lumped capacitor.

slot. One of the advantages of this technique is that the current that flows through

a capacitor, or a reverse biased varactor, is small compared to a PIN diode or a

MEMS switch. Therefore, the finite Q of the device does not deteriorate the antenna’s

radiation efficiency. As is shown, such an antenna exhibits a dual-resonant behavior.

In addition, placing a capacitor in parallel with the slot results in reduction of its

resonant frequency. This occurs for both the first and the second resonant modes.

However, the decrease is not uniform and depends on the location of the capacitor

along the slot. It is shown that the location of the capacitor can be chosen to minimize

the frequency variations of one mode and, therefore, obtain a dual-band antenna with

adequate control over its frequency ratio. In what follows, we will first develop an

approximate transmission line model as a design tool for determining the resonant

frequencies of the slot antenna for a given value and location of the capacitor. Exact

location of the capacitor can then be obtained using full wave analysis of the antenna.

Then, a tunable dual-band antenna is designed in which a varactor, with its proper

biasing network, is used to tune the frequency ratio of the antenna. Finally, measured

results for the radiation patterns and input reflection coefficients of the antenna are

presented, compared with the simulation results, and discussed. It is shown that

the simulation and measurement results agree very well and the antenna has good

simultaneous match at both bands while maintaining similar radiation patterns across

the entire band of operation.
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4.1 Loaded Slot Antennas For Dual-Band Opera-

tion

A resonant, narrow slot antenna at its first resonance may be considered as a

λ/2 transmission line, short circuited at both ends [91]. Loading such a structure

with a capacitor, as shown in Figure 4.1, increases the line capacitance at one point

and, therefore, reduces the frequency of its first and all higher order resonances. This

reduction, however, is not uniform and depends on the location of the capacitor (`1 in

Figure 4.1), its value, and the slot line impedance. Applying the transverse resonance

condition to the structure shown in Figure 4.1 results in the following equation for

the resonant frequencies of the structure:

tan(β(ω)(`− `1)) + tan(β(ω)`1)− ωCZ0s tan(β(ω)(`− `1)) tan(β(ω)`1) = 0 (4.1)

where β(ω) is the frequency dependent, slot-line propagation constant, C is the ca-

pacitance of the lumped capacitor, and ω is the angular frequency. This equation

can be solved numerically as a function of frequency and capacitance value, for fixed

values of `1, to obtain the resonant frequencies of the loaded slot. For different `1

values, this equation is solved for a loaded slot antenna with slot length and width

of ` = 60 mm and w = 2 mm, which is printed on a 0.5 mm thick substrate with

εr = 3.4. The propagation constant, β(ω), and impedance of this line, Z0s, are calcu-

lated using equations provided in [83] and the results are shown in Figure 4.2. The

variations of f1 and f2 are seen to be dependent on `1 and C. However, this model

does not take into account the effect of the antenna feed and its matching network,

which affect the resonant frequencies of the antenna.

At its first resonance, the magnitude of the electric field of a slot antenna (voltage

magnitude) is maximum at the center of the slot and zero at the edges. On the other
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Figure 4.2: First and second resonant frequencies of a loaded slot antenna (with ` =
60 mm, w = 2 mm, εr = 3.4, and the substrate thickness of 0.5 mm) as a
function of value and location of the capacitor. The curves are obtained
from solving (4.1) numerically.

hand, the magnitude of the electric current that flows around the slot is minimum at

the center and maximum at the edges [91]. Therefore, if the slot antenna is fed at the

center, its input impedance, as seen from the feed terminals, will be very large (ratio

of a large voltage to a small current). However, if the feed terminals move away from

the center of the slot antenna and approach its edge, the observed input impedance

drops until it assumes a value of zero when the feed terminals are right at the edge

of the slot (since it is short circuited). Thus, it is possible to match the impedance

of the antenna to a wide range of line impedances by choosing the right location for

the feed (from center to the edge). In this chapter, we use an open circuited, off-

centered, microstrip line to feed the antenna. Therefore, in addition to choosing the

feed location, the length of the open circuited microstrip line can be tuned such that

it compensates the reactive part of the input impedance of the antenna to obtain a

good match. This way, the antenna can easily be matched to the line impedance, by
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Figure 4.3: Resonant frequencies of a microstrip-fed loaded slot antenna, with ` =
60 mm and w = 2 mm printed on a substrate with εr = 3.4 and thickness
of 0.5 mm, obtained from full-wave simulations in IE3D. (a) First resonant
frequency and (b) Second resonant frequency.

only choosing the appropriate location and length of the open circuited microstrip

line (Ls and Lm as shown in Figure 4.5). This feeding mechanism is very well known

and is comprehensively studied in [91, 92, 93] and their references. Using full-wave

simulations in IE3D [82], better approximations for the resonant frequencies of the

first and second bands of the loaded slot antenna (for different values of ω, C, and

`1) can be obtained. Figures 4.3(a) and 4.3(b) show the frequencies of the first and

second resonances of a straight slot antenna with an overall length of ` = 60 mm and

a slot width of w = 2 mm, which is printed on a 0.5 mm thick substrate with εr = 3.4.

This antenna is fed with a 50 Ω microstrip line with Ls = 6 mm and Lm = 6 mm. As

can be seen from this figure, the first and second resonances of this antenna, without a

capacitor, occur at 2 GHz and 4 GHz, respectively. As C is increased, the frequencies

of both of these resonances decrease. However, this decrease is a function of `1. For

`1 = 2.5 mm, and 0 ≤ C ≤ 2 pF, the decrease in the frequency of the first resonance
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Figure 4.4: Electric field distribution of a loaded slot antenna at (a) first and (b)
second resonant frequencies. The antenna has ` = 60 mm, w = 2 mm,
`1 = 2.5 mm, εr = 3.4, and substrate thickness of 0.5 mm. Solid: C =
0 pF, Long-dashed: C = 1 pF, Short-dashed: C = 2 pF, Dash-dot:
C = 3 pF, and Dash-dot-dot: C = 5 pF.

is much smaller than that of the second one (see Figure 4.3(a) and 4.3(b)). This

suggests that a dual-band antenna, with a relatively constant f1 and variable f2, can

be designed by only changing the value of C.

The radiation patterns of the antenna at the two bands are determined by the

electric field distribution across the slot at the first and second resonances. The

electric field distribution in the presence of the capacitor cannot easily be obtained

from full-wave simulations. However, by using the equivalent model of Figure 4.1

and solving the Maxwell’s equations for the voltages and currents of the transmission

line, in conjunction with the boundary conditions at z = 0, z = `1, and z = l, the

following expression for the normalized voltage (electric field) distribution across the
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transmission line (slot antenna) can be obtained:

V (z) =





sin(β(l−`1))
sin(β`1)

sin(βz) z ≤ `1

sin(β(l − z)) z > `1

In this equation the effect of the microstrip feed on the current distribution is

ignored. However, examining it for different values of capacitance provides significant

intuition in the operation of the antenna and its radiation patterns at both bands of

operation. Figures 4.4(a) and 4.4(b) show the normalized electric field distribution

across a straight slot antenna with ` = 60 mm, w = 2 mm, and `1 = 2.5 mm for

different values of C. As can be seen in Figure 4.4(b), the electric field distribution at

the second resonance, when there is no capacitance, is antisymmetric and therefore

the radiation pattern of this mode will have a null at bore-sight. This is significantly

different from the radiation pattern of the first mode, which has maximum directivity

at its bore-sight. In order to circumvent this problem and obtain a dual-band antenna

with similar radiation patterns at both bands, the slot topology of Figure 4.5 is used.

In this case, the straight slot antenna is bent such that the longer (including the 7 mm

bend) and shorter arms of the slot antenna are respectively 0.7λ2 and 0.3λ2 long at

the second resonant frequency (λ2 is the guided wavelength of the unloaded slot at

the second resonant). The antenna shown in Figure 4.5 still has the same model

given in Figure 4.1 and has the electric field distributions shown in Figures 4.4(a)

and 4.4(b). By bending the slot as shown in Figure 4.5, the magnetic current at the

lower section of the slot antenna is forced to flow in opposite direction relative to the

current in the upper (longer) section of the slot antenna. If the length of the lower

slot is at least λ2/4 at the second resonant frequency, when the antenna is not loaded,

these two oppositely directed currents have almost the same current distribution (as

can be seen from Figure 4.4(b)) with a 180◦ phase difference caused by bending the

slot. Therefore, the part of the antenna to the left of the dashed line (see Figure 4.5)
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Figure 4.5: Topology of the reconfigurable dual-band slot antenna of Section 4.1.
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(a) (b)

Figure 4.6: S11 of the dual-band reconfigurable slot antenna of Section 4.1 for different
bias voltages. (a) Simulation and (b) Measurement.

does not significantly contribute to the far field radiation of the second band. In

this case, the radiation comes only from that part of the slot antenna to the right

of the dashed line, which has an electric field distribution similar to that of the first

mode. At the first resonance, however, the magnetic currents of the lower part and

upper part have different magnitudes; therefore, they do not completely cancel each

other. Nevertheless, this somewhat reduces the radiation efficiency of the antenna

and can be viewed as a tradeoff for having similar radiation patterns at both bands

of operation. In this case, the overall effective length of the lower slot is chosen to

be slightly larger than λ2/4. This length is optimized, using full wave simulations in

IE3D, to ensure that the antenna will have similar radiation patterns at both bands,

when the effects of the microstrip feed and the loading capacitors are considered. In

the next section, simulation and measurement results of the antenna are presented

and discussed.
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Figure 4.7: Comparison between the measured and simulated operating frequencies
of the first and second bands of the dual-band reconfigurable slot antenna
of Section 4.1.

Figure 4.8: Simulated and measured frequency ratio (f2/f1) of the reconfigurable slot
antenna of Section 4.1 as a function of applied DC bias voltage.
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Parameter Lg Wg Ls Lm

Value 12.0 cm 10.0 cm 6.0 mm 6.0 mm
Parameter f2/f1 range RF/DC isolation VDC Capacitance range

Value 1.2− 1.65 Min. of 24 dB 1.5 V−30 V 0.5 pF−2.2 pF

Table 4.1: Physical and electrical parameters of the dual-band reconfigurable slot
antenna.

4.2 Simulation, Fabrication, and Measurement of

The Reconfigurable Dual-Band Antenna

4.2.1 Simulation and Measurement Results

The bias network of the varactor used in tuning the antenna is shown in Figure 4.5.

The DC bias voltage is isolated from the RF by cutting the ground plane around the

varactor cathode. The RF connectivity around the slot antenna is achieved using two

large capacitors that connect the cathode path to the surrounding ground plane. The

antenna is fed with an off-centered microstrip line and the length of the open circuited

line, Lm, and its position, Ls, are tuned to obtain good simultaneous match at both

bands. The antenna is designed to operate on a 0.5 mm thick RO4350B substrate

with εr = 3.4, tan δ = 0.003, and ground plane size of 12 cm × 10 cm (Table 7.1).

A high quality varactor manufactured by Metelics (SODT 3001) with a tuning range

of 0.5 pF to 2.2 pF for 30 V ≥ VDC ≥ 0 V is used. In order to improve the DC/RF

isolation, a first order low pass filter is placed in the path of the DC bias line. The

filter is implemented using stepped impedance microstrip lines with a rejection band

covering the frequency range of 1.5 GHz to 4 GHz, which covers the entire band of

operation of the antenna.

The antenna is then simulated using IE3D, which is a full-wave simulation tool

based on the method of moments [82], and its input reflection coefficient and ra-

diation patterns are studied for various different capacitance values. The antenna
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Figure 4.9: Measured RF to DC isolation of the dual-band reconfigurable slot antenna
of Section 4.1.

is then fabricated on the same 12 cm × 10 cm, RO4350B substrate and its S11

spectral response is measured using a calibrated vector network analyzer. The sim-

ulated and measured S11 of this antenna, for different bias voltages, are presented

in Figures 4.6(a) and 4.6(b), respectively. The simulation results indicate that good

simultaneous impedance match at both bands can be obtained by just choosing the

appropriate values of Ls and Lm (Figure 4.5). Figure 4.6(b) shows that by increas-

ing the DC bias voltage from 1.5 V to 30 V, the frequency of the first resonance is

increased from 1.8 GHz to 1.95 GHz. However, this change is fast for small values of

bias voltage and exhibits a saturation behavior for bias voltage values beyond 6 Volts.

On the other hand the resonant frequency of the second band increases from 2.15 GHz

to 3.22 GHz in a rather smooth fashion. In order to compare the measurement and

simulation results more easily, the simulated and measured values of the operating

frequencies of the antenna are presented in Figure 4.7 as a function of the applied DC

bias voltage of the varactor. The maximum error between the predicted and measured

values of the operating frequencies is 3.6% and 3% for the first and second bands,

respectively. The discrepancies between the two results can mostly be attributed to

the inaccuracies in the fabrication process (alignment errors), uncertainties in the
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Figure 4.10: Simulation results for the E-Plane co- and cross-polarized radiation pat-
terns of the dual-band slot antenna of Section 4.1 at (a) First band and
(b) second band. Solid line: VDC = 4 V, Dash-dash: VDC = 10 V,
Dash-dot: VDC = 20 V, and Dash-dot-dot: VDC = 30 V.
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exact permittivity of the substrate (±3% error specified by the manufacturer), un-

certainties in the capacitance values of the varactor diode, and numerical errors in

the simulation results. Nevertheless, a good agreement between the simulation and

measurement, with a maximum error of 3.6%, is observed.

Figure 4.8 shows the measured and simulated frequency ratios of the antenna as a

function of the applied DC bias voltage to the varactor. It is observed that by changing

the bias voltage from 1.5 V to 30 V the frequency ratio (f2/f1) can continuously be

tuned from 1.2 to 1.65. For bias voltage values below 1.5 V, simultaneous matching

at both bands cannot easily be obtained. However, for VDC > 1.5 V a very good

simultaneous match is obtained by only choosing the length of the open circuited

microstrip line, Lm, and its location, Ls, appropriately [91, 92, 93]. The RF to DC

isolation of the antenna is also measured using a VNA and is shown in Figure 4.9.

The RF to DC port isolation of better than 24 dB across the entire band of operation

is demonstrated.

The radiation patterns of the antenna, for bias voltages of VDC = 4 V, 10 V,

20 V, and 30 V, are simulated in IE3D and the simulated patterns in the E- and

H-Planes are presented in Figures 4.10 and 4.12, respectively. The radiation patterns

of the antenna, for the same DC bias voltages, are also measured in the anechoic

chamber of the University of Michigan and are presented in Figures 4.11 and 4.13.

Since the antenna is bi-directional and is almost symmetric with respect to the plane

containing it, the fields in the lower half-space are similar to those in the upper

half-space. Therefore, only the pattern plots in the range of 0◦ < θ < 90◦ are shown.

Figures 4.10(a) and 4.10(b) show the simulated co- and cross-polarized radiation

patterns of the antenna in E-Plane for the first and second bands respectively. It

is observed that the antenna has similar radiation patterns at both bands and the

shape of the pattern in this plane does not strongly depend on the applied bias volt-

age. Figures 4.11(a) and 4.11(b) show the measured co- and cross-polarized radiation
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Figure 4.11: Measured E-Plane co- and cross-polarized radiation patterns of the dual-
band slot antenna of Section 4.1 at (a) First band and (b) second band.
Solid line: VDC = 4 V, Dash-dash: VDC = 10 V, Dash-dot: VDC = 20 V,
and Dash-dot-dot: VDC = 30 V.
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Figure 4.12: Simulated H-Plane co- and cross-polarized radiation patterns of the dual-
band slot antenna of Section 4.1 at (a) First band and (b) second band.
Solid line: VDC = 4 V, Dash-dash: VDC = 10 V, Dash-dot: VDC = 20 V,
and Dash-dot-dot: VDC = 30 V.
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Figure 4.13: Measured H-Plane co- and cross-polarized radiation patterns of the dual-
band slot antenna of Section 4.1 at (a) First band and (b) second band.
Solid line: VDC = 4 V, Dash-dash: VDC = 10 V, Dash-dot: VDC = 20 V,
and Dash-dot-dot: VDC = 30 V.
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Figure 4.14: Measured gain of the dual-band reconfigurable slot antenna of Sec-
tion 4.1. (a) First band and (b) Second band.
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patterns of the antenna in the E-Plane for the first and second bands, respectively.

The measurement results also indicate that the antenna has similar patterns at both

bands. Furthermore, low levels of cross polarized radiation are observed. The cross

polarization levels are, however, larger in the first band due to the larger values of

the electric field magnitude at the bent section. The simulated and measured ra-

diation patterns in the H-Plane are presented in Figures 4.12 and 4.13 respectively.

Figure 4.12(a) and 4.12(b) show the simulated H-Plane pattern of the antenna at the

two bands, for different DC bias voltage values. Similar radiation patterns at both

bands and for different bias voltage values are observed. Figure 4.13(a) and 4.13(b)

show the measured H-Plane radiation patterns of the antenna for the first and second

bands. It is observed that the radiation patterns of the antenna, in the H-Plane, are

also similar to each other for both frequency bands and for different bias voltages.

Comparison of the simulated radiation patterns of Figures 4.10 and 4.12 with the

measured radiation patterns of Figures 4.11 and 4.13 shows that the co-polarized

simulated and measured radiation patterns are in a relatively good agreement with

each other whereas the cross-polarized components are not. The discrepancies be-

tween the simulation and measurement radiation patterns can be attributed to the

presence of the coaxial cables and connectors, which feed the antenna and bias the

varactor diode, in close proximity to the antenna during the pattern measurements.

The induced currents on these components radiate and distort both the co-polarized

and the cross-polarized components of the radiation patterns of the antenna. Since

the cross-polarized component generated by the antenna is much weaker than its co-

polarized component, the distortions caused by the cables and connectors completely

change the shape of the cross-pol pattern but only moderately affect the co-pol com-

ponent.

The gain of the antenna is also measured across the entire band of operation using

a double-ridged horn as a reference and is shown in Figure 4.14. The antenna shows an
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Figure 4.15: Simulated results of the operating frequencies of the dual-band reconfig-
urable slot antenna, shown in Figure 4.5, as a function of the varactor
bias voltage for different ground plane sizes. (a) First band and (b)
Second band.
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Figure 4.16: Simulated results of the frequency ratios (f2/f1) of the dual-band recon-
figurable slot antenna, shown in Figure 4.5, as a function of the varactor
bias voltage for different ground plane sizes.

average 0.5 dBi gain at the first band and 1.8 dBi gain at the second band of operation

in the direction of maximum radiation. The lower gain of the first band is caused by

the smaller electrical dimensions of the antenna at this band. The lower bound of

the efficiency of the antenna can be calculated using the measured gain values of the

loaded antenna and simulated directivity values for an unloaded antenna. Based on

this calculation, the lower bound efficiency of 70% and 85% for the first and second

bands are calculated. The major factor that contributes to the reduced efficiency of

the antenna is its topology and the reduction of its electrical size that occurs as a

result of capacitive loading [1]. Nevertheless, as these lower bound values indicate,

the antenna radiates rather efficiently.

4.2.2 Finite Ground Plane Effects

The dimensions of the ground plane of a slot antenna affect its electrical and

radiation parameters such as the radiation pattern, resonant frequency, and the gain

of the antenna. For a single band slot antenna, these effects have extensively been

studied in the literature [76, 94, 95, 96, 97, 98, 99]. The effects of the finite ground
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plane size on the radiation patterns of a slot antenna are examined in [94, 95]. In

[94], the edge diffractions of surface waves in a slot antenna are modeled and it is

shown that these diffractions cause ripples in antenna’s radiation patterns. In [96],

the effects of finite ground plane size on bandwidth and gain of a U-shaped slot

antenna are studied. The effects of the finite ground plane on the input matching

and radiation parameters of a microstrip-fed, cavity-backed slot antenna are examined

in [99]. In [76], [97], and [98], the effects of the ground plane dimensions on the gain

and bandwidth of electrically small slot antennas are examined. It is shown that as

the ground plane dimensions are increased, the antenna gain increases and approaches

the gain of the antenna with an infinitely large ground plane size.

Since the effects of finite ground plane size on the radiation patterns and the gain

of slot antennas are well known, in this chapter we only examine the effects of the finite

ground plane size on the resonant frequencies and frequency ratios of the dual-band

reconfigurable slot antenna of Section 4.1. In order to do this, full-wave simulations

have been performed on the antenna shown in Figure 4.5 for four different ground

plane sizes of 6 cm × 5 cm, 12 cm × 10 cm, 24 cm × 20 cm, and ∞. Figures 4.15(a)

and 4.15(b) show the effect of the ground plane size on the frequencies of the first

and second bands of the dual-band antenna. As is observed from this figure, for fixed

antenna and feed network dimensions, the resonant frequencies of both the first and

second bands increase as the ground plane size increases and approach the resonant

frequencies of the antenna with an infinitely large ground plane. Figure 4.16 shows

the effect of the ground plane size on the frequency ratio of the second band to that of

the first band of the tunable antenna. Similar to the previous case, for fixed antenna

dimensions and bias voltage, the frequency ratio increases as the ground plane size

increases. As can be observed from Figures 4.15 and 4.16, the ground plane size

moderately affects the frequency response of the antenna. However, these effects can

be taken into account in the simulation process and a very good agreement between
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the measurement and simulation results can be obtained as shown in Section 4.2.1.

4.3 Conclusions

A new technique for designing dual-band reconfigurable slot antennas is proposed.

The technique is successfully applied to design a dual-band slot antenna with similar

radiation patterns at both bands. Measurement results of the antenna indicate that it

has a frequency ratio (f2/f1) that continuously increases from 1.2 to 1.65 by increasing

its DC bias voltage from 1.5 V to 30 V. Furthermore, good simultaneous impedance

match is observed at both bands of operation for the entire range of applied DC bias

voltages, low levels of cross-polarized radiation is observed, and the radiation patterns

of each band remain practically unchanged as the DC bias voltage is changed.
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CHAPTER 5

Dual-Band Reconfigurable Antenna With A Very

Wide Tunability Range

Availability of different unlicensed frequency bands in the congested spectrum of

electromagnetic (EM) waves, compatibility of wireless devices with different stan-

dards (i.e, GSM and CDMA), or interference reduction in a two-way radio system

are typical reasons why many existing wireless systems make use of two different

simultaneous frequency bands. Whatever the reason may be, this undoubtedly will

add to the complexity of these systems. In particular, the RF circuitry and antennas

must be designed to be able to operate at multiple frequency bands. Recent ad-

vancements in antenna technology, the availability of efficient computer aided design

(CAD) tools, and the availability of fast and powerful computers have resulted in

a variety of different techniques for designing low-profile, cost effective, and highly

efficient multiple-frequency antennas [21, 44, 45, 46, 49, 50, 51, 52, 66]. Many of

the techniques used for designing dual-band antennas make use of certain approaches

to manipulate the current distribution of one of the higher order resonant modes of

the structure to change its resonant frequency as well as current distribution. For

example in [44], a rectangular patch antenna is modified by a slot insertion at a par-

ticular location in order to alter one resonant mode more than the other and achieve
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a dual-band operation. However, the range of achievable frequency ratios (fR=f2/f1,

the ratio of the frequency of operation of the second band, f2, to that of the first

one, f1) for this technique is limited to 1.6 ≤ fR ≤ 2. This idea was later applied to

circular and triangular patch antennas where frequency ratios of 1.3 ≤ fR ≤ 1.4 and

1.35 ≤ fR ≤ 1.5 were respectively achieved [45, 46]. Variations of these techniques

with differently shaped slots and patches have also been investigated and discussed

in detail in Chapter 4 of [21].

Slot antennas belong to another category of low-profile printed antennas that show

higher efficiency and can provide multi-band operation. At the same time, the con-

figuration and radiation characteristics of slot antennas appear to be more amenable

to miniaturization and reconfigurability [97, 98, 100]. In particular, the uniplanar

nature of these antennas allows for simple integration of active or passive lumped

components into the topology of the antenna without the need for having via holes.

Examples of different techniques that are used to design dual-band slot antennas are

presented in [49, 50, 51, 52, 66]. In [49], a single-element dual-band CPW-fed slot

antenna with similar radiation patterns at both bands is studied. In [50], a compact

dual-band CPW-fed slot antenna, with a size reduction of about 60% compared to a

conventional slot antenna, is studied. Other topologies have also been used to achieve

dual- or multi-band operations. Examples of these include structures that make use

of parasitic elements [51], multiple radiating elements [52], or create fictitious reso-

nant modes [66]. These approaches, however, can only be used to design antennas

that have fixed dual- or multi-band characteristics.

Electronic reconfigurability is usually achieved by incorporating switches, variable

capacitors, phase shifters, or ferrite materials in the topology of the antenna [100, 101,

102, 103]. Most frequently, lumped components such as PIN diodes, varactor diodes,

or MEMS switches or varactors are used in the design of reconfigurable antennas.

These components may be used to electronically change the frequency response (e.g.,
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Figure 5.1: Transmission line model of a slot antenna loaded with two lumped capac-
itors.

see [100], [101], [102], and [103]), radiation patterns (e.g., see [104]), gain, or a combi-

nation of different radiation parameters of such antennas. In Chapter 4, a dual-band

slot antenna was proposed that uses a single varactor to achieve tunability in only

its second band of operation and has a fixed first band. The frequency ratio of this

antenna can electronically be tuned from 1.2 to 1.65 (or equivalently 30% tunability).

In this chapter, we use a similar approach to design a far more versatile dual-band

antenna with a greatly enhanced tunability range. It is shown that by strategically

placing two varactor diodes along a bent slot antenna, an agile dual-band tunable

antenna can be achieved. In this design, the frequency of one of the bands (either

f1 or f2) can be fixed at will and the frequency of the other band can continuously

be tuned over a wide frequency range. Furthermore, if desired, the frequencies of

both bands can simultaneously be tuned over a wide frequency range by changing

the bias voltages of the varactors. Measurement results indicate that frequency ratios

in the range of 1.3 ≤ fR ≤ 2.67 (more than one octave tunability) can be achieved.

The antenna uses a simple feed structure and matching network to achieve excellent

simultaneous impedance match at both frequencies of operation and over its entire

tuning range. Furthermore, the antenna shows similar radiation patterns and polar-

ization at both bands with low levels of cross-polarized radiation. Most importantly

the radiation patterns of the antenna remain practically unchanged as its frequency

response is tuned over the wide tunable frequency range of operation.
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5.1 Loaded Slot Antennas For Dual-Band Opera-

tion

5.1.1 Resonant Frequencies of a Loaded Slot

A narrow slot antenna, at its first resonance, may be considered as a λ/2 trans-

mission line short circuited at both ends [91]. Loading such a structure with two

capacitors, as shown in Figure 5.1, increases the line capacitance at two points, and

therefore, reduces the frequencies of its first and all higher order resonances. This

reduction, however, is not uniform and depends on the locations of the capacitors,

their values, and the slot line impedance. The transmission line equivalent circuit

model shown in Figure 5.1 can be used to determine the resonant frequencies of this

loaded slot antenna. Transverse resonant condition [105] requires that:

ZR + ZL = 0 (5.1)

where ZR and ZL are the input impedances to the right and left of the reference

point, as shown in Figure 5.1. In this case, ZR and ZL can simply be obtained from

the following equations:

ZR =
Z0 tan(θ − θ2)

1− ωC2Z0 tan(θ − θ2)
(5.2)

ZL = Z0
tan(θ1) + tan(θ2 − θ1)[1− ωC1Z0 tan(θ1)]

1− ωC1Z0 tan(θ1)− tan(θ1) tan(θ2 − θ1)
(5.3)

θ = β(ω)`, θ1 = β(ω)`1, θ2 = β(ω)`2 (5.4)

where β(ω) is the frequency-dependent propagation constant of the slot line. In

addition to being a function of frequency, β is a function of the slot line width,
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Figure 5.2: Typical capacitance of a SMTD3001 varactor (from Metelics Corp.) as a
function of its bias voltage.

relative dielectric constant (εr), and thickness (h) of the substrate that the slot line

is printed on, if any. β(ω) can easily be calculated from the expressions given in [83]

and [106]. Using (5.2) and (5.3) in (5.1) an expression for the resonant condition of

the loaded transmission line of Figure 5.1 can be achieved:

{tan(θ1) + tan(θ2)[1− ωC1Z0 tan(θ1)]}(1− ωC2Z0 tan(θ − θ2)) +

{1− ωC1Z0 tan(θ1)− tan(θ2) tan(θ1)} tan(θ − θ2) = 0 (5.5)

The roots of this expression are the resonant frequencies of the loaded slot antenna

shown in Figure 5.1. As is observed from (5.5), these resonant frequencies have explicit

dependence to the variables `1, `2, C1, and C2. Therefore, by fixing one or more of

these variables and changing the rest, the resonant frequencies of the slot antenna can

be changed. In particular, if `1 and `2 are fixed, C1 and C2 can be tuned electronically

(by using varactor diodes) to achieve a dual-band reconfigurable antenna. Here C1

and C2 are replaced by two identical SMTD3001 varactors from Metelics Corp. The

varactors’ capacitances vary from 2.25 pF to 0.5 pF as the bias voltage is increased
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Figure 5.3: Calculated values of α = max{fR(C1, C2)}/ min{fR(C1, C2)} for rectan-
gular slot antenna with ` = 62 mm and w = 2 mm loaded with two
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fR = f2/f1 for a dual-band slot antenna loaded with two varactors located
at a distance of `1 and `2 from one end.

from 0 V to 30 V (see Figure 5.2).

In this chapter, our goal is to maximize the tunability range of the antenna’s

frequency ratio (i.e. to maximize the tunability range of fR = f2/f1) for a given set of

varactors. In order to do that, (5.5) is solved for fixed values of `1 and `2 and different

capacitor values in the range of 0.5 pF≤ C1, C2 ≤ 2.25 pF to obtain f1(C1, C2) and

f2(C1, C2). Once these values are obtained, fR(C1, C2) = f2(C1, C2)/f1(C1, C2) is

calculated. In order to quantify the tunability range of fR, for fixed varactor locations,

the parameter α(`1, `2) is defined as follows:

α(`1, `2) =
max{fR(C1, C2)}
min{fR(C1, C2)} , for fixed `1 and `2. (5.6)

This procedure is then repeated for different values of `1 and `2 to obtain α(`1, `2)

for a range of `1 and `2 values. Once this function is obtained, the varactor locations

along the slot, `1 and `2, are chosen to maximize α and consequently maximize the
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Figure 5.4: Voltage distribution across the slot line shown in Figure 5.1 for a fixed
value of C1 = 0.5 pF and different C2 values. (a) First resonance and (b)
Second resonance.

tunability range of fR. This procedure is performed for a straight slot antenna with a

length of ` = 62 mm and width of w = 1 mm printed on a 0.5 mm thick substrate with

dielectric constant of εR = 3.4. The slot line characteristics impedance and frequency-

dependent propagation constant (β(ω) and Z0 in (5.4) and(5.5)) are calculated from

the formulae given in [83] and [106]. Using the procedure mentioned in the preceding

paragraph, α(`1, `2) is calculated for this particular slot antenna and is presented in

Figure 5.3. It is observed that α clearly has a maximum that occurs for `1 = 4.5 mm

and `2 = 29 mm.

It should be noted that solutions of (5.5) are only approximations of the real
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resonant frequencies of the actual antenna, since the effects of radiation from the

slot antenna and more importantly the effects of the feed network parameters on the

resonant frequency of the antenna are ignored. A more accurate method of predicting

the actual resonant frequencies of the structure is to use full wave simulations. In

this case, the effects of finite ground planes and dielectric substrates, radiation, and

feed network parameters on the antenna’s resonant frequencies can be taken into

account. This is performed in Chapter 4 where both methods are used to predict

the resonant frequencies of a similar slot antenna and the results are presented and

compared. It is shown that despite the simplicity of the analytical method, the

maximum error between its predicted resonant frequencies and those obtained from

full-wave simulations remains below 8%.

5.1.2 Field Distribution Along the Loaded Slot Antenna

In addition to having a large tuning range for fR, having consistent radiation pat-

terns at both bands and over the entire tuning range is also of significant importance.

The radiation patterns of a slot antenna are mainly determined by the electric field,

i.e. voltage, distribution over the aperture. For an unloaded slot antenna, the electric

field (magnetic current) distribution at the first and second resonance modes resem-

ble that of a half sine wave and a full sine wave respectively. The symmetric field

distribution at the first band results in a radiation pattern with maximum directivity

at broadside whereas the anti-symmetric field distribution of the second band gener-

ates a pattern with a null at broadside. To mitigate this undesired characteristic, it

is necessary to study the electric field distribution of the loaded slot antenna. The

simple transmission line model of Figure 5.1 is sufficient to qualitatively study the

field distribution. The voltages and currents in Regions 1, 2, and 3 can be expressed
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Figure 5.5: Voltage distribution across the slot line shown in Figure 5.1 for a fixed
C2 = 0.5 pF and different C1 values. (a) First resonance and (b) Second
resonance.
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(a)

(b) (c)

Figure 5.6: (a) Simple representation of the magnetic current distribution of a straight
slot antenna at its second resonant mode. (b) Magnetic current distribu-
tion of the same slot at second resonant mode when it is bent λ2/4 away
from its edge will roughly be equivalent to (c) that of the first mode of a
slot antenna that has half its length.

as [105]:

Vn(z) = V +
n e−βz + V −

n eβz (5.7)

In(z) =
V +

n

Z0

e−βz − V −
n

Z0

eβz (5.8)

where the subscript n refers to region 1, 2, or 3. The boundary conditions at z =

0, `1, `2, and ` require that:

V1(0) = 0, V1(`1) = V2(`1) (9-a)

V2(`2) = V3(`2), V3(`) = 0 (9-b)

I1(`1) = I2(`1) + ωC1V1(`1) (9-c)

I2(`2) = I3(`2) + ωC2V3(`2) (9-d)

Simultaneous solution of (5.7) and (5.8) subject to the boundary conditions of (9-a)-

(9-d), yields the voltage distribution at the first and second resonances of the loaded
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Figure 5.7: Schematic of the proposed dual-band bent slot antenna with two varac-
tors.
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Figure 5.8: (a) Simulated and (b) measured input reflection coefficients of the dual-
band tunable antenna of Figure 5.7. In this example, the frequency of
the first band is kept fixed while that of the second band is varied.

line. Figure 5.4 shows the slot antenna’s voltage distribution at its first and second

resonances for an antenna with ` = 62 mm, w = 1 mm, `1 = 4.5 mm, and `2 = 29 mm

printed on a 0.5 mm thick substrate with εr = 3.4. In this figure, C1 is fixed at 0.5 pF

and C2 is varied. Figure 5.5 shows the voltage distribution of the two bands for a

fixed C2 = 0.5 pF and different values of C1. It is observed that the field distribution

and the resonant frequency of the first mode is mainly affected by changes in C2

whereas the field distribution and resonant frequency of the second mode is mainly

affected by changes in C1. Examining Figures 5.4(a) and 5.5(a) reveals that changing

the values of the capacitors does not significantly affect the field distribution of the

first mode and hence has minimal effect on its radiation pattern. However, this is not

the case for the second band. In particular, Figures 5.4(b) and 5.5(b) show that the

field distribution at the second resonance, and hence its radiation pattern, change as

capacitor values are changed. More importantly, because of its semi anti-symmetric

field distribution, this mode will still have a null or a minima at the antenna broadside.

Figure 5.6(a) shows the magnitude and direction of the magnetic current of an

unloaded slot antenna at its second resonant mode. The antenna has a length of λ2,

where λ2 is the slot wavelength at the second resonance. If the antenna is folded at a
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Figure 5.9: (a) Simulated and (b) measured input reflection coefficients of the dual-
band tunable antenna of Figure 5.7. In this example, the frequency of
the second band is kept fixed while that of the first band is varied.

distance of λ2/4 from one end, the magnetic current distribution will assume a form

shown in Figure 5.6(b). In this arrangement the oppositely directed magnetic currents

inside the dashed contour have similar magnitude but opposite direction. Therefore,

that part of the antenna does not effectively contribute to the far-field radiated fields

and the folded antenna becomes equivalent to the one shown in Figure 5.6(c). This

way, the radiation pattern of the second mode will be similar to that of the first

mode. In addition to solving the radiation pattern problems, this approach reduces

the overall length of the antenna by about 25%. However, as a result of the slight

antenna miniaturization, the antenna gain and efficiency will slightly be reduced (see

[1]). This can be viewed as a tradeoff between having similar radiation patterns at

both bands and a smaller antenna with the slight reduction in antenna efficiency. In

the next section experimental results of such a dual-band reconfigurable antenna are

presented and discussed.

95



5.2 Experimental Results

The schematic of the proposed dual-band slot antenna is shown in Figure 5.7. The

antenna uses the folded topology described in the previous section with the smaller

and larger sections of 15 mm and 45 mm long, respectively. The overall average

length of the antenna is ` = 62 mm with `1 = 4.5 mm and `2 = 29 mm. The

antenna is designed on a 0.5 mm thick RO4003 substrate with dielectric constant

of εr = 3.4, loss tangent of tan(δ) = 0.002, and an overall ground plane size of

15 cm × 11 cm. The antenna is fed with an off-centered, open-circuited microstrip

line with an impedance of 50 Ω. Matching is performed by appropriately choosing

the location of the microstrip feed and the length of the open circuited line (LS

and Lm in Figure 5.7) as described in [91] and [93]. Optimum locations of the feed

and lengths of the open circuited stubs are determined by performing optimization

using a method of moment (MoM) based full-wave simulation software (IE3D) [82].

The antenna is simulated in IE3D and fabricated on the same RO4003 substrate

mentioned above. The input reflection coefficient (S11) of the antenna, for different

varactor bias voltages, is measured using a calibrated vector network analyzer (VNA)

and the results are presented in Figures 5.8 and 5.9 along with the simulated results.

Figure 5.8(a) and 5.8(b) show the simulated and measured dual-band responses of

the antenna. It is observed that by applying the appropriate combination of bias

voltages (V1 and V2), the frequency of the first band is kept fixed and that of the

second band is tuned. Similarly, as shown in Figure 5.9(a) and 5.9(b), it is possible

to keep the frequency of the second band stationary and sweep the frequency of the

first band. As is observed from these figures, a relatively good agreement between

the simulated and measured results are observed. The discrepancies between these

results can mostly be attributed to the finiteness of the ground plane and the dielectric

substrate (which are considered infinite in the simulations), tolerances in the exact

value of the dielectric constant of the material (±3% error specified by manufacturer),
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Figure 5.10: Measured frequencies of (a) first band and (b) second band of the tunable
dual-band slot antenna shown in Figure 5.7 as a function of the varactors’
bias voltages. It is observed that f1 is less sensitive to V1 and f2 is less
sensitive to V2.

Parameter Lg × Wg Ls Lm

Value 15 × 11 cm2 27.5 mm 3.2 mm
Parameter ` `1 `2

Value 62.0 mm 4.5 mm 29.0 mm

Table 5.1: Physical parameters of the dual-band reconfigurable slot antenna.

alignment errors during the fabrication process, and numerical errors in the software.

The S11 of the antenna is measured for over 300 different combinations of varac-

tor bias voltages (V1, V2) and the operation frequencies of the first and second bands

are extracted from these measurements results. These results are presented in Fig-

ures 5.10(a) and 5.10(b) respectively. It is observed that the frequency of the first

band is mainly affected by the bias voltage (capacitance) of the second varactor,

whereas the frequency of the second band is mostly affected by the capacitance of

the first varactor. This is consistent with the slot antenna’s electric field distribu-

tions shown in Figures 5.4 and 5.5. The reason for this behavior can become clear

by considering the electric field distribution of the unloaded slot antenna in the first

and second resonant modes. At first resonance, the voltage at the center of the slot

is at its maximum whereas it is zero at the second resonance. Therefore, a capacitor

97



0
5

10
15

20
25

30 0
5

10
15

20
25

30

1.2

1.4

1.6

1.8

2

2.2

2.4

2.6

2.8

V1 [Volts] V2 [Volts]

M
ea

su
re

d
 F

re
q

u
en

cy
 R

at
io

Figure 5.11: Measured frequency ratio, fR = f2/f1, of the tunable dual-band slot
antenna shown in Figure 5.7 as a function of the varactors’ applied bias
voltages.

that is placed at the center of the slot antenna observes a short circuit at the sec-

ond resonance and does not significantly affect this mode. On the other hand, if a

capacitor is placed close to the edge of the slot, it observes a much lower impedance

at the first resonance than that of the second one and therefore, it mostly affects the

second mode. The frequency ratios of the antenna (fR), as a function of V1 and V2,

are calculated from the measured S11 responses and presented in Figure 5.11. It is

observed that a large range of frequency ratios can be obtained by just changing the

varactors’ bias voltages. In this case fR(V1, V2) attains the maximum value of 2.67

and the minimum value of 1.30 as seen from Table 5.2.

One of the parameters that affect the resonant frequencies and frequency ratios of

this antenna is the dimension of its ground plane. These effects are comprehensively

studied in Chapter 4, where it is shown that for a fixed DC bias voltage value,

decreasing Lg and Wg reduces the frequency of operation of the first and second

bands (f1 and f2) and the frequency ratio of the dual-band antenna. Furthermore,

the ground plane size of a slot antenna also affects its gain and radiation patterns

as described in Chapter 4 and the references therein. The ground plane dimensions,
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Figure 5.12: Measured E-Plane radiation patterns of the tunable dual-band slot an-
tenna of Figure 5.7 at its first and second bands of operation.

however, are usually determined by the type of application and the constraints on the

dimensions of the final product in which the antenna is used. Therefore, the effects of

the finite substrate and ground plane size on the performance of the antenna must be

taken into account during the design process in order to achieve the desired frequency

response and performance.

The co- and cross-polarized radiation patterns of the antenna at the first and sec-

ond bands are measured for different combinations of bias voltages and are presented

in Figures 5.12(a)-(d) and Figures 5.13(a)-(d). Figure 5.12(a) and 5.12(b) show the

co- and cross-polarized radiation patterns of the antenna respectively in its first and

second bands of operation for a fixed value of V2 and variable V1 values. It is seen that
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Figure 5.13: Measured H-Plane radiation patterns of the tunable dual-band slot an-
tenna seen in Figure 5.7 at its first and second bands of operation.

(V1, V2) [Volts] (C1, C2) [pF] f1 [GHz] f2 [GHz] fR

(30.0, 0.5) (0.5, 1.75) 1.1 2.94 2.67
(0.0, 30.0) (2.25, 0.5) 1.34 1.74 1.3

Table 5.2: Electrical parameters of the antenna corresponding to lowest and highest
measured fR values.
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the radiation patterns at both bands are similar to each other and the antenna has

low levels of cross polarized radiation. Furthermore, as expected, changing V1 slightly

affects the radiation pattern of the second band and has little effect on the patterns

of the first band. Nevertheless, for all practical purposes, the radiation patterns re-

main consistent. Figures 5.12(c) and 5.12(d) show the same patterns for constant

values of V1 and variable V2 values. In this case, the antenna patterns at the second

band remain unaffected whereas the radiation patterns at the first band are slightly

affected. In spite of the small changes in the radiation patterns, the antenna has

similar radiation patterns at both bands and across its entire frequency of operation.

Figures 5.13(a)-(d) show the H-Plane co- and cross-polarized radiation patterns of

the antenna for the same varactor bias voltages. Similar to the E-Plane patterns,

the H-plane patterns of the first and second bands of operation have small levels

of cross-polarized radiation and their co-pol components remain unchanged over the

entire band of operation. The gain of the antenna, at broadside, is measured using

a double-ridged horn antenna as a reference. The measurement results are presented

in Table 5.3. It is observed that as the capacitances of the varactors increase (the

bias voltages decrease), the antenna gain drops. Increase in capacitance reduces the

resonant frequencies of both bands of the antenna, and therefore, for a fixed physical

length, decreases the electrical length of the antenna. This reduction in electrical

length (miniaturization) reduces the antenna gain as described in [1]. The antenna

efficiency values are calculated from the measured gain and calculated directivity val-

ues at bore-sight. For example, for V1 = 0 V and V2 = 1 V the directivity of the

antenna at the first and second bands are respectively 1.76 dBi and 1.96 dBi, which

corresponds to an efficiency of 58% and 59% for the first and second bands respec-

tively. As the bias voltages increase, so do these efficiency values. For example, when

V1 = V2 = 30 V, the directivity of the antenna at the first and second bands are 1.82

dBi and 2.16 dBi respectively. This corresponds to efficiency values of 87% and 92%
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V1(↓), V2(→) 1 V 5 V 10 V 20 V 30 V
0 V -0.6 (-0.4) 0.2 (0.1) 0.3 (0.2) 0.3 (0.2) 0.3 (0.2)
5 V 0.0 (1.5) 0.7 (1.6) 0.8 (1.7) 0.9 (1.8) 0.9 (1.8)
10 V 0.2 (1.7) 0.8 (1.8) 0.9 (1.8) 1.1 (1.8) 1.1 (1.8)
20 V 0.2 (1.7) 1.0 (1.8) 1.1 (1.8) 1.2 (1.8) 1.2 (1.8)
30 V 0.2 (1.7) 1.0 (1.8) 1.1 (1.8) 1.2 (1.8) 1.2 (1.8)

Table 5.3: Measured gain of the dual-band tunable antenna at first (second) bands
of operation as a function of varactor bias voltages. All values are in dBi.

at the first and second bands respectively.

5.3 Conclusions

A new technique for designing dual-band reconfigurable slot antennas is proposed.

The technique is successfully applied to design a dual-band slot antenna with con-

sistent radiation patterns at both bands and over the entire frequency range of the

antenna. Measurement results of the antenna indicate that its frequency ratio can

assume any value in the range of 1.3 ≤ fR ≤ 2.67 by changing the DC bias volt-

ages of its two varactors in the range of 0.5 V≤ V1, V2 ≤ 30 V. Furthermore, good

simultaneous impedance match is observed at both bands of operation for the entire

range of bias voltages, low levels of cross-polarized radiation is observed, and the

radiation patterns of each band remain practically unchanged as the DC bias voltage

is changed.
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CHAPTER 6

Improved Wire and Loop Slot Antennas

Loop and dipole antennas are perhaps the most used and well known radiating

elements whose characteristics have been extensively studied for many decades [56,

107]. Numerous analytical studies on loop antennas of different shapes have been

performed by various researchers. Radiated fields of thin circular and elliptical wire

loops are derived in [108] and closed form expressions for the fields of a rectangular

wire loop are given in [109]. Furthermore, the radiation characteristics of a wire

loop antenna printed on a dielectric substrate is theoretically studied in [110]. The

complementary structure of a wire loop antenna is a slot loop antenna, which has also

been comprehensively studied by various researchers. For example, an annular slot

antenna printed on a dielectric half-space is studied in [111] and the performance of a

cavity backed annular slot antenna is reported in [112]. All these studies confirm that

the annular strip or slot antennas, in their basic form, behave similar to a narrow-

band resonant antenna. In order to enhance the bandwidth of loop antennas, different

structural variations of the standard loop have been proposed in the past. Wideband

and multi-band characteristics of a multi-turn printed loop antenna above a ground

plane are presented in [113] and a wideband printed elliptical loop antenna is proposed

in [114]. New feeding mechanisms for annular slot antennas are also used in [115, 116,

117] to enhance the bandwidth or to achieve multi-frequency behavior. However, the
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success of these methods in bandwidth improvements is somewhat limited. That is,

in most cases, the maximum percentage bandwidth reported is about 20% [113, 114,

115, 116].

In this chapter, we propose a different technique for substantially enhancing the

bandwidth of loop antennas without increasing the dimensions of the antenna. This

technique can be equally applied to design wideband annular strip and annular slot

antennas using a single topology. Furthermore, for this new loop antenna topology,

two very simple feeding and matching mechanisms are also presented. These feeding

mechanisms allow for simple integration of the antenna with the rest of the RF front

end, which is highly desirable in commercial wireless applications. The modified

topology is obtained by creating additional paths for the electric or magnetic current

(depending on wire or slot configuration) within the loop structure. The additional

path, naturally, allows for creation of resonances at higher frequencies and balances

the stored electric and magnetic energy over a wider bandwidth as is discussed in

more detail later. In what follows, the design of the bi-semicircular slot and strip

antennas are presented in Sections 6.1 and 6.2, respectively. In each section, first a

parametric study is performed to obtain the optimum geometrical parameters, that

result in the maximum possible bandwidth, for each antenna. Then, prototypes of

the strip and slot bi-semicircular antennas are fabricated and detailed measurement

results are presented and discussed.

6.1 The Bi-Semicircular Slot Antenna

The first resonance of a wire ring antenna occurs when the loop circumference

(C) is about one wavelength. The bandwidth of a loop antenna is a function of the

wire diameter and slightly increases as this diameter increases. Similarly for ring

slots, the first resonance occurs for C ≈ λ and the antenna bandwidth increases with

104



Rav

t1

Lm

Microstrip Feed

Slot Antenna

Lg

W
g

x
y

Rav

t1

Lm

Microstrip Feed

Slot Antenna

Lg

W
g

x
y

Figure 6.1: Geometry of a microstrip-fed annular slot antenna.

increase in the slot width. The geometry of such an antenna fed by an open-ended

microstrip line is shown in Figure 6.1. The length of the open circuited line, Lm,

can be adjusted to compensate for the input reactance of the antenna and obtain a

good match to the line impedance (in this case 50 Ω). A ring slot with an average

radius of Rav = 12.5 mm and slot width of t1 = 1 mm is fabricated on a 0.5 mm

thick substrate with a dielectric constant of 3.4 (RO4350B from Rogers Corp.). The

measured and simulated S11 of this antenna are shown in Figure 6.2. It is shown

that the standard slot loop antenna provides a −10 dB bandwidth of about 6%. A

number of full-wave simulations are performed to study the effect of the slot width,

t1, on the bandwidth of this antenna using a commercially available EM simulation

software [82]. Figure 6.2 shows that as t1 is increased, the antenna bandwidth also

increases. However, because of the circular topology of the antenna, t1 cannot assume

very large values. Furthermore, increasing the slot width creates larger levels of cross
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Figure 6.2: Simulated and measured S11 of the narrow-band annular slot antenna
shown in Figure 6.1 for Rav = 12.5 mm, t1 = 1 mm, and Lm = 6 mm.

polarized radiation. Thus, to improve the antenna bandwidth, a different approach is

sought without the need for significantly increasing the slot width or the overall area

occupied by the antenna.

Bandwidth enhancement can be accomplished by modifying the topology of the

ring slot antenna as shown in Figure 6.3. The basic premise behind the proposed

topology is that creating an additional path for the magnetic current allows for cre-

ation of other resonant paths within the loop structure. The new antenna is composed

of two semi-circular loops and is fed by an open-ended microstrip line. Similar to the

previous case, the length of the open stub, Lm, can be adjusted to match the an-

tenna to 50 Ω. This antenna is shown to have a much larger bandwidth than that

of the traditional annular ring slot. The bandwidth of this antenna is not only a

function of t1 but also a function of the width of the chord slot, t2. In order to

find the optimum values of the geometrical parameters for this antenna, it is nec-

essary to perform a parametric study to determine the combination of geometrical

parameters (t1, t2) that result in the maximum bandwidth for a given antenna. This
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Figure 6.3: Geometry of the bi-semicircular slot antenna.

is done for a slot ring antenna with an average radius of Rav = 12.5 mm, printed

on a 0.5 mm thick substrate having εr = 3.4 and loss tangent of tan δ = 0.003. A

number of antennas with fixed average radii and different slot width values (t1 and

t2) are simulated and each antenna is matched to a 50 Ω line by tuning Lm. The

impedance bandwidths (VSWR < 2) of these antennas are calculated from full-wave

simulations and presented in Figure 6.4. Observe that the bandwidth of the antenna

is significantly increased even for relatively narrow t1 and t2 values. The maximum

bandwidth for this structure is achieved for t1 = t2 = 2 mm. As a proof of prin-

ciple, a bi-semicircular ring with Rav = 12.5 mm, t1 = 1 mm, and t2 = 1.4 mm is

designed and fabricated on the same RO4350B substrate with a ground plane size of

Lg × Wg = 12 cm × 10 cm. Figure 6.5 shows the simulated and measured S11 for this

antenna. The simulations are performed for two different cases. In the first case, the

microstrip feed is perfectly symmetric with respect to the antenna’s axis of symmetry
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(y axis) and in the second case the feed is offset by 1 mm from the axis of symme-

try. The response of the antenna appears to be sensitive to the feed location and,

as the measurement results show, the actual antenna response is very similar to the

simulation results of the off-centered feed. This is the result of alignment errors that

are caused during the fabrication process. Nevertheless, the antenna shows a VSWR

smaller than 2 over a bandwidth from 3.35 GHz to 5.35 GHz or equivalently 46%

fractional bandwidth. This result is in excellent agreement with the data presented

in Figure 6.4. The achieved bandwidth is 7.6 times larger than the 6% bandwidth

of the original annular ring slot having the same occupied area. The discrepancies

that are observed between the measurement and simulation results can be attributed

to the finite size of the antenna’s ground plane, which is considered to be infinitely

large in the simulations. This way, the equivalence principle can be invoked to model

the slot antenna with its equivalent magnetic current distribution over the aperture

as opposed to modeling the electric current that flows in the ground plane of the

slot in obtaining the MoM solution to the problem. This will significantly reduce the

memory requirements and will speed up the simulation and full-wave optimization of

the structure at the expense of accuracy.

The radiation patterns of the bi-semicircular slot antenna are measured at four

different frequencies across its band of operation and are presented in Figures 6.6

and 6.7. Since the antenna radiates almost symmetrically in the upper and lower half

spaces, the patterns are only displayed for a single half-space (z > 0) and the patterns

at lower half-space are similar to those at the upper half-space. Figure 6.6 shows the

co- and cross-polarized E-Plane (y-z plane, assuming the antenna is in the x-y plane)

radiation pattern of the antenna. It is shown that the radiation patterns as well as

the direction of maximum radiation remain consistent as frequency increases. Fur-

thermore, low levels of cross-polarized radiation are observed in this plane. Figure 6.7

shows the measured H-Plane (x-z plane) radiation patterns. Similar to the previous
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Figure 6.4: The simulated bandwidth values of the bi-semicircular slot antenna as a
function of the antenna’s geometrical parameters, t1 and t2, for an antenna
with Rav = 12.5 mm printed on a 0.5 mm thick substrate with εr = 3.4
and tan δ = 0.003.

Figure 6.5: Measured and simulated S11 of the bi-semicircular slot antenna shown
in Figure 6.3 with Rav = 12.5 mm, t1 = 2 mm, t2 = 1.4 mm, and
Lm = 6 mm.
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Figure 6.6: Measured E-Plane co- and cross-polarized radiation patterns of the bi-
semicircular slot antenna shown in Figure 6.3. ‘solid’: 3.5 GHz, ‘dashed’:
4 GHz, ‘dash dot’: 4.5 GHz, and ‘dash dot-dot’: 5 GHz.

case, the H-plane patterns also remain consistent across the entire band of the an-

tenna. The gain of the antenna is measured using a double-ridged horn as a reference

and is given in Figure 6.8 along with the calculated directivity. The efficiency of the

antenna is calculated using the measured gain and calculated directivity values and

is also presented in Figure 6.8.

6.2 The Bi-Semicircular Strip Antenna

In this section, we investigate the possibility of using the bi-semicircular loop

topology in enhancing the bandwidth of printed-wire loop antennas and study the

performance and radiation characteristics of such bi-semicircular strip antennas. Pro-

vided that no dielectric substrate is present, the bi-semicircular strip and slot antennas

are complementary structures of one another. Therefore, it is expected that the bi-

semicircular strip antenna would present a similar wideband operation. The optimum
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Figure 6.7: Measured H-Plane co- and cross-polarized radiation patterns of the bi-
semicircular slot antenna shown in Figure6.3. ‘solid’: 3.5 GHz, ‘dashed’:
4 GHz, ‘dash dot’: 4.5 GHz, and ‘dash dot-dot’: 5 GHz.
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Figure 6.8: Measured gain and calculated directivity of the bi-semicircular slot an-
tenna.
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Figure 6.9: Geometry of the bi-semicircular printed wire (strip) antenna.

geometrical parameters of this antenna, however, will not be the same as those of its

slot counterpart. This is a consequence of Babinet’s principle, which mandates that

ZsZw = Z2
0/4, where Zs and Zw are respectively the impedances of the complemen-

tary slot and wire structures and Z0 = 377 Ω, and the fact that the antennas are

matched to a 50 Ω line. Thus, it is necessary to perform another sensitivity analysis

to determine the optimum geometrical parameters of the antenna that maximize its

bandwidth. The topology of the bi-semicircular strip antenna is shown in Figure

6.9, where the antenna is fed with a balanced coplanar strip line with length Ls and

impedance of Zs that is connected to a 50 Ω coplanar strip line. Similar to tuning

Lm in Section 6.1, Ls can be tuned to match the input impedance of the antenna to

50 Ω.

The bandwidth of the antenna is a function of its geometrical parameters t1 and

t2, as shown in Figure 6.9. A number of full-wave simulations are performed using

IE3D on an antenna with an average radius of Rav = 12.5 mm printed on a 0.5 mm

thick RO4350B substrate. A matching network composed of a transmission line with
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Figure 6.10: Simulated bandwidth of the bi-semicircular wire (strip) antenna as a
function of its geometrical parameters, t1 and t2 (Rav = 12.5 mm).

a fixed characteristics impedance of Zs = 177 Ω and variable length of Ls is used

to match the input impedance of the antenna to the line impedance. In each case

the antenna is matched to a 50 Ω line only by changing Ls. Then the fractional

bandwidth of the antenna, over which the VSWR is smaller than 2, is calculated and

presented in Figure 6.10. It is seen that a maximum bandwidth of 45% is achieved

for t1 = 2 mm and t2 = 0.2 mm. The antenna of Figure 6.9 requires a balanced feed

and cannot simply be fed with a coaxial line without using a BALUN. In order to

avoid using a BALUN, we can use half of the structure above a ground plane and

feed the antenna using a probe. This is shown in Figure 6.11 where instead of using

a 50 Ω coplanar strip line after the matching section, a probe is used to feed the

antenna. This both reduces the overall dimensions of the antenna and eliminates the

need for using a BALUN. As a proof of concept, a bi-semicircular strip antenna with

t1 = 2 mm and t2 = 0.4 mm is designed and fabricated on a 3.5 cm × 1.5 cm, 0.5 mm

thick RO4350B substrate with εr = 3.4. The antenna is matched to 50 Ω by using a
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Figure 6.11: Topology of the bi-semicircular strip antenna over a ground plane, which
is fed by a coaxial line.

coplanar strip transmission line with Zs = 177 Ω and Ls = 6 mm and is mounted on

a 30 cm × 30 cm ground plane.

The input reflection coefficient (S11) of the antenna is measured using a calibrated

vector network analyzer and is presented in Figure 6.12. The simulated S11 of the

coplanar-strip fed version of this antenna, which is printed on an infinite RO4350B

substrate, is also presented in Figure 6.12. Comparison of the two curves shows a

relatively good general agreement. The discrepancies between the two curves can

mostly be attributed to the fact that the simulation result is the response of the

antenna shown in Figure 6.9, where a balanced coplanar strip line is used to feed the

antenna. On the other hand, the measurement result is the response of the antenna

shown in Figure 6.11, where the structure has a finite size ground plane and is fed using

a coaxial probe. More accurate simulation results can be obtained by using FDTD-

or FEM-based simulation tools to accurately model the effects of the finite ground

plane and probe feed at the expense of increase in computational complexity and

simulation time. However, given the fact that the ground plane size of this antenna

is electrically large, modeling the actual antenna structure with a finite size ground

plane (shown in Figure 6.11) is computationally intensive. Moreover, optimizing the
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Figure 6.12: Simulated and measured input reflection coefficients of bi-semicircular
strip antenna shown in Figure 6.11 with Rav = 12.5 mm, t1 = 2 mm,
t2 = 0.4 mm, and Ls = 6 mm.

geometrical parameters of such an antenna using full-wave simulations becomes even

more computationally intensive and is not as efficient as modeling the simpler but

equivalent structure shown in Figure 6.9. The radiation patterns of the antenna are

measured in the anechoic chamber of the University of Michigan at three different

planes of radiation and three discrete frequencies and are presented in Figures 6.13,

6.14, and 6.15. Figure 6.13 shows the measured co- and cross-polarized patterns of the

antenna in the azimuth plane at 4 GHz, 5 GHz, and 6 GHz. The radiation patterns in

two elevation planes are also measured. Figure 6.14 shows the measured patterns in

the x-z plane, which contains the antenna. In this figure, no symmetry in the patterns

is observed. This is not unexpected, since the structure is fed from one end and hence,

it is not symmetric in this plane. Figure 6.15 shows the measured radiation patterns

in the y-z plane. From these figures, it is observed that the radiation patterns remain

consistent as frequency is varied. The maximum gain of the antenna at each principal

plane of radiation (x-y, x-z, and y-z planes) is measured using a double-ridged horn
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X-Y Plane X-Z Plane Y-Z Plane
Frequency G [dBi] D [dBi] G [dBi] D [dBi] G [dBi] D [dBi] ηav

4 GHz -1.6 -1.2 2.1 2.6 2.3 2.5 92%
5 GHz 0.8 1.0 2.3 2.5 4.6 5.0 86%
6 GHz 0.8 1.0 1.9 2.0 6.0 6.4 84%

Table 6.1: Measured gain and simulated directivity values of the bi-semicircular strip
antenna of Section 6.2 at three principal planes of radiation and three
different frequencies.

as a reference and is presented in Table 6.1. Further, the directivity of the antenna,

at the direction of maximum radiation in each principal plane, is calculated and

presented in Table 6.1. The measured gain and calculated directivity values are used

to calculate the average antenna efficiency at each frequency and the results are also

presented in Table 6.1.

6.3 Conclusions

A technique for systematically improving the bandwidth of annular loop antennas

is presented. The technique can equally be applied to design both wideband annu-

lar strip and slot antennas. In each case, a simple feeding network and matching

technique is used, which facilitates the integration of the antenna to the rest of the

RF front end. Measured results of the fabricated prototypes of the wideband bi-

semicircular strip and slot antennas demonstrate a very large bandwidth over which

the antennas have consistent radiation patterns, low cross polarized radiation, and

high efficiency values.
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Figure 6.13: Measured radiation patterns of the bi-semicircular strip antenna in the
azimuth plane (x-y plane) at a) 4 GHz, b) 5 GHz, and c) 6 GHz. ‘solid
line’: Co-Pol, ‘dash-dotted line’: Cross-Pol.
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Figure 6.14: Measured radiation patterns of the bi-semicircular strip antenna of in
the elevation plane (x-z plane) at a) 4 GHz, b) 5 GHz, and c) 6 GHz.
‘solid line’: Co-Pol, ‘dash-dotted line’: Cross-Pol.
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Figure 6.15: Measured radiation patterns of the bi-semicircular strip antenna of in
the elevation plane (y-z plane) at a) 4 GHz, b) 5 GHz, and c) 6 GHz.
‘solid line’: Co-Pol, ‘dash-dotted line’: Cross-Pol.
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CHAPTER 7

A Compact Ultra Wideband Antenna

A few decades after the early investigations on ultra-wideband (UWB) wireless

systems, they have found a wide range of applications including ground penetrat-

ing radars, high data rate short range wireless local area networks, communication

systems for military, and UWB short pulse radars for automotive and robotics ap-

plications to name a few. Such systems require antennas that are able to operate

across a very large bandwidth with consistent polarization and radiation patterns

parameters over the entire band. A number of techniques have been developed in the

past to design antennas with wideband impedance matched characteristics. Travel-

ing wave antennas and antennas with topologies that are invariant by rotation are

inherently wideband and have been extensively used [56, 57, 62]. Self complementary

concept [65] is another method that can provide a constant input impedance irre-

spective of frequency, provided that the size of the ground plane for the slot segment

of the antenna is large and an appropriate self-complementary feed can also be de-

signed. Theoretically, the input impedance of self-complementary antennas is 186 Ω

and cannot be directly matched to standard transmission lines. Another drawback of

self-complementary structures is that they cannot be printed on a dielectric substrate,

since the dielectric constant of the substrate perturbs the self-complementary condi-

tion. Another technique for designing wideband antennas is to use multi-resonant
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radiating structures. Log-periodic antennas, microstrip patches with parasitic ele-

ments, and slotted microstrip antennas for broadband and dual-band applications

are examples of this category [21, 28, 56, 66, 118].

The electric dipole and monopole above a ground plane are perhaps the most

basic types of antennas available. Variations of these antennas have recently been

introduced for obtaining considerably larger bandwidths than the traditional de-

signs [72, 73, 74]. Impedance bandwidth characteristics of circular and elliptical

monopole plate antennas are examined in [72]. Wideband characteristics of rect-

angular and square monopole antennas are studied in [74] and a dielectric loaded

wideband monopole is investigated in [73]. A drawback of these types of antennas

is that the antenna polarization as a function of frequency changes. In this chapter,

a new type of single-element wideband antenna is proposed that can provide wider

bandwidth and consistent polarization over the frequency range that the antenna is

impedance matched. The antenna is composed of two parallel coupled sectorial loop

antennas (CSLA) that are connected along an axis of symmetry. The geometrical

parameters of this antenna are experimentally optimized and it is shown that the an-

tenna can easily provide a wideband impedance match over an 8.5:1 frequency range.

The gain and radiation patterns across the frequency range of operation remain al-

most constant particularly over the first two octaves of its return loss bandwidth. The

antenna geometry is then modified in order to reduce its size and weight without com-

promising its bandwidth. This helps fabrication and installation of the antenna when

used for lower frequency applications such as ground penetrating radars or broadcast

television, where the physical size of the antenna is large.

In what follows, first the principle of operation of the CSLA is introduced, then

the design and experimental optimization of the geometrical parameters of the CSLA

is presented. Finally, the geometry of this optimized CSLA is modified to reduce the

height, weight, and overall metallic surface of the antenna and two modified CSLAs
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Figure 7.1: Topology of a sectorial loop antenna (a) and a coupled sectorial antenna
(b) and (c).

are introduced and the radiation parameters of the optimized antennas across their

entire bands of operation are presented and discussed.

7.1 Coupled Sectorial Antenna

7.1.1 Principle of Operation

The topology of a Sectorial Loop Antenna (SLA) composed of an arch and two

sectors is shown in Figure 7.1(a). The input impedance of this relatively narrow band

antenna, Zs, is a function of three geometrical parameters, Rin, Rout, and α. Such

loop antennas, similar to a circular loop, present a strong anti-resonance (also called

parallel-resonance) when the antenna circumference is about C ≈ 0.5λ. In other

words, the equivalent circuit of the antenna is a high-Q parallel RLC and hence, Zs is
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inductive immediately below and capacitive immediately above this anti-resonance.

For C > 0.5λ, other anti-resonances are not very sharp (equivalent circuits are low

Q parallel RLC) and the variations of the input reactance are not very large. If

these variations are minimized, the antenna bandwidth can be increased significantly.

One way of controlling the input impedance is by connecting two identical antennas in

parallel and controlling the mutual coupling between them. Here, this is accomplished

by connecting two identical SLAs in parallel as shown in Figure 7.1(b). In this case,

because of the symmetry, the input currents I1 and I2 are equal but the direction of

magnetic field of loop # 1 (Antenna #1) is opposite to that of loop #2 (Antenna #2)

and therefore, the magnetic flux of the two loops link strongly, giving rise to a strong

mutual coupling. The geometrical parameters can be varied to control the mutual

coupling as a function of frequency. For the two-port system of antennas shown in

Figure 7.1(b), the following equations can be written:





V1 = Z11I1 + Z12I2

V2 = Z21I1 + Z22I2

where, V1, I1, V2, and I2 are the voltages and currents at the input ports of Antenna #1

and Antenna #2 respectively (see Figure 7.1(b)). Z11 (Z22) is the input impedance of

Antenna #1 (Antenna #2) in the presence of Antenna #2 (Antenna #1) and when

it is open circuited. Z21 and Z12 represent the mutual coupling between the two

antennas. In this case, reciprocity mandates that Z12 = Z21 and symmetry requires

that Z11 = Z22. When the two antennas are connected in parallel and fed with a

single source, as is shown in Figure 7.1(c), we will have V1 = V2 and as a consequence

of symmetry I1 = I2 = I. The input impedance of the antenna can then be obtained

from:

Zin =
1

2
(Z11 + Z12) (1)
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In order to achieve a wideband operation, spectral variations of Z11 and Z12 must

counteract each other. That is, when the real (imaginary) part of Z11 increases with

frequency, the real (imaginary) part of Z12 should decrease so that their average re-

mains constant. This can be accomplished by optimizing the geometrical parameters

of the antenna. Here, Z11 and Z12 are obtained by calculating the input and mutual

impedances of two adjacent SLA (as shown in Figure 7.1(c)) using full-wave FDTD

simulations. Figure 7.2 shows the real and imaginary parts of Z11 and Z12 for two ad-

jacent SLAs, e.g. Antenna #1 in Figure 7.1(b), with Rin = 13 mm and Rout = 14 mm

for different values of α when they are placed at a distance of d = 0.01λmax apart

(λmax is the wavelength at lowest frequency of operation). It is seen that as α in-

creases, the variations in the imaginary parts of Z11 and Z12 counteract each other and

a relatively constant input impedance is achieved. This suggests that the bandwidth

of the antenna may be enhanced by choosing an α value in the range of 40◦ ≤ α ≤ 80◦.

In the next sub-section, an experimental approach is followed to find the optimum

value for α that provides the largest bandwidth.

7.1.2 Sensitivity Analysis

An experimental sensitivity analysis is carried out to determine the optimum geo-

metrical parameters of the proposed CSLA. The antenna is composed of two sectorial

loops connected in parallel along the axis of symmetry (z-axis) as shown in Fig-

ure 7.1(a). The three parameters that affect the antenna response are the inner and

outer radii of the loop, Rin and Rout, and the angle α as shown in Figure 7.1. The

lowest frequency of operation is determined by the overall effective circumference of

each sectorial loop as expressed by the following approximate formula:

fl =
2c

(π − α + 2)
√

εeff (Rin + Rout)
(2)
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Figure 7.2: Self and mutual impedances of two SLAs that are d=0.01λ0 apart. Thick
solid line: Self impedance, Thin solid line: Mutual Impedance Dashed
line: Input impedance as defined by (4). (a, c, e, g, i) Real part for
α = 5◦, 20◦, 40◦, 60◦, 80◦ respectively and (b, d, f, h, k) Imaginary part for
α = 5◦, 20◦, 40◦, 60◦, 80◦ respectively.
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where εeff is the effective dielectric constant of the antenna’s surrounding medium,

c is the speed of light, and Rin, Rout, and α are the geometrical parameters of the

antenna. Choosing the lowest frequency of operation, the average radius of the loop,

Rav = (Rin + Rout)/2, can be determined from (2). Therefore the parameters that

remain to be optimized are α and τ = (Rout −Rin). In order to obtain the optimum

value of α, nine different antennas with α values ranging from 5◦ up to 80◦ with

Rin = 13 mm and Rout = 14 mm were fabricated and their S11 as a function of

frequency were measured. Since the antenna topology shown in Figure 7.1 needs a

balanced feed, half of the antenna along the plane of zero potential (z=0) over a

ground plane fed by a coaxial cable is used. In order to circumvent the fabrication

process, the antennas are fabricated using printed circuit technology and printed on

a 3 cm × 1.5 cm thin dielectric substrate with a dielectric constant of εr = 3.4 and

thickness of 500 µm and are mounted on a 10 cm × 10 cm ground plane. For brevity,

only measured S11 values for α = 5◦, 20◦, 40◦, 60◦, 80◦ are presented in Figure 7.3(a).

It is shown that as α increases from 5◦ to 90◦, the impedance bandwidth increases and

reaches its maximum at α = 60◦, at which an impedance bandwidth ranging from 3.7

GHz to 10 GHz is achieved. The next step in the experimental optimization of the

geometrical parameters of CSLA is to find the optimum value of the arch thickness,

τ . This is done by fabricating antennas with α = 60◦, Rav = 13.5 mm, and three

different arch thicknesses of τ = 0.4, 1.0, and 1.6 mm. The measured S11 of these

antennas are shown in Figure 7.3(b). It is observed that thinner arch thicknesses

provide a wider bandwidth. For the thinnest value of τ = 0.4 mm, an antenna with

an operating band from 3.7 GHz to 11.6 GHz is obtained.

7.1.3 Radiation Parameters

In the previous section, the optimum geometrical parameters of the antenna were

experimentally obtained. Based on this process, a CSLA with Rin = 27.8 mm,
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(a) (b)

Figure 7.3: Measured S11 values of a number of CSLAs used in the experimental
optimization process. (a) Rin = 13 mm , Rout = 14 mm, and different
α values. (b) Rav = 13.5 mm, α = 60o, and different τ values (τ =
Rout −Rin).

Rout = 28 mm, and α = 60◦ is fabricated, on a 6 cm × 3 cm substrate with εr = 3.4

and a thickness of 0.5 mm, and mounted on a 20 cm × 20 cm ground plane. The

dimensions are increased to lower the lowest and highest frequencies of operation and

simplify the radiation pattern measurements. The antenna has a VSWR of lower

than 2.2 from 1.78 GHz to 14.5 GHz (see Figure 7.9), which is equivalent to an 8.5:1

impedance bandwidth. The radiation patterns of the antenna are measured across the

entire frequency band and are presented in Figures 7.4, 7.5, and 7.6. Figure 7.4 shows

the far-field co- and cross polarized (Eθ, Eφ) radiation patterns in the azimuth plane

(x-y plane) for φ = 0◦ to 360◦. It is shown that the radiation patterns remain similar

up to about f = 8 GHz. As the frequency increases beyond 8 GHz, however, the

radiation patterns start to change and show higher directivities in other directions.

The radiation patterns in the elevation planes are also measured for two principal

planes at (φ = 0◦, 180◦, 0◦ ≤ θ ≤ 180◦) and (φ = 90◦, 270◦, 0◦ ≤ θ ≤ 180◦), and are

presented in Figures 7.5 and 7.6 respectively. As frequency increases, the electrical

dimensions of the antenna increase and as a result, the number of lobes increases.

Also, the number of minor side lobes in the back of the ground plane (90◦ ≤ θ ≤ 180◦)
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2 GHz 4 GHz 6 GHz 8 GHz
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2 GHz 4 GHz 6 GHz 8 GHz

10 GHz 12 GHz 14 GHz 16 GHz

Figure 7.4: Measured radiation patterns of the CSLA in Section 7.1 in the azimuth
plane. The solid line is co-pol (Eθ) and the dash-dotted line is the cross-
pol (Eφ) components.

2 GHz 4 GHz 6 GHz 8 GHz

10 GHz 12 GHz 14 GHz 16 GHz

Figure 7.5: Measured radiation patterns of the CSLA of Section 7.1 in the elevation
plane (φ = 0◦, 180◦, 0◦ ≤ θ ≤ 180◦). The solid line is co-pol (Eθ) and the
dash-dotted line is the cross-pol (Eφ) components.
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Figure 7.6: Measured radiation patterns of the CSLA of Section 7.1 in the elevation
plane (φ = 90◦, 270◦, 0◦ ≤ θ ≤ 180◦). The solid line is co-pol (Eθ) and
the dash-dotted line is the cross-pol (Eφ) components.

increases significantly. This is caused by diffractions from the edge of the ground

plane, which has very large electrical dimensions at higher frequencies. At lower

frequencies, the radiation patterns are symmetric; however, as frequency increases, the

symmetry is not observed very well. This is caused by the presence of the coaxial cable

that feeds the antenna and disturbs the symmetry of the measurement setup. Since

the cable is electrically large at higher frequencies, a more pronounced asymmetry

on the radiation patterns are observed at higher frequencies. In all the measured

radiation patterns, the cross polarization level (Eφ) is shown to be negligible. This is

an indication of good polarization purity across the entire frequency band.

7.2 Modified CSLAs

In this section, we examine the possibilities of further reducing the size and weight

of the CSLA by modifying its geometry. The Coupled Sectorial Loop Antenna demon-
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θ=30° θ=30°

Figure 7.7: Electric current distribution across the surface of the CSLA of Section 7.1
at four different frequencies.

strated in the previous section was optimized to achieve the highest bandwidth allow-

ing variation of only two independent parameters. Size reduction is very important

for applications where the wavelength is large such as ground penetrating radars or

VHF broadcast antennas. To examine ways to reduce the weight and size of the

antenna, the current distribution over the metallic surfaces of the antenna is studied.

The electric currents on the antenna surface is computed using a full-wave simulation

tool based on the Method of Moments (MoM). The magnitude of the electric current

on the surface of the antenna is shown in Figure 7.7 at four different frequencies.

It is noticed that the current magnitude is very small over a sector in the range of

0◦ ≤ θ ≤ 30◦. This suggests that this sector of the antenna can be removed without

significantly disturbing the CSLA’s current distribution. This modification results in

a design shown in Figure 7.8(a) and, because of its similarity to the letter “M”, this

antenna will be referred to as M1-CSLA. Applying the same approach to M1-CSLA
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Figure 7.8: Topology of the modified CSLAs of Section 7.2. (a) M1 CSLA. (b) M2-
CSLA.

Antenna Type Frequency Range BW Highest VSWR
Original CSLA 1.7 GHz - 14.5 GHz 8.50:1 2.2

M1-CSLA 2.0 GHz -14.7 GHz 7.35:1 2.2
M2-CSLA 2.05 GHz - 15.3 GHz 7.46:1 2.2

Table 7.1: Bandwidths of original, M1-, and M2-CSLAs.

and examining the current distribution reveals that the electric current density is

larger around the edges at θ = 30◦, 60◦ and has lower values in the area between

(30◦ < θ < 60◦, φ = 0◦, 180◦). Therefore, two other pie-slice sections of the antenna,

which are confined in the ranges 40◦ < θ < 50◦ for φ = 0◦ and 180◦, can be removed

to obtain the antenna shown in Figure 7.8(b). For obvious reasons, this antenna is

called M2-CSLA. Prototypes of M1- and M2-CSLA with α = 60◦, Rin = 27.8 mm

and Rout = 28 mm are fabricated on a thin substrate with thickness of 0.5 mm and

dielectric constant of 3.4 and are mounted on a 20 cm × 20 cm square ground plane.

The measured input reflection coefficients of these two antennas are given in Fig-

ure 7.9 along with the S11 of the original CSLA with the same dimensions. It is seen

that all of the antennas have VSWRs lower than 2.2 in a very large frequency band as

shown in Table 7.1. The best input match is, however, observed for M2-CSLA with

a VSWR lower than 2 across its entire band of operation.
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Figure 7.9: Measured S11 values of the original CSLA of Section 7.1 and M1- and
M2-CSLAs of Section 7.2.

The radiation patterns of M2-CSLA are measured at three different planes at

eight discrete frequency points and are presented in Figures 7.10, 7.11, and 7.12. The

co-polarized, Eθ, and cross-polarized, Eφ, far-field radiation patterns in the azimuth

plane are shown in Figure 7.10 and are observed to be similar to those of the original

CSLA. The elevation patterns at two different planes (φ = 0◦, 180◦, 0◦ ≤ θ ≤ 180◦)

and (φ = 90◦, 270◦, 0◦ ≤ θ ≤ 180◦) are measured and reported in Figures 7.11 and

7.12. It is observed that, similar to the original CSLA, the minor side lobe levels

increase with frequency.

The gains of the three CSLAs are measured in the anechoic chamber of the Uni-

versity of Michigan in the frequency range of f = 2 GHz-16 GHz using a double-ridge

standard horn reference antenna and are presented in Figure 7.13. The gain of the

antennas are measured at φ = 90◦, θ = 90◦. As frequency increases, the electrical

dimensions of the antenna increase and therefore, the antenna gain should increase.

However, as is observed from Figure 7.13, the antenna gain decreases as frequency

increases from 6 GHz up to 10 GHz. This is a consequence of the change in the

direction of maximum radiation in the azimuth plane as is observed from Figures 7.4
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2 GHz 4 GHz 6 GHz 8 GHz

10 GHz 12 GHz 14 GHz 16 GHz

2 GHz 4 GHz 6 GHz 8 GHz

10 GHz 12 GHz 14 GHz 16 GHz

Figure 7.10: Measured radiation patterns of M2-CSLA in Section 7.2 in the azimuth
plane. The solid line is co-pol (Eθ) and the dash-dotted line is the cross-
pol (Eφ) components.

2 GHz 4 GHz 6 GHz 8 GHz

10 GHz 12 GHz 14 GHz 16 GHz

2 GHz 4 GHz 6 GHz 8 GHz

10 GHz 12 GHz 14 GHz 16 GHz

Figure 7.11: Measured radiation patterns of M2-CSLA of Section 7.2 in the elevation
plane (φ = 0◦, 180◦, 0◦ ≤ θ ≤ 180◦). The solid line is co-pol (Eθ) and
the dash-dotted line is the cross-pol (Eφ) components.
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10 GHz 12 GHz 14 GHz 16 GHz

Figure 7.12: Measured radiation patterns of M2-CSLA of Section 7.2 in the elevation
plane (φ = 90◦, 270◦, 0◦ ≤ θ ≤ 180◦). The solid line is co-pol (Eθ) and
the dash-dotted line is the cross-pol (Eφ) components.

and 7.10.

7.3 Time Domain Measurements

As shown in the previous section, the proposed antennas, and particularly M2-

CSLA, present a very wide bandwidth. However, having a wideband frequency-

domain response does not necessarily ensure that the antenna behaves well in the

time domain as well; that is, a narrow time-domain pulse is not widened by the

antenna. Some multi-resonant wideband antennas, such as log-periodic antennas,

due to multiple reflections within the antenna structure, widen a narrow pulse in

time domain. Therefore, in order to ensure the usefulness of the proposed antenna

for time-domain applications, the time-domain responses of the antennas must also

be examined. The time-domain reflection coefficients of the CSLAs are measured

using the time-domain capabilities of an HP8720B network analyzer. The network
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Figure 7.13: Measured gain of the original CSLA of Section 7.1 and M1- and M2-
CSLAs of Section 7.2. The gains are measured in the azimuth plane at
(φ = 90◦, θ = 90◦).

analyzer calculates the time-domain response by measuring the wideband frequency-

domain response (in this case in the 2-12 GHz band) and calculating its inverse

Fourier transform to obtain an approximation of the impulse response of the network.

Figure 7.14 shows the time-domain variations of the reflection coefficients, |Γ|, of these

three antennas in logarithmic scale. It is observed that all of the antennas have a

reflection at t = 0 ns, which corresponds to the discontinuity at the plane of calibration

(input of the SMA connector). The peak reflection at t = 80 ps corresponds to the

probe-antenna transition. M2-CSLA shows stronger small reflections, which is a

consequence of the larger number of discontinuities in its structure.

In addition to the input reflection coefficient, the time-domain impulse responses of

a system that contains two identical CSLAs (Original CSLA, M1-CSLA, or M2-CSLA)

are also measured. The measurement setup is shown in Figure 7.15. The antennas

are placed 30 cm apart and parallel to each other inside an anechoic chamber. The

normalized time-domain impulse response of this system is measured and presented

in Figure 7.16 along with the time-domain impulse response of a coaxial cable with

the same electrical length as a reference. It can be seen that the multiple small peaks
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Figure 7.14: Time-domain reflection coefficients, |Γ|, of the original CSLA of Sec-
tion 7.1 and M1- and M2-CSLAs of Section 7.2.

Vector Network Analyzer

d

Vector Network Analyzer

d

Figure 7.15: The setup used for measuring the time-domain impulse responses of
three different CSLAs.
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Figure 7.16: Time-domain impulse response of the system consisting two identical
CSLAs as shown in Figure 7.15.

that come after the main peak are at least 30 dB lower in magnitude than the main

peak. It is also observed that the original CSLA and M1-CSLA have a response that

is closer to that of the coaxial cable (which ideally should be a delta function) than is

the impulse response of M2-CSLA. The time-domain impulse response of M2-CSLA

is more distorted and has stronger multiple reflections, which are caused by the larger

number of discontinuities in its structure.

7.4 Conclusions

A novel ultra-wideband coupled sectorial loop antenna is designed and is shown

to have a 8.5:1 impedance bandwidth. The antenna has consistent radiation param-

eters over a 4.5:1 frequency range with excellent polarization purity over the entire

8.5:1 frequency range. Modified versions of this antenna, with reduced metallic sur-

faces and similar radiation parameters, were also designed, fabricated, and measured.

Furthermore, the time-domain impulse-response measurement results show that the

antenna does not significantly distort the temporal response of a signal whose spectral
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content does not fall outside the operating band of the antenna.
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CHAPTER 8

Conclusions and Future Work

8.1 Conclusions

The main subject of this thesis was to develop techniques for designing miniatur-

ized antennas and address the adverse affects of miniaturization. Arguably, the most

important adverse affect of miniaturization is the reduction in the antenna band-

width that occurs. Therefore, most of this thesis was devoted to introducing novel

techniques that can be used to enhance the bandwidth of (miniaturized) antennas.

Some of the techniques that were used in this dissertation are well known techniques

that are used in a new context and in novel designs. These include parasitic coupling

for bandwidth enhancement of miniaturized antennas and electronically changing the

frequency response of the antenna as a means of bandwidth enhancement. Is was

shown that invoking these well-known concepts in novel designs and architectures

can result in antennas with significantly enhanced performance over current state-

of-the-art designs reported in literature. Other techniques and topologies used in

this dissertation are, to the best of my knowledge, reported for the first time in this

thesis. These include, creating a fictitious resonance in microstrip-fed slot antennas,

distributed inductive loading for antenna miniaturization, bi-semicircular topology for

enhancing the bandwidth of slot and strip loop antennas, and the coupled sectorial
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loop antennas for UWB applications.

Although the main goal of this dissertation was to develop techniques to address

the adverse effect of antenna miniaturization, the techniques that are developed are

self-sufficient and can be used individually, or in conjunction with one another, in

a number of other applications. Multi-band cellular phones, multi-standard PCS

devices, implantable biomedical devices, UWB radios, etc. are examples of some ap-

plications in the Telecommunications, Biomedical Therapies, and Computer Industry

that can benefit from the contributions of this Ph.D. dissertation.

8.2 Future Work

8.2.1 Miniaturized Antennas for Wireless Integrated Micro-

Systems

The goal of the center for Wireless Integrated MicroSystems (WIMS) at The Uni-

versity of Michigan is to develop functional microsystems that could be either in the

form of an implantable neural prostheses or in the form of an integrated environmen-

tal monitoring sensor network. In the environmental test-bed, the goal is to design

miniaturized microsystems that include some kind of an environmental sensor (e.g.,

a temperature or µgas sensor), the appropriate analog and digital circuitry that are

required to post process the data, and a wireless interface that uses an integrated

antenna to transmit and receive RF signals. The overall dimensions of the system

is expected to be smaller than 1 cm × 1 cm × 1 cm and the wireless interface

uses the Zigbee standard for communicating at the ISM band at 2.4 GHz. There-

fore, the maximum linear dimensions of the antenna used in this system must be

smaller than about 1 cm × 1 cm. As mentioned in this dissertation, such antennas

have very small bandwidth and efficiency. An example of a 2.4 GHz miniaturized

antenna occupying an area of about 3.5 mm × 3.5 mm is shown in Figure 8.1. The
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Figure 8.1: Photograph of a miniaturized antenna fabricated on a high-resistivity
wafer. The antenna operates at 2.4 GHz and occupies an area of about
3.5 mm × 3.5 mm.

electrical dimensions of this antenna are about 0.027λ0 × 0.027λ0. This antenna is

about 20 times smaller than traditional slot or patch antennas with the same resonant

frequency. The dimensions of this antenna are small enough for the WIMS applica-

tion. However, this antenna has a very narrow bandwidth (0.5% fractional impedance

bandwidth). Therefore, it is of utmost importance to enhance the bandwidth of this

antenna, in order to satisfy the requirements of the WIMS project. This can be done

using techniques presented in Chapters 4 and 5 of dissertation.

The next natural step in continuation of the research presented in this disserta-

tion is to use the topology presented in Figure 8.1 with the bandwidth enhancement

techniques discussed in this dissertation. This can result in miniaturized slot an-

tennas with enhanced bandwidth. These antennas can become viable candidates for

miniaturized wireless communication devices such as the WIMS integrated sensor

project.
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Figure 8.2: Topology of a 10 GHz on-chip miniaturized slot antenna. The antenna is
designed using IBM 0.13 µm RF CMOS process.

8.2.2 On-Chip Miniaturized Slot Antennas

The ultimate goal of today’s wireless system designers is to integrated every com-

ponent of a wireless system on a chip or in a small package. Since antennas are

the largest components of wireless systems, antenna miniaturization is of particular

importance. Many of the miniaturization techniques that have been developed so

far, including the techniques discusses in this dissertation, can be used to design the

first generation of on-chip antennas. However, in on-chip applications, occupying an

small area on a chip is of utmost importance. This necessitates reducing the antenna

dimension as much as possible. Figure 8.1 shows a photograph of the 2.4 GHz Zigbee

slot antenna that occupies an area of about 3.5 mm × 3.5 mm. Even though this

antenna is , electrically, very small, its physical dimensions are still very large for

placing it on a chip. However, if the frequency of operation is increased, it would

be possible to use a similar topology in order to implement a miniaturized on-chip

antenna.
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Figure 8.3: Schematic of different layers of the on-chip miniaturized antenna shown
in Figure 8.2.

Figure 8.2 shows the topology of a miniaturized, on-chip antenna that oper-

ates at 10 GHz; the antenna is a λ/4 notch slot and occupies an area of about

550 µm × 550 µm. This antenna is designed to operate on a low-resistivity silicon

chip using the IBM 0.13 µm CMOS RF process. In this process, the silicon substrate

is about 300 µm thick and has bulk conductivity of σ = 50 − 100 S/m. On top of

this silicon substrate, a 17 µm thick Silicon Dioxide (SiO2) layer exists that host 8

different metallic layers, as shown in Figure 8.2 and Figure 8.3. In order to sepa-

rate the radiating parts of the antenna from the lossy silicon substrate, two floating

ground metallic layers are used as shielding planes as shown in Figure 8.3. Other

metallic layers on this structure must be filled with dummy structures in order to

satisfy the design rules. This antenna is followed by a 10 GHz LNA that is matched

to the input impedance of the antenna. The combination of the miniaturized slot

antenna and the LNA forms the first generation of integrated on-chip RF front-ends

using this type of miniaturized slot antenna. One drawback of this type of antenna

is its small radiation efficiency caused by the presence of the low-resistivity silicon

142



substrate. Enhancing the efficiency of the antenna in the presence of the lossy silicon

substrate is perhaps the major task that still needs to be accomplished. This allows

for using such antennas in truly integrated on-chip transceivers.

8.2.3 Metamaterials and Antenna Miniaturization

The techniques used to reduce the size of antennas can be categorized into two

different categories. Antenna miniaturization using magneto-dielectric materials and

antenna miniaturization using optimum antenna topology. It is possible to reduce the

dimensions of an antenna by virtue of loading it with a material that has a very large

permittivity (εr) or permeability (µr) value. The latter case is mostly used for low

frequency applications, where magnetic materials, such as ferrites, have significantly

large µr values. In recent years, researchers have developed artificial electro-magnetic

materials at microwave frequencies. These materials include artificial magnetic con-

ductors, reactive impedance surfaces (also known as high-impedance surfaces), and

magneto-dielectric materials. These materials have been used as substrates for planar

antenna to reduce their overall physical dimensions; Figure 8.4 shows several examples

of such miniaturized antennas developed at The University of Michigan.

The miniaturization techniques presented in this dissertation are examples of tech-

niques that use optimal antenna topology in order to achieve antenna miniaturization.

Combining the two miniaturization techniques mentioned here is an interesting direc-

tion for future research. Using metamaterials as substrates for planar miniaturized

antennas creates the possibility of further reducing the dimensions of the antenna and

enhancing its bandwidth and radiation efficiency.

8.2.4 RF-MEMS Bases Reconfigurable RF Front Ends

Micro-Electro-Mechanical-Systems (MEMS) are micro-scaled devices that provide

a link between mechanical and electrical phenomena and are fabricated using micro-
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Figure 8.4: Photograph of a number of compact antennas fabricated on metamaterial
substrates (photo courtesy of Prof. Kamal Sarabandi).

fabrication techniques used in the Integrated Circuit (IC) industry. MEMS were

initiated in 1970s and have been developed for accelerometers, gyroscopes, pressure

sensors, temperature sensors, bio-sensors, etc. One sub-area of the field of MEMS,

which deals with devices that work at microwave frequencies, is called RF (Radio

Frequency) MEMS. Due to its outstanding performance, RF MEMS has immense

potential for commercial and defense applications. One of the most important com-

ponents in the RF/Microwave applications is RF MEMS switch. It is essentially a

miniature device, which uses mechanical movement to achieve an open or short circuit

in a transmission line. One example of such switches is the capacitive switch shown

in Figure 8.5. In this case, the switch has two different states. The up state, in which

the device has a very low capacitance (e.g., 35 fF), and the down state, in which

the device has a considerably larger capacitance value (e.g., 1.2 pF). These MEMS

switches can be used in the design of reconfigurable antennas and RF circuits. Fig-

ure 8.5 shows a switchable slot antenna that uses two parallel capacitive RF MEMS

switches. This antenna operates in the Ka Band. The antenna is simulated using

IE3D and the simulations results are presented in Figure 8.6. It is observed that

the antenna can operate in the frequency range of 27 GHz to 40 GHz by using four
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Figure 8.5: Topology of a 2-bit reconfigurable slot antenna. The antenna uses 2 ca-
pacitive RF MEMS switches to achieve reconfigurability.
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Figure 8.6: Simulated S11 results of the 2-bit RF MEMS switchable antenna shown
in Figure 8.5.

different switch combinations (see Figure 8.6). An interesting direction of future work

is to use these antennas in designing totally reconfigurable, integrated transceivers at

millimeter wave frequencies.

8.2.5 Miniaturized Radomes for Small Antennas

Frequency selective surfaces (FSS) have been the subject of intensive investigation

for their widespread applications as spatial microwave and optical filters for more than

four decades. Frequency selective surfaces are usually constructed from periodically

arranged metallic patches of arbitrary geometries or their complimentary geometry

having aperture elements similar to patches within a metallic screen. These surfaces

exhibit total reflection or transmission, for the patches and apertures respectively, in

the neighborhood of the element resonances. The most important step in the design

process of a desired FSS is the proper choice of constituting elements for the array.

The element type and geometry, the substrate parameters, the presence or absence

of superstrates, and inter-element spacing generally determine the overall frequency

response of the structure, such as its bandwidth, transfer function, and its dependence
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Figure 8.7: Topology of a band-pass FSS designed based on the concept of metama-
terials and equivalent media.

on the incidence angle and polarization. The shapes and configurations that can be

chosen for the FSS elements are limited only by the imagination of the designer.

One common feature of the FSSs is that the size of the resonant elements and their

spacing are comparable to half a wavelength at the desired frequency of operation.

In practice frequency selective surfaces have finite dimensions. In order to observe

the desired frequency response, the finite surface must include a large number of the

constituting elements (usually more than 400 that typically corresponds to an area of

10λ × 10λ) and be illuminated by a planar phase front. For some applications, such as

antenna radomes at lower frequencies, frequency selective surfaces of relatively small

electrical dimensions that are less sensitive to incidence angle and can operate for

non-planar phase fronts are highly desirable. Radomes for miniaturized low-frequency

antennas and antenna arrays is an example of this category.

In recent years, the concept of artificially engineered materials have been used

for a variety of different wireless applications. These materials exhibit properties,

such as negative real permittivity or permeability, that are not usually observed in
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Figure 8.8: Photograph of a band-pass FSS.

nature. A popular method to engineer such structures is to use periodic structures

of resonant unit-cells with periods and unit cell dimensions that are much smaller

than the operating wavelength. This way, a relatively small effective medium with

the desired properties (e.g. negative real permittivity) can be obtained. Figure 8.7

and Figure 8.8, show a new type of engineered material that can act as a first order

band-pass frequency selective surface. The structure consists of a periodic array of

small metallic patches printed on one side of a dielectric substrate and a wire grid

structure printed on the other side, both having the same period. The periodicity of

the printed patterns is much smaller than the wavelength of operating frequency. A

unit cell of this structure consists of two halves of two adjacent patches backed by a

piece of wire on the other side of the substrate. The wire acts as an inductor and the

two patches separated by a small gap act as two plates of a printed capacitor. The

combination therefore acts as a parallel LC circuit having a band-pass characteristic.

The substrate is formed by periodically repeating this unit cell in two dimensions.

In the future, studying possibilities of designing FSSs of any order using the filter

theory and cascading a number of such layers such that the spacing between the
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elements act as impedance inverters, can be carried out. By choosing the number of

layers, controlling the coupling coefficient between layers, and choosing an appropriate

resonant frequency of each layer, multi-band and wideband FSS operation can easily

be implemented.
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APPENDIX A

A Measurement System for Ultra Wideband

Communication Channel Characterization

In order to assess the performance of any communication system it is necessary to

characterize the communication channel. Channel characterization can be done in two

ways: 1) experimentally and 2) by computer simulation. Some of the more commonly

used attenuation models are heuristic, based on measured data [119, 120]. In some

cases overly simplified electromagnetic formulations [121], with little correlation to

the physics of the problem, have also been used. Thus, while simple to implement,

these models lack the desired accuracy and generality.

In recent years significant efforts have been devoted towards the development

of physics-based electromagnetic (EM) models, which apply analytic and numeric

techniques for channel modeling [122, 123, 124, 125, 126, 127, 128, 129, 130, 131].

These models allow for characterization of the communications channel to a high

degree of fidelity. Furthermore, they can be used to simulate different propagation

environments, including the polarimetric aspects of the channel.

Despite significant progress in this area, experimental characterization of a com-

munications channel is still necessary for gaining insight into the mechanisms of wave

propagation as well as for the validation of computer models. Past experimental
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work on channel characterization has been carried out often over limited bandwidths

[132, 133, 134, 135, 136, 137], and at times for specific systems such as AMPS and

PCS wireless communication systems [138]. In these experimental efforts, limited

channel characteristics such as path loss and fading statistics have been determined.

Although channel characterization over a narrow bandwidth is straightforward, coher-

ent measurements over a wider bandwidth is significantly more complex. Basically,

the problem stems from the fact that coherent receivers with a wide bandwidth al-

low significant noise power to enter the receiver, which limits the system’s dynamic

range. Measurement systems employing a single vector network analyzer have been

proposed for indoor channel characterization efforts [139, 140, 141, 142]. With this

approach, coherent, wideband propagation measurements can be performed over rel-

atively short distances. To maintain coherence, the signal generated by the network

analyzer is relayed to the distant transmitter via long RF cables or optical links

[142]. While this approach performs well in an indoor setting, it is impractical for

an outdoor setting where multiple sites, often behind significant foliage, need to be

accessed. To circumvent this problem a novel approach, based on a stepped frequency

technique is developed. The system uses two vector network analyzers (VNAs), one

as a transmitter and one as a receiver and is synchronized in frequency step by using

two rubidium atomic clocks. The sensitivity of the receiver is determined by the

intermediate frequency (IF) filter internal to the VNA, which can be set as low as

3 Hz. The combination of the narrowband IF filter and the synchronized frequency

sweep allows for highly sensitive measurements to be performed over a very wide

bandwidth. This bandwidth is in principle limited by the antennas and the specific

VNAs used. In Section A.1, the design and operating principles of the system are

discussed and in Section A.2 results from a measurement campaign, conducted at the

Lakehurst Naval Air Station, in Lakehurst, New Jersey, are presented and analyzed.

Also in Section A.2 the techniques used for post processing the data, extracting the
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Figure A.1: Block diagram of the propagation measurement system.

attenuation characteristics of the channel, and its frequency decorrelation are studied.

A.1 Wideband Measurement System

A VNA is a microwave measurement instrument capable of measuring both the

amplitude and phase of the reflection and/or transmission coefficients of the device

under test (DUT). In addition to different processing and calibration units, any VNA

has a microwave signal generator, which can be either in the form of an analog

sweeper or a synthesized source, and a number of built in, high performance vector

receivers capable of measuring both the amplitude and phase of the input signal. The

microwave sweeper allows for rapid acquisition of the signal in broadband measure-

ments. It also provides a constant output power over the entire frequency band. For

accurate phase measurements, the receiver uses a phase lock loop (PLL) and either

an internal or an external source as a reference signal for the PLL. Most VNAs such

as the HP8753D or HP8720D have the option to use an external continuous wave

(CW) reference (usually a 10 MHz sinusoidal wave). This allows the user to select a
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Figure A.2: Flow chart of the system operation.

highly-stable CW signal as a frequency reference, in order to achieve high accuracy.

A communication channel can be viewed as a two port passive device with input

and output ports located at the transmitter and receiver respectively. The advantages

of using a VNA as the transceiver are its stepped frequency mode of operation and

its inherent ability to sweep over a wide frequency band (50 MHz - 20 GHz for

an HP8720D) while maintaining a high receiver sensitivity. To maximize receiver

sensitivity the receiver bandwidth (IF filter) can be set as low as 3 Hz while sweeping

through a wide frequency band. This allows for coherent measurements (magnitude

and phase) of very weak signals over a wide dynamic range. Unlike most two port

devices, however, the ports of this system are distant from each other and in order to

perform transmission (S21) measurements, it is necessary to employ two VNAs, one

as a transmitter (Tx) and one as a receiver (Rx). In addition, amplifiers, antennas,

filters, and data acquisition systems are also needed. The difficulty of this type of
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Figure A.3: Block diagram of the calibration set-up of the system.

disconnected system is in providing a common, stable reference to the PLLs of both

VNAs, and also in synchronizing their respective frequency sweeps. Both of these

difficulties are solved by using two identical, highly-stable synchronized Rubidium

Atomic Clocks (RbAC) [143]. Synchronization of the time references of these atomic

clocks is accomplished by simply connecting the time reference output of one to the

time reference input of another. Once synchronized, each atomic clock provides what

is essentially a common highly-stable 1 Pulse Per Second (PPS) system clock (which

synchronizes the respective frequency sweeps). In addition, the RbACs also provide an

ultra-low-noise highly accurate and stable frequency standard operating at 10 MHz.

This 10 MHz CW reference is used as the reference for the VNA PLLs. The short

term and long term stability of these atomic clocks are, respectively, 1× 10−12/10 sec

and 5× 10−10/year.

In order to measure the channel response correctly, both the transmitter and the

receiver must synchronously sweep through the frequency band. The allowed timing

error must lie within the ±3 dB bandwidth of the receiver IF filter, around the

frequency being measured. For large propagation delays, which cause a timing error

outside this allowed range, a delay can be introduced in the timing of the receiver
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RbAC to account for the propagation delay. This delay is controlled by the serial

port line to the data acquisition computer, shown in the system block diagram in

Figure A.1. In results shown later, however, propagation loss over distances of up

to 1.1 km were measured without a need for any timing adjustments to the receiver

clock. The atomic clocks could be used to trigger each sweep through the frequency

band and the VNAs allowed to then independently sweep through the band. There

is, however, sufficient difference in the nominal sweep times of each independent

VNA, even when set to be identical, to cause the system to loose synchronization.

Therefore, the atomic clocks are used to trigger a function generator that sends a

burst of TTL compatible pulses to the VNA and with each pulse moves the VNA,

step by step, through each discrete frequency point to be measured in the band.

This is accomplished by operating the VNAs in the “External Trigger On Point”

mode. In this mode an external trigger is required, at the “EXT TRIG” input of

the VNAs, to step the network analyzers to through each discrete frequency point

in the measurement band. This can be seen in Figure A.1, which shows a block

diagram of the measurement system. Figure A.1 shows the implementation of this,

for both the Tx and Rx VNAs. The 1 PPS output of the rubidium atomic clock

is used as a system clock that is then fed to a digital counter that creates a time

reference (in this case, by dividing it by 16). This time reference is used to set the

period of the frequency sweep (16 s). The 1 PPS time reference from RbAC in turn

signals a function generator to send a burst of N trigger pulses to the “EXT TRIG”

port of the VNA at the rate of ν pulse per second, where N is the total number

of frequency points. Thus, a frequency sweep is performed in t = N/ν seconds.

The sweep can be performed over a continuous frequency band or the VNAs can be

programmed to operate at discrete sub-bands, with non-uniform frequency sampling.

This is particularly useful for conducting measurements in places where transmission

over certain frequency bands or at certain frequencies within the measurement band
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Figure A.4: Measurable propagation loss of the system.

is not allowed, for example near or in airports, military bases, etc.

Figure A.2 shows the flowchart of the system operation. To summarize the sys-

tem set-up and operation, the first step is to synchronize the 1 PPS outputs of the

transmitter and receivers of the RbACs so that the Tx/Rx time references are the

same. This can be done simply by feeding the 1 PPS output of one of the clocks

to the synchronization input of the other one [143]. Every 16 second, the function

generator receives a trigger signal from the digital counter and sends a burst of N

pulses (TTL compatible) to the VNA at the rate of ν PPS. This is the trigger signal

denoted “trigger” in Figure A.2, which causes the transmitter VNA to start stepping

through the desired frequency band. The same thing happens simultaneously at the

receiver end, except that the receiver VNA begins to receive the signal that has been

transmitted by the Tx VNA. After each frequency sweep, the Tx/Rx computers ac-

quire the measured data for post processing. In order to ensure that a new sweep

does not begin while this data acquisition (DAQ in Figure A.2) is in progress, both

VNAs are operated in the single sweep, as opposed to the continuous sweep, mode.

This mode requires that each VNA is armed by the DAQ computer, before it accepts

157



any trigger signal for a frequency sweep. This allows the DAQ computer to hold the

measurement cycle, while DAQ is in progress.

A.1.1 Calibration, and Operation

The received signal power can be obtained using the modified Friis transmission

formula:

PR =
PT GT GR

LFSLA

(1)

where PT , GT , and GR, are the transmitted power and the antenna gains of the

transmitter and receiver, respectively, LFS is the free space loss, and LA is the addi-

tional path loss in the channel. The noise power at the input of the receiver VNA is

calculated using:

NR = KTBIF (2)

where K is the Boltzman’s constant and BIF is the IF bandwidth of the VNA that

can be set by the user. For the case of HP8753D this bandwidth can vary from 3 Hz

to 3.7 kHz. In (2) T is the equivalent noise temperature of the system including

the antenna noise temperature. A desired received signal-to-noise ratio, defined as

SNRR = PR/NR, determines system compatibility in the path loss measurements.

For most practical purposes a SNRR of 15 dB is sufficient for accurately determining

the statistical behavior of the channel. Referring to (2), noise power is effected by

both the system bandwidth, set by the IF bandwidth of the receiver, and by the

equivalent noise temperature, T , which is usually determined by the noise figure

(NF) of the first receiver amplifier or pre-amplifier. Therefore, the system SNRR

can be significantly reduced by reducing the IF bandwidth of the receiver VNA.

This, however, increases the sweep time and the overall time that takes to complete

the measurement. Therefore, depending on the output power, distance, expected

path loss, etc., there is tradeoff between the IF bandwidth and sweep time, which
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determines the measurement speed and the desired SNRR. Taking this into account,

the IF bandwidth for the system was set to 3 kHz. This, in combination with a

low-noise pre-amplifier (LNA) with a NF of 1.5 dB and a gain of 27 dB, resulted in

a noise floor of -90 dBm for the receiver. In addition, due to the long distances over

which this measurement system is used, high power radio frequency (RF) amplifiers

were used to amplify the transmitted signal.

To perform measurements over a wide frequency band, it is necessary to use ei-

ther a very wideband antenna, or to use different antennas for measuring different

sub-bands. The gain and radiation characteristics of the antennas used in the system

as well as the frequency responses of the power amplifier, LNA, and cables should be

measured over the entire frequency band so that their effect can be calibrated out.

Two different methods for calibration of the system are used. In the first method,

the gains and losses of all of the system components (cables, amplifiers, etc) are

characterized individually using the VNA and then effects are accounted for in the

calibration process. In the second method, which is illustrated in Figure A.3, the

output of the power amplifier is connected to the input of the LNA via a high power

calibrated attenuator and the overall transmission coefficient (S21), without the inter-

laying propagation medium, is determined. In this approach all components except

the antennas, are characterized and the method has the advantage of calibrating out

the effects of connector losses and mismatches. The antennas used in this system are

calibrated standard gain antennas with linear polarization and relatively low gains

(wide beam). As is true for most wideband antennas, the location of the phase center

of the antenna changes with frequency but the change is less than the extent of the

antenna structure. This dispersive behavior of the antenna can cause spectral decor-

relation to some extent. However, this decorrelation is much lower than that caused

by the channel and therefore, it can be ignored.
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Figure A.5: Lakehurst measurement site.

A.2 Measurement Campaign at Lakehurst

In this section a measurements campaign, using the coherent propagation measure-

ment system conducted at the Lakehurst Navel Air Station, Lakehurst, New Jersey,

is described. Results are shown, including system performance specifications, mean

path loss (PL) in terms of power, and frequency coherence analysis.

A.2.1 Measurement Parameters

The measurements at Lakehurst were performed in the 30 MHz to 3 GHz range in

three sub-bands. These include 30 MHz to 200 MHz (defined as Band 1), 200 MHz to

1 GHz (defined as Band 2), and 1 to 3 GHz (defined as Band 3). These restrictions
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were placed by the authorities at the Lakehurst base and show the system’s capability

to operate in arbitrary sub-bands within the system bandwidth. A 10 W power

amplifier, Amplifier Research (AR) model 10W1000, was used for the transmission

of frequencies at and below 1 GHz, and a 30 W amplifier, AR model 30S1G3, was

used for transmission in the 1 to 3 GHz band. For efficient transmission, different

antennas were used in each sub-band. EMCO bowtie antennas, models 3109 (rated

at 2 kW continuous wave power) and 93110B (from HP) were used for the transmit

and receive antennas in Band 1, respectively. EMCO models 3148 and 93146 log-

periodic antennas were used for Band 2, and two EMCO model 3115 horn antennas

were used for Band 3. Due to transmission restrictions at Lakehurst, the transmission

frequencies were limited to specific frequencies and bandwidths within each sub-band.

Table A.1 lists the allowed transmission frequencies in terms of center frequency, f0,

and bandwidth, BW, for each allowed transmission band. Note that within the ranges

specified in Table A.1 transmission frequencies were at discrete 1 MHz intervals.

Band 1: 30 MHz to 200 MHz Band 2: 200 MHz to 1 GHz Band 3: 1 GHz to 3 GHz

f0 (MHz) BW (MHz) f0 (MHz) BW (MHz) f0 (MHz) BW (MHz)
38 16 325 10 1747 32
70 16 350 32 1872 32
– – 390 32 2440 46
– – 435 25 2550 10
– – 493 46 – –
– – 524 8 – –
– – 561 8 – –
– – 600 8 – –
– – 641 8 – –
– – 670 48 – –
– – 806 8 – –
– – 915 46 – –

Table A.1: Allowed transmission frequencies at the Lakehurst base in terms of center
frequency f0, and bandwidth, BW. Frequencies are transmitted at discrete
1 MHz intervals across each range specified.
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Figure A.6: Path-loss through forest: (a) measurement scenario; (b) Path Loss above
free space, Rx2 referenced to Rx1.
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A.2.2 Measurement Results

Before beginning an analysis of the measured data taken at the Lakehurst site,

it is important to note the capabilities of the coherent measurement system. Fig-

ure A.4 shows an example of the dynamic range of the measurable propagation loss

between the transmitter and receiver for the system, through the entire range that

measurements were taken. This is essentially a measure of system sensitivity and

can be improved by further narrowing the IF bandwidth of the receiver. To deter-

mine this maximum measurable propagation loss, the receiver signal is sampled, with

no transmitter signal present, and normalized to the transmitter power. In other

words, Figure A.4 shows the receiver noise power (including the LNA pre-amplifier),

referenced to the transmitter power when the IF bandwidth of the receiver VNA is

set at 3 kHz. Figure A.4 is normalized, assuming a transmitter power of 10 W. In

Figure A.4, data was taken at each frequency point in the measurement band. The

change in power levels observed across the band are typical of noise power fluctuations

in a measurement system. The dashed line in the figure is a best fit curve, which

is provided as a reference. As can be seen in this figure, the dynamic range of the

measurable propagation loss across the measurement band is in excess of 115 dB, for

the IF band setting of 3 kHz.

For all measured results shown, the transmitter was at a fixed location, with data

from two receive sites provided here. At each receiver location, approximately 100

spatial samples were taken on a line perpendicular to the line between the transmitter

and the receiver. In order to capture the effects of slow fading for each sub-band,

the spatial samples were taken over a range of 50 λ at the lowest frequency in the

sub-band. To capture the effects of fast fading, the sampling increments began at

1/2 λ increments at the highest frequency of the sub-band, gradually increasing to

1/2 λ at the lowest frequency of the sub-band.

The forested areas at the Lakehurst site consisted mainly of pitch pine, with
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some short vegetation in between. The pine trees had an average tree density of

0.113 Trees/m2, average height of 9 m, average crown depth of 5 m, and an average

trunk diameter of 16 cm.

The left side of Figure A.5, shows an aerial view of the Lakehurst site. On the

right side of Figure A.5, the transmitter location, along with the two receive sites, is

pictured. The transmitter site is located at the bottom of the photo and is marked as

Tx. The receive sites, denoted with Rx1 and Rx2 in Figure A.5, are located vertically

from the Tx site at distances of approximately 490, and 1120 m, respectively. Note

that the area between the Tx and Rx1 is clear of forest, while the area between Rx1

and Rx2 consists of approximately 100 m of clear area, and 530 m of forest. Rx1 is

located at approximately 100 m from the forest and Rx2 is located on the back side

of the forest within 2 m of the forest. The transmitter and receiver heights are set at

2 m, at all locations and for all bands measured. Unmarked areas are clear of forest

and may include some short vegetation.

In order to isolate the effects of the forest on PL, the measured data taken at Rx2

is normalized to that taken at Rx1. Ideally, if one wants to obtain the path loss of

the forested area accurately, estimations of the path loss between the Tx and Rx2

without the forest and with the forest are required. This way, the path loss obtained

when there is no forest present can be used for obtaining the forest path loss. This

approach, however, is impractical. Another source of error in the approach taken

here is the separation between Rx1 and the patch of forest that is not filled with the

forest. Figure A.6(a) shows the measurement scenario and Figure A.6(b) shows the

PL at Rx2, referenced to that measured at Rx1. The received power Pr, referenced

to the transmitter power Pt, is given by:

Pr

Pt

=
(GtGr)

2

(4R2)

1

Rm
PL, (3)
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where Gt and Gr are the transmit and receive antenna gains, respectively, R is the

distance between transmitter and receiver, PL is the path loss of the forest, and m

is an attenuation factor caused by the ground effect. Note that the first factor in (3)

corresponds to the free space PL, as previously given. This ground effect can vary

from 0f for a very rough ground, to 2, for the case of transmit and receive antennas

very close to a perfectly flat earth. If R1 and R2 are the distances to Rx1 and Rx2

respectively, the power received at Rx2 referenced to that received at Rx1 is given

by:

Pr2

Pr1

=

(
R1

R2

)m+2

PLforest =

(
490

1120

)m+2

PLforest, (4)

where PLforest is the effects of the foliage on PL.

Referring to (4), Figure A.6(b) shows the PL of Rx2, referenced to that of Rx1,

or the path loss above free space, for the area in between, which consists mostly of

the forested area. As can be seen in Figure A.6(b), as frequency is increased, the

attenuation rate of the PL lessens. This bending effect is due to the contribution of

higher order scattering on the mean power. At low frequencies, the dominate con-

tributor to the mean power is from single scattering (forward scattering represented

by Foldy’s theory [144]). As frequency is increased, multiple scattering among leaves

and branches, which decays at a lower rate than single scattering, begins to dominate

the mean power, thus the bending observed in Figure A.6(b).

A.2.3 Frequency Correlation Analysis

In the wideband measurement system described in the previous sections, the fre-

quencies of the phased lock loops of the two network analyzers are locked together

but their phases are not. This means that, at the start of each frequency sweep, the

absolute phases of the two locked local oscillators are unknown. As shown later in

this sub-section, the difference in the absolute phase between the Tx and Rx VNAs
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is in the form of a linear phase shift, for each spatial sample, across the measured

frequency band. This is similar to the phase shift that is caused by the propagation

of the signal through free space. The 10 MHz reference signal from the RbAC signal

generator can be expressed as cos(ω10t + φr). Where, ω10 = 2π × 107 and φr is the

random phase of the oscillator. The VNA’s synthesizer uses this reference to generate

the desired frequencies in the sweep operation. The instantaneous frequency can be

expressed as:

ωins = α(t)ω10 + α′(t)φr (5)

where the instantaneous phase is α(t)φr. Since a linear frequency sweep as a function

of time is being performed, α(t) is a linear function of time. Therefore, (5) represents a

linear relation between time and frequency. This means that φPLL is a linear function

of both time and frequency. Knowing the behavior of this phase response allows us

to take out its effect. In order to remove these delays, a frequency correlation is first

performed on each spatial sample and then, an inverse discrete Fourier transform

(IDFT) is applied to transform the data in the time domain. These phase delays are

mapped into the time domain as time shifts. Recognizing that the free space time

shift is constant for all spatial samples, the time domain impulses are now simply

shifted to a common reference. The time-domain spatial samples are then averaged.

Taking the discrete Fourier transform (DFT) of this function results in the corrected

frequency correlation function.

In order to demonstrate this time shift, multi-path effects are ignored and the

received signal for each spatial sample, is represented by:

Sr(f) = S ′(f) ej(2πfτfs+φch(f)+φPLL(f)), (6)

where S ′(f) is a complex amplitude function, τfs represents the free space propa-

gation delay, φch(f) represents the frequency dependent phase characteristics of the
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Figure A.7: Frequency correlation analysis in the HF (70± 8 MHz) band. (a) Time
domain response of the HF band for 100 spatial samples before correction
for PLL phase shift. (b) Time domain response of the HF band for 100
spatial samples after correction for PLL phase shift. (c) Averaged (cor-
rected) time domain response of the HF band. (d) Frequency correlation
function of the HF band.
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channel (as well as phase noise caused by the PLLs, which will be discussed later

in this section), and φPLL(f) represents the phase shift caused by the relative phase

differences between the PLLs of the VNAs. Calculating the frequency correlation

function of (6) results in the following equation:

cs(∆f) =

∫ ∞

−∞
Sr(f)S∗r (f + ∆f) df (7)

which, upon inserting (6) in (7), becomes:

cs(∆f) =

∫ ∞

−∞
S ′(f)S ′∗(f + ∆f)ej(φch(f)−φch(f+∆f)) e−j2π∆f(τfs+τPLL) df (8)

= e−j2π∆f(τfs+τPLL)c(∆f)

Taking the Fourier transform of (A.2.3) results in:

C̃s(T ) = FT{e−j2π∆f(τfs+τPLL)c(∆f)} = C̃(T − τfs − τPLL) (9)

where c(∆f) and C̃(T ) represent a Fourier transform pair. The variable time delays

(caused by τPLL) can be observed in the time domain plots in Figure A.7(a), for the

upper HF-band measured (70± 8 MHz). In this figure, for measurements taken at site

Rx2, approximately 1.1 km from the transmitter (see Figure A.5), the raw frequency

domain data was adjusted to remove the free space phase delay of 1.1 km, a frequency

correlation performed, and an IDFT applied to the resulting correlation function. The

free space phase delay is removed to prevent aliasing in the time domain. For these

measurements, the data is sampled in frequency increments of 1 MHz, thus the alias

free range of the time domain data is 300 m. By normalizing the frequency data to

the free space phase delay, the alias free range is localized around the receiver. If

the delay spread (in distance) between the direct and multi-path signal components

is less than 300 m (a valid assumption over the distances involved), the transformed
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Figure A.8: A comparison of the frequency correlation functions for HF, VHF, and
S-bands

data can be assumed to be alias free.

The shift in the observed peaks of the traces in Figure A.7(a) correspond to the

phase shift caused by the unknown relative phases of the PLLs. It is now a simple

matter to shift each peak to a common reference, as shown for all spatial samples

in Figure A.7(b), and average the spatial samples in the time domain, as shown in

Figure A.7(c). Thus the effect of random phase shift, observed in each spatial sample,

is mitigated. An FFT is then performed to obtain the desired corrected frequency

correlation function and the results is presented in Figure A.7(d).

In order to generate an accurate frequency correlation function, another factor

must also be considered. This is the inherent system decorrelation that is caused by

phase noise in the error signal (output) of the PLLs. Ideally, if one were to connect

the transmit and receive sections of the measurement system together, gather a data

set, and perform a frequency correlation, one would see a perfectly correlated channel.

In practice, due to this phase noise in the PLLs, the system transfer function would

not show perfect frequency correlation. To account for decorrelation caused by this
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system phase noise, it is recognized that the channel and system frequency correlation

functions are statistically independent from one another, and therefore the correlation

function of the measured signal is simply the multiplication of the correlation function

of the system and that of the channel, or,

Rr(∆F ) = Rsys(∆F ) Rch(∆F ). (10)

To correct for the system decorrelation then, a calibration data set is taken by con-

necting the transmit and receive sections together. Equation (10) is then applied

and the measured data set is simply normalized by this calibration data set. Note

that this calibration for the system decorrelation has been applied to data shown

Figure A.7 as well as all results which follow.

Three sets of data, each selected from HF (70± 8 MHz), VHF (493± 23 MHz),

and S-band (1872± 16 MHz), respectively, are used for the frequency correlation

analysis. All data in this section is collected from site Rx2. Figure A.8 shows the

frequency correlation functions for the three bands, overlapped for comparison. As

can be observed in this plot there is a narrowing of the frequency correlation band-

width for increased frequency. This is expected; as the dimensions of scatterers in

the propagation environment (tree trunks, branches, twigs, leaves, short vegetation)

become electrically larger, the random scattered field dominates and decorrelates the

received signal.

A.3 Conclusions

In this chapter, a novel, ultra wideband measurement system, for communications

channel characterization was presented. The system is based on the application of

two VNAs, one as a transmitter and one as a receiver, whose frequency sweeps are

synchronized by two Rb atomic clocks. These clocks also provide an extremely stable
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frequency reference for the VNAs. The use of the VNAs and their ability to perform

swept frequency measurements, with a narrow-band, IF filter allows for long distance,

high-sensitivity propagation measurements. For an IF bandwidth and transmit power

of respectively 3 kHz and 10 W, the maximum measurable loss of the system, from

30 MHz to 3 GHz, was shown to exceed 115 dB.

This coherent system allows for measuring the attenuation and phase character-

istics of the medium and studying temporal and frequency decorrelations. In order

to demonstrate some of these capabilities, data was presented and analyzed from a

measurements campaign at the Lakehurst Naval Air Station, in Lakehurst, New Jer-

sey. It was shown that the slope of the attenuation of the mean power, caused by

a forested area, tended to decrease with increased frequency, as multiple scattering

effects within the forest medium began to dominate the path loss. Also frequency

correlation analysis of the measured data was given. To perform this analysis, it was

shown that a phase shift, caused by the phase difference in the independent PLLs

in the system, must be accounted for, and a method was presented to correct for

this shift. Also, after correcting for the inherent system decorrelation, caused by

phase noise in the PLL error signal, frequency correlation data for three different

sub-bands was presented, for a forested area at the Lakehurst base. It was shown

that for higher frequency bands, the signal decorrelated at a faster rate, in frequency,

as expected, due to the increased effect of multipath on the received signal, as the

forest components become electrically larger.
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