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CHAPTER 1

Introduction

1.1 Pushing Towards Millimeter-Wave Frequencies

Historically, millimeter-wave frequencies (30-300 GHz) have been used mostly for mili-

tary applications such as radars, imaging and tracking systems, and in scientific areas such

as radio-astronomy and more recently, remote sensing of the atmosphere, oceans, and earth.

Millimeter-wave frequencies were rarely used for commercial applications for different rea-

sons. Millimeter-wave circuits and devices such as waveguides, diodes, and sources which

deliver a lot of power were very expensive or practically not available at all. Also, there

was often no need to push frequencies beyond 10 GHz, since wireless communication and

data transfer was not well developed. However, new developments and advances in exist-

ing technologies, especially over the last 15 years, and inexpensive analysis software for

millimeter-wave circuit design on personal computing machines made it possible to develop

commercial millimeter-wave circuits.

There are several reasons which make the millimeter-wave range attractive. The antenna

size for radar and imaging applications scales proportionally to the wavelength squared.

Hence, the antenna size is potentially small as compared to microwave systems. This is a

prerequisite for many applications like spaceborne imaging systems, autonomous vehicles

in industrial environments or automotive radar systems. Higher operating frequency also

leads to antennas with higher gain since gain increases proportionally to the operating

frequency squared. Imaging systems like radiometers can achieve higher resolution because
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smaller beamwidths allow smaller pixel size. For radar systems, a higher gain results in

better angular resolution and therefore better target discrimination. Also, degradation due

to multipath effects are reduced. This is especially important for automotive applications

when used in dense environments such us cities, where not only the surface of the road but

also buildings and road deliminations are potential scatterers. Another advantage of moving

to higher frequencies is the higher bandwidth which is available. Frequency modulated

continuous wave (FM/CW) or pulsed radar systems achieve higher range resolution due to

wider bandwidth or alternatively sharper pulses. Furthermore, the Doppler shift increases

proportionally with increasing frequency, which improves velocity resolution. Moreover, as

the lower microwave region becomes more and more crowded with personal communications

and broadcast services, there is a natural need to shift to higher frequencies.

Millimeter-waves are able to penetrate many atmospheric conditions, such as fog, smoke,

and dust which are opaque to infrared/optical wavelengths. This characteristic makes

millimeter-waves attractive for high-resolution sensor systems which can operate in reduced

visibility conditions. Radar applications generally require the maximum feasible detection

range; consequently, millimeter-wave radar research and development is concentrated in

bands of lower atmospheric attenuation (or ”windows”) which occur at 35 GHz, 95 GHz,

140 GHz, and 220 GHz (Fig. 1.1). Historically, these frequencies have been attractive for

military sensor systems, however, there are currently growing commercial applications in the

areas of Intelligent Vehicle Highway systems (IVHS), such as collision avoidance radar and

autonomous cruise control, and passive millimeter-wave imaging for aircraft landing. Water

vapor and oxygen molecule resonances cause bands of large absorption at 60 GHz, 118 GHz,

and 183 GHz. These frequencies can be exploited for short-range, secure communications,

and indeed 60 GHz has emerged as an important band for high-bandwidth wireless local-area

networks (LANs). Finally, there are a range of millimeter-wave applications in atmospheric

remote sensing, radio astronomy, and plasma diagnostics.
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Figure 1.1: Electromagnetic attenuation due to molecular resonances in the
atmosphere.

1.2 Automotive Radar Systems

Besides military applications, there are two major current commercial application areas

for millimeter-wave systems: communications and automotive traffic control [1], the latter

probably being the area with the greatest immediate commercial interest.

There is already a long history in the development of automotive radar sensors. The

first car radars were constructed in the early 1960’s in the USA. Beginning in the early

1970’s, automotive radar systems have been developed first at 10 GHz [2], soon shifting up

to higher frequencies (34 and 50 GHz) [3–5] in the mid 1970’s and to 60, 77, and 94 GHz

in the 1990’s [6]. The frequencies mostly used for automotive radar systems in the present

are 24 and 77 GHz.

1.2.1 Applications

In the near future, a car could be equipped with a whole range of sensors (Fig. 1.2).

Each sensor has advantages and disadvantages, but especially infrared and video sensors
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Figure 1.2: Different types of sensors for automotive applications.

are limited to certain weather conditions due to the high attenuation in fog, smoke, dust,

rain, and snow. Also, radar systems can be placed behind a dielectric radome which works

as a protection against the environment and - very importantly - makes it attractive for

car designers. The 77 GHz radar system is suitable in ranges up to 200 m, because of

its inherent possibility of higher antenna gain antennas in the same physical package as

compared to a radar system operating at 24 GHz. For short ranges (up to 50 m), radar

systems must be inexpensive because many sensors may be placed on a car. For this kind

of application, 24 GHz systems are a better candidate.

There are many possible applications (Fig. 1.3). A 77 GHz system can serve as adaptive

cruise control, lane change warning system, front obstacle collision warning and avoidance

system, or, further ahead in the future, be essential part in an autonomous driving system.

A 24 GHz radar system can be used as parking assistant, pre-crash detection system for

front, back, and side impacts, which could release airbags before the actual impact, back-up

warning system, assistant in stop and go traffic, blind spot detector, lane change assistant,

speed-o-meter, and for road condition recognition.
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Figure 1.3: Different applications for automotive radar systems.

1.2.2 Basic Concept of an Automotive Radar System

Almost all automotive radar systems use either FM/CW (Frequency Modulated / Con-

tinuous Wave) or are pulse-Doppler radars. FM/CW radars send out a continuous signal

with changing frequency. Due to the time delay of the returning signal there is a frequency

difference compared to the outgoing signal. Combined with the frequency Doppler-shift,

the information of distance and relative speed of the scatterer can be extracted. A pulse-

Doppler radar uses short pulses rather than a continuous signal and again, the measured

time delay and frequency Doppler-shift contain the desired information. In both cases, the

bandwidth is an important system parameter. The higher the bandwidth, the faster the

frequency sweep for an FM/CW radar and the shorter a pulse in a pulse-Doppler radar.

Both frequency slope and pulse width are directly related to spatial resolution of the target.

Fig. 1.4 shows a basic example of a monostatic pulse-Doppler radar. An oscillator with

variable output frequency generates a continuous signal which is sometimes multiplied in

frequency, especially for radar systems operating at 77 GHz. A fast switch generates the

pulsed signal which is then amplified. This can be achieved with MMIC’s (millimeter-wave

integrated circuits) in GaAs [7–9], or at 24 GHz in SiGe technology [10,11]. For the duration

of the pulse, the 2 switches direct the signal to the antenna. At the time when the scattered
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Figure 1.4: Basic block-diagram of a monostatic pulse-Doppler radar system.

pulse is received, switch 1 and 2 are such that the signal coming from the oscillator and

the received signal will be both directed to the frequency downconverter. The intermediate

frequency signal is first filtered and amplified, then converted from the analog to digital

domain and sent to a digital signal processing unit and controller. In an FM/CW radar,

each of the switches is replaced by couplers and/or isolators, and sometimes, a bistatic

solution with only one coupler and two antennas is used.

1.2.3 Antennas for Automotive Radar Systems

Radar systems for automotive applications - other than for military or many research

applications - operate based on consumer demand. This means that not only good perfor-

mance, but also economic criterions are important. This includes the cost of production

as well as the possibility of integration into a vehicle. For radar units to become standard

equipment in most cars, their size has to be small enough to be easily integrated in different

parts of a car and the costs have to be decreased dramatically.

The crucial components in terms of costs are the high frequency devices, located in the

upper half of Fig. 1.4, including the frequency downconverter. With planar transmission-

lines and MMIC (Monolithic Microwave Integrated Circuit) technology it is now possible

to avoid waveguides, which are big, heavy, and expensive. Oscillators, frequency up- and

downconverters, couplers, and switches can be built on a single chip at comparably low
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cost. However, at 24 and 77 GHz, low loss phase shifters using diodes or FETs for electronic

beamsteering are not available at acceptable cost and will not be in the near future. While

there is not many different topologies for the high frequency circuitry, the antenna opens a

lot of possibility for cost reduction because there are many different design approaches.

The antenna has to have good performance which includes the radiation pattern of the

antenna, namely the −3 dB beamwidth and the sidelobe level (which in most systems is

required to be below −14 dB or even −20 dB), as well as the antenna radiation efficiency.

The size should be small and the cost of production low. Furthermore, in the next gener-

ation systems, the antenna should allow for a very wide scan-angle and at the same time

allowing a high angular scan rate (which precludes the use of mechanical scan systems).

Different radar systems and applications require different antenna properties, and therefore,

the antenna design should be easily adaptable in terms of antenna gain, scan-angle, and

operating frequency.

Probably the most challenging requirement to achieve is the wide scan-angle. An inter-

esting solution is to use an overmoded coaxial cable to feed a biconical horn antenna for a

360◦ field of view [12]. However with this method, only low directivity can be achieved and

it is very hard to realize at 77 GHz. At millimeter-wave frequencies, there are two main

approaches to building a wide scan-angle antenna for automotive applications:

The first approach is to use one single low-gain antenna and a focusing mechanical

rotating reflector or lens. This is a rather simple concept and allows a field of view of

±180◦. Common problems are the low scan rate and therefore long update times. Also,

there are usually reliability issues due to the mechanically moving parts.

The second approach uses a number of low-gain antennas at the focal plane of a single

lens or reflector [13]. In this multibeam design, scanning is done by switching between the

different antenna elements and thus covering the entire field of view. Menzelet al. have

applied this technique to a planar folded lens/reflector and achieved a ±25◦ field of view

with 11 different beams in a very compact design [14]. Ideally, the lens is a sphere because

in this case, the focusing properties of the lens are the same regardless of the direction of

incidence. However, a uniform sphere is not a perfect lens in the sense that it does not

have a single focal point for rays which pass through the center of the lens and rays which
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are off center. For the lens to have a real focal point, it requires a gradient in its dielectric

permittivity: highest in the center and dropping off towards the edges of the lens [15–17].

Such a lens is called a Luneburg lens [18]. However, it is very difficult - if at all possible - to

build this lens at millimeter-wave frequencies. Many existing antenna designs therefore use

a layered approximation of a Luneburg lens [19] or a focal-plane system with a collimating

lens. This system provides ideal focusing properties for a feed antenna placed exactly at the

focal point. For off-axis antennas, the radiation pattern is degraded. Hence, the scan-angle

is limited and can be improved only by a sophisticated lens design [20–22].

A main problem for multibeam antennas is the switch that addresses the individual

elements. Switches using PIN diodes are available but have around 1.5 to 2 dB of loss at

77 GHz. However, a new switch technology is approaching the market which may soon

be standard in automotive applications for frequencies of 24 GHz and beyond: RF MEMS

(Radio Frequency Micro Electro Mechanical Systems). The superior electrical performance

of RF MEMS switches over PIN diode switches in this kind of application has been well

demonstrated in the past few years [23, 24, 26–29, 114]. However, reliability issues are still

waiting to be solved and only few companies are now coming up with promising packaging

techniques which would allow the lifetime of a switch to go beyond 10 years at average

use [30–32].

1.2.4 Existing Systems

The past decade has seen ever increasing research activities by companies and research

institutes in the area of automotive radar systems. With improved technologies, the cost

continues to decrease, and it is now compelling for car companies to implement advanced

radar systems in upper class vehicles first, but in near future, also as standard equipment

in most cars.

At 24 GHz, most existing systems are short-pulsed systems. The cost factor is very

important since many sensors may be placed on one car. The leader in radar hardware

(other than the antenna) at the moment is M/A-COM, which developed transceiver modules

using SiGe. The resolution requirements are widespread depending on the application, and
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many different antenna solutions exist.

There are many organizations contributing to the 77 GHz field. But most of them are

still working on first generation systems and their designs suffer from a narrow field of

view (Bosch, Hitachi, Fujitsu-Ten, Siemens, and Autocruise). This is sufficient for adaptive

cruise control, but otherwise is very limited in applications. Most companies work with a

multibeam system with 3 - 5 beams (RoadEye uses 7 beams) instead of mechanical scanning

(Celsius). Some companies try to combine more than one sensor into one single system:

Bosch uses a low gain and a high gain sensor, both working at 77 GHz, to double the

field of view to ±8◦ and Fujitsu-Ten is using an optical sensor with a field of view of ±20◦

in combination with a 77 GHz sensor. Toyota CRL is in an early phase of developing a

wide scan-angle system (±20◦) using holographic techniques in a novel design. The most

mature system at the moment comes from Daimler-Benz using an antenna developed at the

University in Ulm / Germany. It is a multibeam system in its second generation, achieving

a field of view of ±25◦. However, automotive radar systems with an operating frequency

of 77 GHz are still expensive to build. They are still not available except on Daimler-Benz

S-class vehicles, and recently on Japanese and Volvo vehicles.

1.3 Tunable Frequency-Selective Surface

A frequency-selective surface (FSS) is a periodic surface which is an assembly of identical

elements arranged in a one or two-dimensional infinite array [33]. Depending on the type

of element, an incoming plane wave will be either reflected (band-stop type element) or

transmitted (band-pass type element) completely, as soon as the frequency of the plane

wave coincides with the resonant frequency of the elements of the FSS.

The history of FSS goes at least back to the year 1919, when a patent was granted to

Marconi and Franklin on a ”Reflector for use in wireless telegraphy and telephony” (US

patent #1,301,473). This shows that the principle of FSS was known for a long time, but it

was only in the mid-1960s that intense study of periodic surfaces got started because of the

great potential for military applications. Most work, however, was not widely publicized at

that time. Today, FSSs have been studied thoroughly and powerful analytical and numerical
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simulation tools have been developed. The result is that many different FSS designs have

been investigated using a great variety of different elements .

1.3.1 Literature Overview

Usually, the frequency at which the FSS elements are in resonance is fixed. However,

in certain applications, it would be desirable to be able to change the properties of the

circuit over time. This can either mean the complete change of electromagnetic behavior

in a certain frequency band, e.g. from pass-band to all-stop behavior (switchable FSS),

or the shift of resonance frequency within a certain frequency band (tunable FSS). In the

literature, one can find only very little work on switchable or tunable FSSs. The main

reason is that in order to change the behavior of an entire FSS, one has to change either

the properties of the substrate, or the properties of every single element on the circuit, or

the position of the elements relative to each other. Any of these possibilities is in general

very difficult to realize.

In the work of Lima et. al. [34], the relative permittivity of the substrate is altered by

filling a cavity underneath a slot array with a dielectric liquid, thus changing the resonance

frequency of the slot elements. Chang et. al. [35] printed an FSS on a ferrite substrate,

and when biased with a strong magnetic field, a considerable shift in resonance frequency

was achieved. Chang et. al. [36] used varactor diodes, mounted in different configurations

on an FSS circuit with different elements. When biasing the diodes, thus changing their

capacitance, a shift in resonance frequency was observed. A similar approach was followed

by Stephan et. al. [37], who developed a quasi-optical PIN diode switch for millimeter-wave

application. At lower frequency, Mias [38] used also varactor diodes to achieve tunability

of an FSS. Instead of varactor diodes, Gianvittorio et. al. [39] built a dipole array using

MEMS technology. The elements could be rotated off the surface of the supporting dielectric

substrate by applying a magnetic field, thus changing their effective length and resonance

frequency. In a different approach, Lockyer et. al. [40] investigated through simulation a

double layer FSS with dipoles. By changing the relative position of the two layers, a large

tuning range could be achieved. All of the techniques above resulted in marginal results and
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suffer from either a slow response (mechanical movement), DC power consumption (PIN

diodes), or relatively high loss (PIN diodes, varactor diodes).

1.3.2 Applications

The most important applications for tunable/switchable FSSs at the present are in the

military area. Antennas - as one of the largest scatterer on a military target - can be

made ”invisible” or missiles with radar systems can be protected against broadband high

power jamming that would destroy the sensitive electronics using a switchable FSS. An

FSS can also be used as a quasi-optical high power switch at millimeter-wave frequencies.

Field effect transistors (FETs), diodes, and especially RF MEMS have only limited power

handling capabilities. But by distributing the power over many, possibly thousands of

elements, the power handling can be improved dramatically. Other possible applications lie

in the field of antenna design. Often it is desirable to use one aperture - e. g. a parabolic

reflector - for two or more frequencies. This can be achieved with FSSs used as secondary

reflectors in different realizations.

1.4 Objective

The antenna in existing automotive radar systems is usually a compromise between

low cost, performance, reliability, and size. For example, in a multibeam design, a wide

scan-angle can be achieved with a Luneburg lens, but this is very difficult to build at

millimeter-wave frequencies. Using a standard focal-plane system with a collimating lens

reduces the cost of the lens but is limited to a scan-angle of about ±20◦. Also, using a

rotating mirror allows the use of only one antenna and no Luneburg lens is required. But

the reliability is affected because of mechanically moving parts and the scan rate is too low

for many systems.

The objective of the antenna work presented in this thesis is to develop an antenna

system for automotive radar applications at 24 and 77 GHz which emphasizes on combining

good performance (in particular a sidelobe level of below −14 to −20 dB) with wide scan-

angle (possibly up to 180◦), compactness, reliability and low cost of production.
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A second objective of this thesis, as an extension of one aspect of the antenna work, is

the design of a switchable frequency-selective surface at Ka-band (26.5 - 40 GHz). Very

few attempts have been reported in literature and none of them show good electrical per-

formance as well as high switching speed, low DC-power consumption, relative low cost,

extendability to multilayer structures, and the possibility of analog or digital frequency

tuning. This thesis aims to fill part of this void.

1.5 Overview of Thesis

This thesis presents antennas suitable for automotive applications at 24 and 77 GHz and

a switchable frequency-selective surface at 30 GHz. The proper design and characterization

of a tapered-slot antenna (TSA) leads to a first design of a wide scan-angle antenna (Chap-

ter 2). This TSA is then used in Chapter 3 as a feed antenna for antenna-lens-systems at 24

and 77 GHz with high gain and wide scan-angle capabilities. For compactness, the system

is then extended in Chapter 4 to a dual-frequency design using FSSs. Chapter 5 extends

the topic of FSS and presents a switchable FSS using RF MEMS as tuning elements. Com-

prehensive modelling and design are verified by extensive fabrication and testing of both,

the antenna systems and the switchable FSS.
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CHAPTER 2

Design of Millimeter-Wave Tapered-Slot Antennas

This chapter covers the selection, design, and characterization of a feed antenna suitable

for wide scan-angle multibeam systems using a homogeneous spherical lens for automotive

radar applications at 24 and 77 GHz. Also, a 24 GHz low-gain wide scan-angle antenna

system, based on this feed antenna, is presented.

2.1 Feed Antenna for Multibeam System

The best candidates for low-cost applications at 24 and 77 GHz are planar antennas.

Also, advances in the past 12 years allow for the design of low-loss circuits and transitions

which result in much lower cost than waveguide antennas and components. Planar anten-

nas may be divided into two classes: broadside and endfire antennas. Typical broadside

radiating elements are microstrip patches, printed dipoles, and slots [41–45]. All these el-

ements are resonant structures and yield low bandwidth and low gain. For a multibeam

antenna system using a spherical lens, an endfire feed antenna is much more suitable. Two

possible candidates at millimeter-wave frequencies are planar Yagi-Uda antennas [46–48]

and tapered-slot antennas (TSAs) [49].

2.1.1 The Tapered-Slot Antenna

The TSA is a traveling-wave antenna. This allows more wideband operation compared

to resonant structures (such as Yagi-Uda antennas). The phase velocity vph is lower than
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the speed of light c0 (as opposed to leaky-wave antennas with vph > c0), and the TSA’s

main beam is in the endfire direction [50]. A basic understanding can be found in Zucker’s

review [51]. The directivity of a traveling-wave antenna depends mostly on its length and

only minimally on its aperture. The aperture has to be larger than 0.5λ0 to ensure proper

radiation and low reflection at the end (opening) of the antenna. Typical numbers for

traveling-wave antennas are a directivity of D ∼= 10l/λ0 for 3λ0 ≤ l ≤ 8λ0 and c/vph
∼=

1.05 [52], where l is the length of the TSA. For very short TSAs, the input impedance

cannot be assumed to be matched to the feeding slotline and considerable reflections may

occur. For longer antennas, the coefficient multiplying l/λ0 decreases somewhat. For a

good estimate of the directivity from measured radiation patterns, it has been found [49]

that one needs to take co- and cross-polarized radiation pattern in E, H, and D-plane (45◦

tilted with respect to E- and H-plane) into account. Traveling-wave antennas are much less

susceptable to mutual coupling than resonant antennas, which makes it possible to place

them in close proximity to each other without disturbing the radiation pattern much. Also,

being a planar antenna, its physical cross-section is very small. Both are important features

for multibeam antenna systems as will be seen in Chapter 3. The size of few wavelengths

can be physically small at 24 GHz, and especially at 77 GHz.

2.1.2 Different Kinds of TSA

An antenna is in principle a transition from a guided wave to an unbounded wave or

vice versa. Ideally, this transition occurs without reflections. Looking at a typical TSA, this

definition is quite intuitive: the TSA is a slot in a ground plane, supported by a dielectric

substrate, which increases in width gradually in a certain fashion. As the width of the

slotline increases, the characteristic impedance increases as well, thus providing a smooth

transition to the free space characteristic impedance of 120π Ω.

Since 1979, there has been a number of publications that investigated the properties

of TSAs with different slotline geometries. The most common types are LTSA (linear

tapered slot antenna) [53–56], Vivaldi (exponential tapered slot antenna) [57–59], DETSA

(dual exponential tapered slot antenna or bunny-ear radiating element) [60–62], CWSA
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(a) (b) (c) (d) (e) (f)

Figure 2.1: Differently shaped tapered-slot antennas: (a) Fermi-TSA, (b)
Linear TSA, (c) Vivaldi TSA, (d) Dual exponential TSA, (e)
Constant width slot antenna, (f) Broken Linear TSA.

(constant width slot antenna) [56,63], BLTSA (broken linear tapered slot antenna) [64–66],

and FTSA (Fermi tapered slot antenna) [67,68] (Fig. 2.1).

All these types of TSA show different radiation patterns, also depending on the length

and aperture of the slot and the supporting substrate. In general, when compared on

the same substrate with the same length and aperture, the beamwidth is smallest for the

CWSA, followed by the LTSA, and then the Vivaldi. The sidelobes are highest for the

CWSA, followed by the LTSA, and then the Vivaldi [49]. The Vivaldi has theoretically the

largest bandwidth due to its exponential structure [52]. The BLTSA shows a wider −3 dB

beamwidth than the LTSA [67] and the cross-polarization in the D-plane (diagonal plane)

is about 2 dB lower compared to LTSA and CWSA [65]. The DETSA has a smaller −3 dB

beamwidth than the Vivaldi, but the sidelobe level is higher, although for higher frequency,

the sidelobes can be suppressed [62]. Also, the DETSA gives an additional degree of freedom

in design especially with regard to parasitic effects due to packaging. The FTSA exhibits

very low and fairly symmetric sidelobes in the E- and H-plane, but its −3 dB beamwidth

is larger than the BLTSA [67].
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Figure 2.2: Simulated H-plane radiation pattern with IE3D of an FTSA
with length of 5λ0 and aperture of 0.7λ0 at 24 GHz on a 381 µm
thick RT/Duroid substrate (εr = 2.2). The substrate is not
truncated.

2.1.3 Electromagnetic Simulation of TSAs

TSAs have been characterized analytically or with numerical methods [69–74]. Full

3-dimensional electromagnetic solvers like HFSS take a long time to complete a simula-

tion run because with a length of 3 to 8λ0, the simulated structure is electrically large.

2.5-dimensional solvers like IE3D, Momentum, or Sonnet are sufficiently fast, but they can-

not include a truncated dielectric layer. This means that one usually omits the dielectric

layer which requires the knowledge of the effective dielectric constant in order to scale the

circuit accordingly and still, the results will be somewhat inaccurate because the effective

dielectric constant changes along the tapered slotline. Another method is to consider the

dielectric layer as an infinite sheet, but this alters the simulated far-field radiation patterns

in the plane of the substrate (Fig. 2.2) and introduces a sharp pattern null on-axis. Also,

2.5-dimensional solvers have typically difficulties modelling slotlines and simulation results

should be carefully examined.

16



φ
θ
H-plane: φ = 0ο

E-plane: θ = 90ο

t
a

l

Figure 2.3: Configuration of an FTSA.

2.2 Design of Tapered Slot Antennas

The design of the feed antennas for this work meets certain constraints. First of all, the

length of the TSA should be as short as possible to keep the overall size of the antenna-lens

system small. Also, the aperture of the TSA should be small to be able to place many feed

antennas around a spherical lens and possibly achieve a −3 dB overlap of adjacent beams.

As will be seen in Chapter 3, it is discovered that the TSA aperture cannot be larger than

0.7 λ0 (for −3 dB overlap), and the −10 dB beamwidth needs to be within 60◦ to 100◦ (for

good coupling efficiency to the spherical lens).

The designed feed antennas are based on the TSA concept of Sugawara et al. [67] with

a Fermi taper (Fig. 2.3). It provides symmetric radiation patterns and low sidelobe level

in both, E- and H-plane, and its aperture is small. The taper of the slotline follows the

function:

y =
0.5a

1 + ebx+c
(2.1)

where a is the size of the aperture, and b and c are variables. In this work, b = 2.4/λ0 and

c = −3.

A TSA is sensitive to the thickness t and the dielectric permittivity ε of the support-

ing substrate. An accepted range for good operation of a TSA has been experimentally

determined by Yngvesson et al. [52] and is:

0.005 ≤ teff/λ0 ≤ 0.03 (2.2)

where teff is the effective thickness of the substrate defined as:

teff = t(
√
εr − 1). (2.3)
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For substrate thicknesses above the upper bound, the performance of the TSA is degraded

by substrate modes, while TSAs on substrates thinner than the lower bound suffer from

decreased directivity.

The supporting dielectric substrate for this work is RT/Duroid 5880 with a relative

dielectric constant of εr = 2.2 because it is relatively inexpensive, has very low dielectric

loss (tan δ = 0.001 at 10 GHz), and is easy to manufacture. Its low dielectric constant

is favorable for antenna design and allows substrate thicknesses which do not impose a

mechanical problem. Also, the commercially available thicknesses of this substrate (127 µm,

254 µm, 381 µm, ...) are suitable for the design of the surrounding microwave/millimeter-

wave circuits. Following 2.2, for a relative dielectric constant of 2.2, the limits of the

substrate thickness for good operation are 42 ≤ t ≤250 µm at 77 GHz, and 130≤ t ≤ 800 µm

at 24 GHz.

Since the pattern requirement of the feed antennas (between 60◦ - 100◦) is not very chal-

lenging, the design of the TSA is done experimentally by the fabrication and measurement

of different TSAs. The following antennas have been fabricated and tested:

• TSAs at 24 GHz with lengths l from 2 to 5λ0, following exactly the FTSA design

of Sugawara. The aperture is fixed at a = 0.7λ0 and the substrate thickness is

t = 381 µm.

• TSAs at 24 GHz with l = 2.5λ0, a = 0.7λ0, and t = 381 µm with different shapes of

slotline tapering in an effort to decrease the length of the TSA.

• An FTSA at 77 GHz with l = 5λ0, a = 0.7λ0, and t = 127 µm.

2.3 Microstrip Line-to-Slotline Transition

2.3.1 Slotline

A slotline is a planar transmission line first proposed by Cohn in 1968 [75]. It is a

thin slot in an infinite metallization layer supported by a dielectric substrate on one side

(Fig. 2.4(a)). The major electric field component is oriented across the slot in the plane of
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Figure 2.4: Configuration and field distribution of (a) slotline and (b) mi-
crostrip line.

the metallization. The magnetic field has a major longitudinal component and therefore,

the mode of propagation is almost transverse electric in nature.

The design formulas for the slotline used in this work are presented in Appendix A.

The maximum frequency of operation is limited by the cut-off frequency of the first higher

surface-wave mode (TE1) [76]:

fc,TE1 =
c0

4t
√
εr − 1

(2.4)

with c0 being the speed of light in free space. The slotline is a transmission line with

a relatively high characteristic impedance, and on a substrate with εr = 2.2 and metal

thickness of 17 µm, it is impossible to fabricate a slotline with Z0 = 50 Ω with a standard

fabrication process due to limitations in the minimum feature size. Therefore, the slotwidth

in the antenna feedline is always kept at 100 µm since this is the minimum feature size

that can be reliably realized. Table 2.1 gives an overview of the characteristic values of the

slotlines used in this work.

A slotline is a two-conductor waveguide with a differential structure. Therefore, in order

to transfer a signal from a single-ended source into a slotline, one needs a transformer or, in

other words, a transition from an unbalanced transmission line (microstrip) to a balanced
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Frequency of Operation [GHz] 24 77

Substrate thickness [µm] 381 254 254 127

Z0 [Ω] 112 113.3 147.6 148.7

εr,eff 1.39 1.35 1.43 1.34

fc,TE1 [GHz] 180 269 269 539

Table 2.1: Characteristic impedance, effective dielectric constant, and cut-
off frequency of a slotline with width w = 100 µm on a substrate
with εr = 2.2.

transmission line (slotline). Possible single-ended structures are waveguides, coaxial cables,

coplanar waveguide (CPW) lines, or microstrip lines. Microstrip lines have less loss com-

pared to CPW lines, and are much easier to fabricate on εr = 2.2 substrates with a copper

layer with a thickness of 17 µm due to the small gaps required in the CPW structures. The

other types of guiding structures are not planar and not applicable in this case.

2.3.2 Microstrip Line

A microstrip line is a two-conductor transmission line (Fig. 2.4(b)). One conductor is

an infinite plane metallization layer acting as the ground plane and the other conductor

is a line suspended at a certain distance above the ground plane using a thin dielectric

substrate. The presence of the dielectric-air interface modifies the mode of propagation in a

microstrip line to a non-TEM hybrid mode (HE0). However, the longitudinal components

of the E- and H-field are small and therefore, the departure from TEM behavior is minor

and one can generally speak of a quasi-TEM mode. Approximate formulas for the design

of microstrip lines are presented in Appendix A [77].

A microstrip line has no lower cut-off frequency since it is a quasi TEM structure.

Depending on the geometry, the maximum frequency of operation is limited by the frequency

at which significant coupling occurs between the quasi-TEM mode and the lowest order

surface-wave spurious mode (TM0), with the cut-off frequency of the next higher surface-

wave mode (TE1), or alternatively with the first higher-order mode (HE1) of the microstrip
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f [GHz] t [µm] W [µm] εr,eff Z0 ft [GHz] fc,TE1 [GHz] fc,HE1 [GHz]

24 381 300 1.74 102 173 180 223

24 381 1100 1.86 51.9 173 180 80.7

24 254 300 1.76 84.4 259 269 252

24 254 800 1.86 48.5 259 269 112

77 254 300 1.78 86.0 259 269 252

77 254 800 1.91 50.4 259 269 112

77 127 110 1.72 93.9 519 539 628

77 127 400 1.85 48.2 519 539 224

Table 2.2: Characteristic impedance, effective dielectric constant, and max-
imum frequency of operation of a microstrip line on a substrate
with εr = 2.2 and copper thickness of 17 µm.

line. Significant coupling to the TM0-mode occurs for frequencies higher than [78]:

ft =
c0
2πt

√
2

εr − 1
tan−1(εr). (2.5)

The cut-off frequency of the HE1 mode of the microstrip line is [78]:

fc,HE1
∼=

c0√
εr(2W + 0.8t)

. (2.6)

Table 2.2 gives an overview of the microstrip lines that are used in this work.

2.3.3 Microstrip Line-to-Slotline Transition

For a transition between microstrip line and slotline, the slotline is etched into the

ground metal layer of the microstrip line and is crossed out of plane by the microstrip

conductor in a right angle (Fig. 2.5(a)). The coupling of the fields between microstrip line

and slotline occurs through the magnetic field (Figs. 2.4(a) and 2.4(b)). The coupling is

strongest when the intersection occurs at a short circuit of the microstrip line (maximum

current) and an open circuit of the slotline.

Since short circuits in a microstrip line require via holes, it is easier to terminate the

microstrip line in an open circuit λg/4 from the transition intersection, where λg is the
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Figure 2.5: Schematic (a) and equivalent circuit (b) of the Microstrip line-
to-slotline transition.

guided wavelength in the microstrip line. For a wideband behavior, the termination is a

quarter-wave radial stub [79]. Similarly for the slotline, an open circuit requires the ground

metal layer to be truncated, which is impractical. Therefore, the slotline is terminated

with a short circuit and recessed from the intersection by λg/4, with λg being the guided

wavelength in the slotline. To increase the bandwidth, the quarter-wave termination is

realized in a circular disc [80], which is an approximation of an open circuit of a slotline.

The larger the radius of the disc the better will be the open-circuit behavior. Theoretically,

the circular disc will behave like a resonator. It is observed in [80] that the circular disc is

capacitive in nature, and it behaves as an open circuit, as long as the operating frequency

is higher than the resonance frequency of the disc resonator.

The microstrip line-to-slotline transition has been analyzed comprehensively by [81–

84] and studied experimentally [85]. A transmission line equivalent circuit developed by

Chambers [86] is shown in Fig. 2.5(b) with:

jXs = Z0s
jX0s + jZ0s tan(θs)
Z0s −X0s tan(θs)

(2.7)
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jXm = Z0m
1/jωC0c + jZ0m tan(θm)
Z0m − tan(θS)/ωC0c

. (2.8)

where X0s is the inductance of a shorted slotline, C0c is the capacitance of an open mi-

crostrip line, Z0s and Z0m are the characteristic impedances of slotline and microstrip line,

respectively, and θs and θm represent the electrical lengths of the extended portions of the

slotline and the microstrip line, respectively, measured from the center of the intersection.

2.4 Fabrication

All circuits described and measured in Chapters 2, 3, and 4 are fabricated on RT/Duroid

5880 substrate with a copper layer of 17 µm thickness on either side. The fabrication

process is a one-mask process with one lithography step. First, photo-sensitive resist is

spun onto the substrate. Then, the substrate is aligned to a mask and the pattern is

transferred by exposure to UV-light. The photosensitive resist is developed and then the

exposed areas of the copper are removed in a wet-etching process. Finally, the undeveloped

photosensitive resist is removed. The reader is referred to Appendix D for more details

about the fabrication process. The minimum feature size in this process is around 70 µm.

However, to ensure consistency, all fabricated circuits have features no smaller than 100 µm.

2.5 Measurements

2.5.1 Radiation Patterns

Pattern measurement setup at 24 and 77 GHz

The radiation pattern measurements at 24 and 77 GHz are all done in an anechoic

chamber to approximate conditions in free space (Fig. 2.6). Fig. 2.7 shows the schematic

of the measurement setup. At 24 GHz, a signal is generated at 12 GHz by a synthesizer,

up-converted to 24 GHz using a ×2 multiplier, and amplified to 23 dBm. At 77 GHz,

the signal is generated with a Gunn-diode with an output power of 16 dBm. Both signals

are transmitted through a standard gain horn antenna with 22 dB of gain. The signal is

received by the device under test (DUT). To detect the signal, a planar Silicon Schottky
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Figure 2.6: Photograph of the anechoic chamber for radiation pattern mea-
surements at the University of Michigan.

diode (Metelics MSS 30−148-B10) is mounted with electrically conductive epoxy (H20E,

Epoxy Technology) across a gap in the microstrip line (Fig. 2.8). For higher sensitivity,

the diode is DC-biased at 20 µA. Two λ/4-stub filters make sure that there is a current

maximum at the location of the diode detector and no leakage into the DC-path. The

transmitted signal is amplitude modulated at 1 kHz and the detected video signal is sent to

a lock-in amplifier. The signal-to-noise ratio at an integration time of 300 ms is limited by

the measurement chamber and the diode responsivity and is around 35 dB. The distance

between the transmitting and receiving antenna is around 3 m, satisfying well the far-field

condition (rff > 2D2/λ0, where in the worst case 2D2/λ0 = 1.32 m with D = 13λ0 for a

50 mm sphere at 77 GHz).

FTSA at 24 GHz from l = 2 to 5λ0

The influence of the length of the tapered slot on the radiation pattern is investigated

experimentally. The substrate is RT/Duroid 5880 with a thickness of 381 µm and a dielectric

constant of εr = 2.2. The size of the aperture is found to have little influence on the
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Figure 2.7: Schematic of the radiation pattern measurement setup at 24
and 77 GHz.
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Figure 2.8: Photograph of the diode detector and filter circuit used for ra-
diation pattern measurement.

radiation pattern and is fixed at a = 0.7λ0. Fig. 2.9 presents the measured E- and H-plane

radiation patterns at 24 GHz for co- and cross-polarization for FTSAs with lengths l = 2,

3, 4, and 5λ0. As expected, the gain increases with increasing length (Fig. 2.10). The

cross-polarization level is below −11 dB throughout all lengths of the FTSA.
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Figure 2.9: Measured E- and H-plane radiation patterns of co- and cross-
polarization of FTSAs built on 381 µm thick RT/Duroid 5880
substrate with lengths from l = 2 to 5λ0 at 24 GHz: (a) 2λ0,
(b) 3λ0, (c) 4λ0, (d) 5λ0.
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Figure 2.10: Measured −3 and −10 dB beamwidths of FTSAs built on
381 µm thick RT/Duroid 5880 substrate with lengths from
l = 2 to 5λ0 at 24 GHz.

Different TSA designs at 24 GHz with l = 2.5λ0

At 24 GHz, the TSAs are rather large and contribute substantially to the overall size

of an antenna-lens system. Therefore, different variations of the FTSA are tested in order
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Figure 2.11: Photograph of four different types of TSA with l = 2.5λ0 and
a = 0.7λ0.

to find a design which is shorter than the standard FTSA of Fig. 2.3, at the same time,

provide the same antenna gain and have symmetric patterns and low sidelobes as well as

low cross-polarization. Three designs are investigated (Fig. 2.11):

• A linear tapered-slot antenna (LTSA).

• An FTSA where 1.6λ0 of the slotline is taken away at the narrow end and then scaled

to the desired length. This design will be referred to as shortened FTSA.

• An FTSA where 1.6λ0 of the slotline is taken away at the narrow end and 0.8λ0 is

taken away at the wide end of the slotline. This design will be referred to as double-

shortened FTSA.
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Figure 2.12: Measured E- and H-plane radiation patterns of co- and cross-
polarization components of four different TSAs fabricated on
381 µm thick RT/Duroid 5880 substrate with length l = 2.5λ0

at 24 GHz: (a) FTSA, (b) LTSA, (c) shortened FTSA, (d)
double-shortened FTSA.

Fig. 2.12 shows the measured radiation patterns in E- and H-plane for co- and cross-

polarization of these three alternative TSA designs with an overall length of l = 2.5λ0. It

is clear that the LTSA and the double-shortened FTSA have −3 and −10 dB beamwidths

similar to the FTSA, indicating a similar directivity (Table 2.3). However, both designs

show sidelobes of −10 dB or higher in the H-plane which is about 4 dB higher than the

FTSA. Also, the level of cross-polarization is slightly higher in the E-plane and considerably

higher in the H-plane (≥ −10 dB as compared to −13 dB). The shortened FTSA design

shows greater directivity than the FTSA. In the H-plane, the sidelobe level is about 2 dB

higher compared to the FTSA and the cross-polarization level is below −10 dB.

From these measurements, it is seen that the FTSA is indeed a very good tapered-slot

antenna design with symmetric radiation patterns in E- and H-plane, low cross-polarization

level and low sidelobes (Sugawara et al. have done a good job). The shortened FTSA is

not exactly as well-natured but has higher gain which can be a good compromise when size

is a critical issue. The LTSA and the double-shortened FTSA are not competitive for the

purposes of this work. Fig. 2.13 shows the measured radiation patterns of a 2.5λ0 shortened
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Beamwidth −3 dB −10 dB

Type of TSA E-plane H-plane E-plane H-plane

FTSA 46◦ 45◦ 100◦ 71◦

LTSA 43◦ 47◦ 106◦ 68◦

Shortened TSA 38◦ 48◦ 90◦ 68◦

Double-shortened TSA 44◦ 46◦ 113◦ 68◦

Table 2.3: Measured −3 and −10 dB beamwidths of four different TSAs
built on 381 µm thick RT/Duroid 5880 substrate with l = 2.5λ0

at 24 GHz.

0

30150

120
90

60

180

-150

-120
-90

-60

-30

-10-20

E-plane

0

30150

120
90

60

180

-150

-120
-90

-60

-30

-10-20

H-plane

Figure 2.13: Polar plot of the measured radiation patterns of the 2.5λ0

shortened FTSA at 24 GHz.

FTSA at 24 GHz in a polar plot with very good front-to-back ratio.

Shortened FTSA with l = 2.5λ0 st 24 GHz measured from 16 to 27 GHz

In order to verify that the TSA is indeed a wideband antenna, the radiation patterns of

the shortened FTSA with a length of l = 2.5λ0 at 24 GHz are measured from 16 to 27 GHz

31



90300-60-90
Angle (deg.)

-30 60

-20

0

 N
or

m
al

iz
ed

 P
ow

er
 (

dB
)

-10

E-plane
16 GHz

Angle (deg.)

-20

0

 N
or

m
al

iz
ed

 P
ow

er
 (

dB
)

-10

H-plane

18012090300 60 150

16 GHz

(a)

90300-60-90
Angle (deg.)

-30 60

-20

0

 N
or

m
al

iz
ed

 P
ow

er
 (

dB
)

-10

E-plane
20 GHz

Angle (deg.)

-20

0

 N
or

m
al

iz
ed

 P
ow

er
 (

dB
)

-10

H-plane

18012090300 60 150

20 GHz

(b)

(Fig. 2.14). The results show that the shortened FTSA design is a very wideband antenna

with a cross-polarization level as well as a sidelobe level below −10 dB throughout the entire

measured frequency range in E- and H-plane. The −3 and −10 dB beamwidths (Fig. 2.15)

are larger for lower frequencies and smaller for higher frequencies, which is expected, since

the antenna becomes electrically larger as the frequency of operation increases.
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Figure 2.14: Measured E- and H-plane radiation patterns of co- and cross-
polarization components of the shortened FTSA fabricated on
381 µm thick RT/Duroid 5880 substrate with length l = 2.5λ0

at 24 GHz for different frequencies: (a) 16 GHz, (b) 20 GHz,
(c) 27 GHz.

26242216
Frequency (GHz)

60

 B
ea

m
w

id
th

 (
de

g.
)

140

100 -10 dB

-3 dB

E-plane
H-plane

18 20

Figure 2.15: Measured −3 and −10 dB beamwidths of the shortened FTSA
fabricated on 381 µm thick RT/Duroid 5880 substrate with
length l = 2.5λ0 at 24 GHz for different frequencies.
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Figure 2.16: Measured radiation patterns in E- and H-plane of co- and
cross-polarization of FTSA built on 127 µm thick RT/Duroid
5880 substrate with lengths of l = 5λ0 at 77 GHz.

FTSA at 77 GHz with l = 5λ0

To verify that the FTSA design works also well at 77 GHz on an εr = 2.2 substrate

with thickness t = 127 µm, an FTSA with length l = 5λ0 is fabricated and measured. The

radiation patterns are shown in Fig. 2.16. The measured −3 dB and −10 dB beamwidths

are 38◦ and 76◦ in the E-plane, and 27◦ and 70◦ in the H-plane, respectively. The cross-

polarization level is below −10 dB as well as the sidelobe level. These results agree very

well with the measured radiation patterns of the 5λ0 long FTSA at 24 GHz on 381 µm

thick substrate.

2.5.2 Microstrip Line-to-Slotline Transition Measurement

K and W-band on-wafer measurements

The S-parameter measurements are done using an HP8510 vector network analyzer

(VNA) and the Through-Reflect-Line (TRL) on-wafer calibration technique is used to de-

embed all the transitions and parasitics from the waveguide or coaxial cable to the CPW

probe launchers and the transmission-line itself, up to a predetermined reference plane. The

software used is MULTICAL developed by NIST [87] and it calculates the best set of cal-

ibration coefficients based on the measured line responses. It allows easy characterization
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Figure 2.17: Back-to-back Microstrip line-to-slotline configuration used for
S-parameter measurements.

of the effective dielectric constant and the loss of the calibration lines. According to MUL-

TICAL, the loss of a 50 Ω microstrip line on a 381 µm thick RT/Duroid 5880 substrate at

24 GHz is 0.015 dB/mm and the loss on a 127 µm thick substrate at 77 GHz is 0.06 dB/mm.

S-Parameter Measurement Results

The characterization of microstrip line-to-slotline transitions for 24 and 77 GHz on differ-

ent substrates is done in a back-to-back configuration (Fig. 2.17). This makes measurement

and calibration much easier. The S-parameter measurement results therefore include two

microstrip line-to-slotline transitions and a short section of slotline (2300 µm at 24 GHz and

1100 µm at 77 GHz). Measurements with slotlines of different length indicate that the loss

in the slotline is about 0.063 dB/mm at 24 GHz and 0.25 dB/mm at 77 GHz. The reference

plane of the measurements is shifted close to the transition to get accurate values. Four

microstrip line-to-slotline transitions with a slotline width of ws = 100 µm are designed

and measured at 24 and 77 GHz, on 381, 254, and 127 µm thick substrates with εr = 2.2

(Fig. 2.18).

At 24 GHz, the length of the quarter-wave microstrip line stub lm is 1650 µm and its

opening angle is 60◦. The circular termination of the slotline has a radius Rs of 685 µm. At

77 GHz, the length of the quarter-wave microstrip line stub lm is 600 µm with an opening

angle of 60◦. The radius Rs of the circular termination of the slotline is 250 µm.

24 GHz on 381 µm thick substrate (Fig. 2.18(a)): The width of the microstrip line wm
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Frequency [GHz] 24 77

Substrate thickness [µm] 381 254 254 127

wm/ws [µm/µm] 300/100 300/100 220/100 110/100

Loss per transition [dB] 0.43 0.18 0.86 0.46

Range of frequency [GHz - GHz] 12 - 33 10 - 27 70 - 100 70-110

Table 2.4: Summary of microstrip line-to-slotline transitions.

is 300 µm. The reflection coefficient is below −10 dB from 10 to 40 GHz with a small

peak of −9 dB around 33 GHz. The transmission coefficient is around −1.0 dB from 12 to

30 GHz, resulting in an insertion loss of −0.43 dB per transition. The drop at 22 GHz is

attributed to the fact that at this frequency the two transitions are exactly λg/4 apart from

each other. It has been found experimentally that the choice of the widths for microstrip

line and slotline is not very critical. Similar results have been achieved for wm/ws-pairs of

220/200 µm and 220/100 µm.

24 GHz on 254 µm thick substrate (Fig. 2.18(b)): wm is 300 µm. The reflection coeffi-

cient is below −14 dB from 10 to 40 GHz. The transmission coefficient is around −0.5 dB

from 10.5 to 28 GHz with a drop to −1.0 dB at 16 GHz. This results in an insertion loss

of 0.18 dB per transition. In this design, it has been found experimentally that values for

the line widths are more critical and wm/ws-pairs of 220/200 µm and 220/100 µm show a

drop in the transmission coefficient of more than 0.25 dB per transition.

77 GHz on 254 µm thick substrate (Fig. 2.18(c)): With wm = 220 µm, the reflection

coefficient is less than −10 dB from 70 to 100 GHz. The transmission coefficient is around

−2.0 dB from 70 to 89 GHz and drops to around −4.0 dB at 105 GHz. This results in an

insertion loss of 0.86 dB per transition at 77 GHz.

77 GHz on 127 µm thick substrate (Fig. 2.18(d)): The measured reflection coefficient

with wm = 110 µm is below −10 dB from 70 to 110 GHz. The transmission coefficient

is around −1.2 dB up to 85 GHz and drops to −2.8 dB at 110 GHz. This results in a

transmission loss per transition of 0.46 dB at 77 GHz.
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Figure 2.18: Measured S-parameters of microstrip line-to-slotline transi-
tions on RT/Duroid 5880 substrate designed for 24 GHz on
(a) 381 µm substrate and (b) 254 µm substrate and 77 GHz
on (c) 254 µm substrate and (d) 127 µm substrate (see Ta-
ble 2.4 for details).

2.5.3 S11 Measurement of TSAs

Knowing that the microstrip line-to-slotline transition works well over a wide frequency

band, the reflection coefficient of two different antennas including the transition from mi-

crostrip line to slotline is measured:

• a shortened FTSA at 24 GHz with l = 2.5λ0 on 381 µm thick substrate.
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Figure 2.19: Measured reflection coefficient of (a) a shortened FTSA with
l = 2.5λ0 at 24 GHz on a 381 µm substrate and (b) an FTSA
with l = 5λ0 at 77 GHz on a 127 µm substrate.

• an FTSA with l = 5λ0 at 77 GHz on 127 µm thick substrate.

The reflection coefficient of a shortened FTSA with l = 2.5λ0 at 24 GHz is shown in

Fig. 2.19(a). With S11 better than −10 dB, the antenna with transition from microstrip

line-to-slotline is well matched from 11 to 40 GHz. The FTSA with l = 5λ0 at 77 GHz

(Fig. 2.19(b)) has a reflection coefficient below −12 dB from 70 to 90 GHz. It stays below

−8 dB to almost 110 GHz.

2.5.4 Absolute Gain Measurement

The absolute gain of different TSAs is measured using the setup shown in Fig. 2.20. A

signal is generated and transmitted through an antenna which is placed at a distance R

from a receiving antenna. Both antennas are pointed directly at each other. The gain of the

tested antenna (DUT) can be calculated if the gain of the other antenna, the transmitted

power, and the received power is known, using the Friis transmission formula:

Pr

Pt
=
G1G2λ

2

(4πR)2
(2.9)
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Figure 2.20: Schematic of the absolute gain measurement setup at 24 and
77 GHz.

with Pr and Pt being the received and transmitted power, G1 and G2 the gains of the

transmitting and the receiving antenna and R the physical separation.

At 24 GHz, a signal at 12 GHz is generated by a synthesizer, doubled in frequency, and

amplified. The signal is transmitted through a standard gain horn antenna and received

by the tested antenna. The gain G1 is calculated from the measured radiation pattern

according to:

G1 =
1802

Θ−3dB EΘ−3dB H
(2.10)

where Θ−3dB E and Θ−3dB H are the −3 dB beamwidths in degrees in E- and H-plane,

respectively, and is 21.2 dB at 24 GHz. The output power and received power is measured

with a spectrum analyzer. The measured absolute gain of the antenna is de-embedded from

the losses in the slotline-to-microstrip line transition and in the microstrip line. At 24 GHz,

the measured absolute gain of an FTSA with l = 5λ0 and a = 0.7λ0, built on a 381 µm

thick substrate, is 10.9 dB. It is estimated that this gain is accurate to ±0.75 dB due to the

inaccuracy in 3.30 and in the spectrum analyzer power reading.

2.6 Wide Scan-Angle 24 GHz Tapered-Slot Antenna Array

For certain automotive applications like parking aid and military radars, a wide scan

angle is desirable and at the same time high resolution is not required. With the tapered slot

antennas described in this chapter, a simple, low-cost, and highly reliable antenna system

can be designed that suits these applications.
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Figure 2.21: The schematic of a wide scan-angle, low-resolution antenna
system: (a) topview, (b) sideview.

2.6.1 Concept

Depending on the desired resolution and cross-over level of adjacent antenna beams, 8

to 16 TSAs can be arranged in a circular fashion (Fig. 2.21). The antennas are pointing

outwards, away from the center of the circle. The TSAs can be fed by a coaxial cable which

is connected to an SPNT switch-MMIC in the center of the circuit. Beam-scanning of 360◦

in the horizontal plane is achieved by switching between the different antennas elements.

2.6.2 Design Challenges

The main challenge with this antenna system is to minimize the coupling between the

antennas which will degrade the radiation patterns. The coupling between the tapered slots

is not a critical issue because the TSAs are not very closely spaced. Since the TSAs are
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pointing outwards, the distance is large especially where the fields are only loosely confined

in the wide slots. The main source of coupling is actually in the microstrip feedlines.

Coupling is high at the center of the circuit because the switch is a small MMIC and the

microstrip lines are very close to each other when connected to the switch. Also, bends in the

microstrip line which are necessary for the microstrip line-to-slotline transitions can launch

substrate modes when not well designed. Coupling between closely spaced microstrip lines

can be reduced by metallic walls between the lines. These can be implemented by embedding

the substrate in a metallic support structure with groves for each feed line.

The losses due to bends in the microstrip lines are studied experimentally. Taking a

straight line with width w = 240 µm (Z0 = 100 Ω) as a reference, the transmission coefficient

of an equally long line with a 90◦ bend is measured. On 254 and 381 µm thick substrates,

four different bends are investigated:

• a 90◦ abrupt bend with the corner chamfered such that the slanted edge is
√

2w.

• curved 90◦ bends with radius R = 1, 2, and 3 mm.

On a 254 µm thick substrate, the lowest loss (0.045 dB) at 24 GHz is achieved with the

curved 90◦ bend with R = 3 mm (Fig. 2.22). The curved bend with R = 2 mm and the

abrupt bend contribute about 0.055 dB of loss and the curved bend with R = 1 mm has

the highest loss with 0.095 dB. Bends on thicker substrate exhibit higher loss because the

field lines are less confined under the microstrip line. As a comparison, the transmission of

the abrupt bend on 381 µm thick substrate is presented with S21 = −0.13 dB at 24 GHz.

From these results, an 8-beam antenna array on a 254 µm thick substrate is designed

(Fig. 2.23). Since no SP8T switch was available, the radiation patterns are measured

with individual diode detectors and a scan angle of only 180◦ is realized due to the space

requirement of the additional circuitry. This, however, eliminates the problem of closely

spaced microstrip feedlines. Eight 3λ0-long shortened FTSAs with an aperture of a = 0.7λ0

as antenna elements are placed with an angular distance of 22.5◦ so as to cover a 180◦

field of view. The curvature of the microstrip feedlines is kept no smaller than 3 mm.

The two circular holes in the substrate are necessary for further investigation presented in

Section 2.6.4.
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Figure 2.22: Losses due to bends in 100 Ω microstrip lines on 254 µm thick
RT-Duroid 5880 substrate and comparison with 381 µm thick
substrate.

2.6.3 Radiation Patterns

The measured E-plane radiation patterns are shown in Fig. 2.24(a). Only the patterns

of four antenna beams from 0 to 90◦ are measured and the data is reflected about 0◦ to

show the ±90◦ coverage. With a −3 dB beamwidth of 29◦, the cross-over of adjacent beams

occurs at the −2 dB level and sidelobes of −8 dB are measured at about ±40◦ off the

center of each antenna beam. It is conjectured that the increase in the sidelobe level is

due to coupling between the microstrip lines at the feed. The measured H-plane patterns

(Fig. 2.24(b)) are similar for all antenna elements. The −3 and −10 dB beamwidths are 31◦

and 64◦, respectively, and there are sidelobes of −12 dB, ±50◦ off the center of the beam.

To demonstrate the negative effect of coupling through microstrip feedlines, the mea-

sured E-plane radiation patterns of a similar array on a 381 µm thick substrate with badly

designed feedlines is presented in Fig. 2.25. From this example, the importance of the good

design of the microstrip line bends is quite obvious.

2.6.4 Gain Improvement with Biconical Reflector

In a slightly different effort as in [88, 89], and to increase the directivity of the an-

tennas and to improve the H-plane radiation pattern while keeping the horizontal dimen-
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Figure 2.23: Photograph of the 24 GHz 180◦ 8-beam array: (a) feedlines
and (b) FTSAs.

sions the same, a biconical reflector is added to imitate a horn-like antenna in the H-plane

(Fig. 2.26) [90]. The opening angle is 50◦ and the lateral dimensions coincide with the

substrate. The measured radiation patterns in E-plane (Fig. 2.27(a)) exhibit a −3 dB

beamwidth of 26◦ and the cross-over of adjacent beams occurs at the −2.5 dB level. The

sidelobe level is only −6 dB, and compared to the array without a reflector, the depth of

the nulls between main beam and sidelobes is greatly increased. In the H-plane, the −3 and

−10 dB beamwidths are 35◦ and 68◦, respectively, and the sidelobe level is below −20 dB.

The measured gain is increased by 10%.

It is concluded, that with a biconical reflector on both sides of the antenna array there

is no significant improvement in gain achievable while keeping the horizontal dimensions
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Figure 2.24: Measured radiation patterns at 24 GHz of the 180◦ 8-beam
array: (a) E-plane and (b) H-plane.
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Figure 2.25: Measured E-plane radiation patterns at 24 GHz of a 180◦ 8-
beam array: the degradation of the pattern is due to coupling
through badly designed bends in the microstrip feedlines.

the same. The improvement in radiation pattern in the H-plane is counteracted by the

degradation in the E-plane. The final word is not yet written on TSAs with biconical

reflectors and clearly more research is needed for optimal performance.
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Figure 2.26: Schematic of the wide scan-angle array with cone-shaped re-
flectors.
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Figure 2.27: Measured radiation patterns at 24 GHz of the 180◦ 8-beam
array with 25◦ biconical reflector: (a) E-plane and (b) H-plane.

45



CHAPTER 3

Wide Scan-Angle Spherical Lens Antennas (24 and 77 GHz)

In this chapter, a theoretical analysis of an antenna lens system using a homogeneous

spherical lens is presented. This analysis is done in collaboration with X. Wu and G.V.

Eleftheriades at the University of Toronto, Canada. Next, using the results from Chapter 2,

such an antenna-lens system is realized and experimentally evaluated. This system is then

expanded to different multibeam antenna-lens systems with a measured field of view of up

to 180◦.

3.1 Simulation

3.1.1 Simulation Theory

Referring to the conventions in Fig. 3.1, the normalized paraxial focal length of a spher-

ical lens is given by [91]:
FO

R
=

n

2(n− 1)
(3.1)

where n is the refractive index of the lens material. The refractive index is connected to

the dielectric constant simply through n =
√
εr. However, (3.1) holds true only for rays

going through the center of the lens and is approximately true for small angles of θ. For

large angles of θ, the deviations are considerable. This is obvious in Fig. 3.1, where the

focal length for three different dielectric constants is related to the angle of incidence. The

calculation is done using ray-tracing techniques, applying Snell’s laws of diffraction.

Equation (3.1) gives also a practical limit of the maximum relative dielectric constant
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Figure 3.1: Normalized focal length as a function of the angle of incidence
for spherical lenses with different dielectric constants.

of the lens material. For values greater than 4, the focal point lies within the lens itself

and is therefore of no use for this work. The dielectric constants considered in Fig. 3.1 are

therefore the three most interesting lens materials at 24 and 77 GHz with values below 4:

Teflon (εr = 2.08), Rexolite (εr = 2.54), and Quartz (εr = 3.78). The maximum angle of

incidence which guarantees that the normalized focal length be greater than one (in order to

ensure that the focus lies outside the lens) is 87◦, 74◦, and 27◦ for relative dielectric constants

of 2.08. 2.54, and 3.78, respectively. Since it is desirable to have good illumination over an

extended portion of the spherical lens, a small dielectric constant material is better suited

as the lens material.

Fig. 3.2 shows the ray-tracing from a point source at a distance d from the edge of

a Teflon spherical lens. In order to achieve diffraction-limited patterns, which means a

maximum directivity, whose limit is given by the size of the aperture (the maximum area of

the lens: A = R2π), the exit angle θe should be as small as possible for all input angles, θs.
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Figure 3.2: Exit angle θe as a function of the input angle θs for a Teflon
spherical lens for different d/R.

This is achieved for d/R between 0.4 and 0.5. Note that the optical paraxial focal position

is d/R = 0.63 for the Teflon case. From this calculation, it is obvious that the optimal feed

position for achieving maximum directivity does not coincide with the paraxial focus.

To calculate the far-field pattern, a universal class of feeds is first chosen with gain

patterns defined by:

G(θ) =

 2(m+ 1) cosm θ 0 ≤ θ ≤ π/2

0 π/2 < θ ≤ π
(3.2)

Assuming that the feed source pattern is y-polarized (Fig. 3.3), the incident field pattern

can be expressed as:

Es = êi

√
G(θ) (3.3)
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where êi is a unit vector perpendicular to r̂ (r̂ is the radial unit vector) and parallel to the

plane formed by r̂ and ŷ, and is:

êi = (r̂ × ŷ)× r̂/ sinψ = (ŷ − cosψr̂)/ sinψ (3.4)

where ψ is the angle between r̂ and ŷ. The electric field components can then be written

as:

Es
θ = (êi · θ̂)|Es| = cos θ sinφ√

1− sin2 θ sin2 φ

√
2(m+ 1) cosm/2 θ (3.5)

Es
φ = (êi · φ̂)|Es| = cosφ√

1− sin2 θ sin2 φ

√
2(m+ 1) cosm/2 θ (3.6)

For a −10 dB beamwidth of 80◦, m = 9 and the directivity is 13 dB.

The geometry of the problem is shown in Fig. 3.3. In this case, each ray encounters two

diffractions before escaping out of the spherical lens, i.e. the first one from the source point

S to the first trace point P, and then from point P to the second trace point Q (Fig. 3.3).

In order to solve the ray tracing problem, first the maximum value of the input angle θs is

defined according to:

θs ≤ θm = sin−1

(
R

R+ d

)
(3.7)

The other pertinent angles in Figure 3.3 can then be expressed in terms of θs as follows:

θ1 = sin−1

(
sin θs

sin θm

)
(3.8)

θc = θ1 − θs (3.9)

θ2 = sin−1

(
sin θ1
n

)
(3.10)

θ′ = 2θ2 − θc (3.11)

The perpendicular and parallel polarization components of the electric field at point Q

outside the lens are:

E⊥ = Es
φ

e−jk0r1

r1
T⊥(P )e−jk0nr2 ·DF · T⊥(Q) (3.12)

E‖ = Es
θ

e−jk0r1

r1
T‖(P )e−jk0nr2 ·DF · T‖(Q) (3.13)

where Es
φ, Es

θ are the source field patterns, as found from (3.5) - (3.6). Furthermore,

T⊥, T‖ are the perpendicular and parallel Fresnel transmission coefficients at points P, Q,
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respectively. Also, r1, r2 are the distances from point S to point P, and from point P to

point Q, respectively:

r1 = SP = R
sin θc

sin θs
(3.14)

r2 = PQ = 2R cos θ2 (3.15)

In addition, DF is the divergence factor which can be calculated for the spherical surface

as [92]:

DF =
1√

1 +
r2
R1

1√
1 +

r2
R2

(3.16)

R1 = n cos2(θ2)
(

cos2 θ1
r1

− n cos θ2 − cos θ1
R

)−1

(3.17)

R2 =
(

1
nr1

− n cos θ2 − cos θ1
nR

)−1

(3.18)

The electric and magnetic fields outside the spherical lens can then be represented by:

E = E‖t̂r + E⊥φ̂ (3.19)

H = n̂t ×E
√
ε0
µ0

(3.20)
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where t̂r is the polarization of the parallel transmitted field, φ̂ is the polarization of the per-

pendicular transmitted field and n̂t is the direction of propagation of the transmitted field.

As before, once the electric and magnetic fields have been found just outside the sphere,

the corresponding equivalent electric and magnetic current densities can be calculated as:

J = r̂ ×H = (−E‖θ̂ − cos θ1E⊥φ̂)
√
ε0
µ0

(3.21)

M = −r̂ ×E = E⊥θ̂ − cos θ1E‖φ̂ (3.22)

In the far-field, the transverse electric field can be calculated using standard diffraction

integrals over the closed spherical surface just outside the lens.

3.1.2 Spherical-Lens Characterization

The characterization strategy adopted in this work is to determine the optimum ratio

d/R in terms of system radiation efficiency. The radius of the spherical lens is fixed to

R = 25 mm aiming at a system directivity of Dsys = 30 dB at 77 GHz (R/λ0 = 6.5). The

system directivity is calculated from:

Dsys =
4πUmax

Prad
(3.23)

where Umax is the maximum radiation intensity and Prad is the power radiated by the feed

pattern. The corresponding system efficiency is defined as:

ηsys =
Dsys

(2πR/λ0)2
(3.24)

The system efficiency can be decomposed according to ηsys = ηrηsηt, where ηs is the

spillover efficiency, ηr is the reflection efficiency through the spherical lens and ηt is the taper

efficiency over the spherical lens. The taper efficiency accounts for both, the non-uniform

amplitude and phase distribution on the lens. These efficiencies can be calculated by:

ηs = Pin/Prad (3.25)

ηr = Ptr/Pin (3.26)

ηt =
4πUmax/Ptr

(2πR/λ0)2
(3.27)
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where Pin and Ptr are the incident power on the spherical lens surface and the transmitted

power through the spherical lens surface, respectively.

Teflon Lenses: Figure 3.4 presents the simulated system efficiency and its breakdown

as a function of d/R for Teflon spherical lenses (εr = 2.08). Three different feed patterns

with m = 5, 9 and 16 are used corresponding to −10 dB beamwidths of 100◦, 80◦ and 60◦,

respectively. The optimum d/R which yields the best system efficiency is 0.3-0.4, and the

corresponding system efficiencies for feed beamwidths of 100◦, 80◦, 60◦ are 51%, 54% and

52%, respectively. The maximum system efficiency is achieved with a feed beamwidth of

80◦ and represents the best compromise between the taper and spillover efficiencies. The

reflection efficiency is better than 90% due to the low dielectric constant of the Teflon,

indicating that an anti-reflection coating is not necessary for most applications. Note that

the 100◦-beamwidth antenna results in optimal efficiency at d/R = 0.3 due to the rapid

decline in its spillover efficiency.

Figure 3.5 shows the −3 dB beamwidth and first sidelobe level of the far-field radiation

pattern from the Teflon spherical lens. As expected, a wider feed pattern results in a more

uniform illumination, leading to a narrower beamwidth and a higher sidelobe level. The

focal point of the lens may be defined as the feed point which yields diffraction-limited

patterns, that is, a flat phase within the main lobe and a phase reversal in the sidelobes.

This is observed at d/R = 0.5 for all three cases, and therefore the spherical lens has

a shorter focal length for antenna applications than what paraxial optics would predict

(d/R = 0.63). Another way to determine the diffraction-limited position is to find the

position which yields the lowest sidelobe level (Fig. 3.5(b)). However, a lens with the feed

placed at the diffraction-limited position does not necessarily imply an optimum efficiency

due to the effect of the spillover loss. An excellent compromise between diffraction-limited

performance and maximum efficiency is achieved at d/R = 0.4 for feed antennas with a

−10 dB beamwidth of 80◦.

The spherical lens does not have a constant focus as seen in Fig. 3.1. As a result, the

system efficiency will depend on the radius of the spherical lens since the phase distribution

on a spherical surface is different for lenses with different radii. Fig. 3.6 shows the system

efficiency of the Teflon spherical lens as a function of R/λ0, with the feed placed at d/R =
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Figure 3.4: Efficiency breakdown of a Teflon spherical lens for different
beamwidths of the feed antenna: (a) overall efficiency, (b) taper
efficiency, (c) spillover efficiency, and (d) reflection efficiency.

0.4. The spillover and reflection efficiencies remain constant with the radius R. It is clear

from Fig. 3.6 that Teflon spherical lenses with a diameter larger than 30-40λ0 should be

avoided [91]. The maximum corresponding gain using a Teflon lens is 36-38.5 dB for a feed

beamwidth of 80◦.

It is interesting to investigate the effects associated with the phase of the feed pattern.

This is especially important for the tapered-slot antenna. For this purpose, an extra phase
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with d/R = 0.4 (Teflon), 0.15 (Rexolite), and 0.0 (Quartz).

distribution is introduced in the feed pattern:

Es′
θ,φ = ejA sin θEs

θ,φ (3.28)

where Es
θ,φ is defined in (3.5) and (3.6), and A is a constant used to control the phase error.
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Figure 3.7 shows the system efficiency, −3 dB beamwidth, and the first sidelobe level for

an 80◦ beamwidth feed antenna with various phase errors, ξ, defined at the −10 dB feed

pattern level. Accordingly, the constant A can be written as:

A = ξ/ sin θ−10dB (3.29)

where θ−10dB is the elevation angle which corresponds to the −10 dB level in the feed

pattern.

The spillover and reflection efficiencies are independent of the feed phase. The results

clearly indicate that a positive phase distribution of the feed pattern can partly compensate

for spherical aberration, leading to a better overall performance. This also results in a

reduced optimum feed distance, leading to a more compact system. However, a positive

phase distribution does not correspond to any practical feed antenna, since it actually

implies a focused beam incident on the lens. Unfortunately, most planar antennas have

a negative phase distribution, and should be limited to ξ = −45◦ if good performance is

desired.

Rexolite and Quartz Lenses:

Figures 3.8 and 3.9 show the simulated system efficiency and beamwidth as a function of

d/R for a Rexolite spherical lens (εr = 2.54). The feed patterns use m = 3, 5, 9 correspond-

ing to −10 dB beamwidths of 120◦, 100◦ and 80◦. The optimum d/R is 0.1-0.2 for the best

system efficiency. The reflection efficiency is 0.87-0.90 for all three cases. The corresponding

system efficiencies for feed beamwidths of 120◦, 100◦, 80◦ are 52%, 55% and 53%, respec-

tively. The diffraction-limited pattern occurs at d/R = 0.2 for all feed antennas. Therefore,

a position of d/R = 0.16-0.2 results in excellent performance for a feed beamwidth of 100◦,

and the Rexolite lens leads to a more compact structure than the Teflon lens. However, it

is more expensive to build and has a higher dielectric loss at millemeter-wave frequencies.

Figure 3.10(a) shows the simulated system efficiency for a Quartz spherical lens (εr =

3.78), with the feed patterns of 140◦, 120◦ and 100◦ (m = 2, 3, 5). Notice that the focal

point is just outside the lens (d/R = 0). The optimum system efficiency is 52% for a

120◦ beamwidth. The reflection efficiency is 78% for the 120◦ feed pattern. As shown in

Fig. 3.10(b), diffraction-limited pattern for all three feed patterns occurs at a position at
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Figure 3.7: Effects of the phase of the feed pattern on (a) efficiency, (b)
−3 dB beamwidth, and (c) sidelobe-level for a Teflon spherical
lens and a feed pattern beamwidth of 80◦.

d/R = 0.0.

The effects of a phase distribution in the feed pattern for a Rexolite or a Quartz lens

are similar to the Teflon lens. The system efficiency can be improved by using a feed with

positive phase distribution. However, if a feed antenna with a negative phase distribution is

used, then the phase error should be kept at below −45◦ (Rexolite) and −90◦ (Quartz) at

the −10 dB level. Detailed calculations are presented in [93]. Finally, Fig. 3.6 shows that
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Figure 3.9: (a) −3 dB beamwidth and (b) first sidelobe-level as a function
of d/R of a Rexolite spherical lens for different beamwidths of
the feed antenna.

one can use Rexolite and Quartz lenses up to a maximum of D/λ0 = 28−32. The system

efficiency drops quickly at larger R/λ0 due to spherical abberations.

A comparison between Teflon, Rexolite, and Quartz spherical lenses is shown in Ta-

ble 3.1. All lenses exhibit similar efficiency and beamwidths when well designed. The

Quartz lens presents the limiting case (d/R = 0), and therefore results in the most com-
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Figure 3.10: (a) System efficiency and (b) −3 dB beamwidth and sidelobe
level as a function of d/R for a Quartz spherical lens antenna
for different beamwidths of the feed antenna.

Teflon Rexolite Quartz

(εr = 2.08) (εr = 2.54) (εr = 3.78)

Optimum d/R 0.4 - 0.5 0.16 - 0.2 0.0

Optimum Feed Beamwidth 80◦ 100◦ 120◦

Efficiency (%) 54 55 52

Beamwidth 5.7◦ 5.6◦ 5.5◦

Sidelobe level (dB) -19 -18 -18

Maximum R/λ0 20 14 16

Maximum Gain (dB) 38.5 35.4 36.6

Table 3.1: Comparison of Teflon, Rexolite, and Quartz spherical lenses. All
data is for optimum system efficiency.

pact system, but is very expensive to produce. A Teflon or Rexolite lens is an excellent

compromise for millimeter-wave applications.

When designing a multibeam antenna for radar applications one often wants adjacent

antenna beams to overlap at the level of −3 or −6 dB. The achievable −3 dB beamwidth
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at 77 GHz with a lens diameter of 50 mm in the simulated cases for Teflon, Rexolite, and

Quartz, is around 5.5◦ when placing the feed antennas at the optimum d/R. This translates

into a distance between adjacent antennas of 0.6λ0, 0.72λ0, and 0.9λ0. This is independent

of frequency and is true for other lens sizes, as long as the efficiency is around 50%, since the

directivity scales approximately with the aperture size (up to a diameter of about 30 λ0).

In addition, the physical distance between the lens and the feed antennas may be less than

the simulated result, since the calculations refer to the phase center of the feed antennas,

which may not coincide with the physical aperture of the feed antennas. Since Rexolite and

especially Quartz put a hard constraint on the location of the feed antennas, the best lens

material for multibeam systems is Teflon.

3.2 TSA with Spherical Teflon Lens

3.2.1 Radiation Pattern Measurements

Single Feed Antenna with Spherical Teflon Lens

The antenna-lens system is characterized at 77 GHz, using a spherical Teflon lens with

R = 25 mm (R/λ0 = 6.42) and an FTSA with l = 5λ0 and an aperture of a = 0.7λ0 as

feed antenna. This feed antenna is characterized in Chapter 2.5.1 and shows a −10 dB

beamwidth of around 73◦. The lens is fabricated using a standard CNC milling machine,

with a surface roughness smaller than λ0/15.

When executing the measurements described in this section, it is found that a similar

feed antenna designed at 24 GHz has to be placed around 3 mm closer to the lens surface

than the 77 GHz antenna in order to achieve comparable results in a similar setup. This

is due to the location of the phase center which does not coincide with the aperture of the

antenna. It is therefore concluded, that the phase center of the FTSA used in this work is

around 1 mm away from the aperture at 77 GHz and 4 mm at 24 GHz (on a scaled model).

It is also found experimentally that for apertures larger than 0.7λ0, the phase center is

recessed even more. In the following, the distance d between lens and feed antenna refers

to the phase center of the feed antenna and not to its aperture location.
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The radiation pattern at 77 GHz in the E-plane is first measured versus the distance d

between the feed antenna and the lens (Fig. 3.11). For d = 0.04R, which means the antenna

substrate touches the lens surface, it is quite obvious from the graph that the feed antenna

is not at an optimum feed location, and the radiation pattern shows severe ripples in the

main lobe. When the FTSA is moved further away from the lens to d = 0.28R, a main lobe

in the endfire direction becomes clearly visible and it is obvious that the feed antenna is now

closer to the optimum feed location. However, sidelobes are still unacceptably high with a

−10 dB level. At d = 0.40R, the sidelobe level drops below −16 dB, which is acceptable for

automotive radar systems and, drops even further to −20 dB for d = 0.52R. When the feed

antenna is moved even further away from the lens, the sidelobe level rises rather quickly

to −13 dB for d = 0.64R and −11 dB for d = 0.76R, and the gain starts to drop. Note,

that the radiation patterns are normalized to the result with the highest measured gain (at

d = 0.40R) and present therefore a true relative comparison of the gain. At d = R, the

radiation pattern is quite distorted and it is obvious that the feed antenna was moved far

away from the optimal feed location.

It is clear that the best feed location is around d = 0.40− 0.52R which is in agreement

with the simulation. The lowest sidelobe level occurs at d = 0.52R and the highest gain is

measured at d = 0.40R.
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Figure 3.11: Measured radiation patterns in E-plane versus distance be-
tween feed antenna and spherical Teflon lens with R = 25 mm
at 77 GHz.

Next, the measured radiation pattern is directly compared with simulation. The far-

field pattern of the tapered slot antenna can be modelled with (3.30) using m = 10, which

results in a −10 dB beamwidth of 75◦. As shown in Fig. 3.12, the measurements agree very

well with the simulations. Diffraction-limited patterns (deepest nulls) occur at a relative

distance d ' 0.52R, which compares well to the expected value of d = 0.5R (Fig. 3.5). The

main beam and the first sidelobe level are accurately predicted for d/R values greater than

0.40. The inaccuracy for small d/R values can be attributed to near-field effects of the feed

antennas or to the disturbed feed pattern caused by the proximity of the spherical lens.

The disagreement for higher-order sidelobes is due to the approximate feed patterns used

and also to the fact that only first order ray-tracing has been taken into account (reflections

inside the lens were not taken into account).

The measured E- and H-plane patterns for d = 0.52R are shown in Fig. 3.13. It is seen

that the tapered-slot antenna/spherical Teflon lens design results in excellent E- and H-

plane patterns, with −3 and −10 dB beamwidths of 5.5◦ and 10.6◦, respectively, a sidelobe

level of −20 and −23 dB in E- and H-plane, respectively, and cross-polarization levels below

−19 dB at the diffraction limited position.
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Figure 3.12: Comparison of simulated and measured E-plane radiation pat-
terns at 77 GHz for a Teflon spherical lens with R = 25 mm
for different d/R.

Elevation-Scan Measurements

The tapered-slot antenna can be displaced linearly in the vertical direction to result in a

tilted beam in the elevation direction. The reason for the linear and not radial displacement

is that horizontal antenna ”cards” can then be used for elevation scanning. The measured

patterns (Fig. 3.14) indicate that one can obtain an elevation scan of up to 12◦ for a

displacement of 8 mm while still maintaining excellent patterns. The associated gain loss is
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Figure 3.13: Measured E- and H-plane patterns at 77 GHz of a Teflon spher-
ical lens with R = 25 mm, fed with a tapered-slot antenna: (a)
co-polarization, (b) cross-polarization.

around 2.0 dB. Of course, if the feed antenna is displaced radially in the vertical direction,

then the patterns are identical to Fig. 3.13 due to the symmetry of the lens.
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Figure 3.14: Measured H-plane patterns of single antenna element with
Teflon spherical lens as a function of vertical offset of feed
antenna with respect to the lens.

3.2.2 Efficiency Measurements

Absolute Gain Measurement

The absolute gain versus distance d between feed antenna and spherical lens of the

FTSA with l = 5λ0 and a = 0.7λ0 is measured using a similar setup as described in

Section 2.5.4. The transmitted power is generated by a Gunn-oscillator and the received

power is detected by a power meter. A well matched transition from microstrip line-to-

coaxial cable or waveguide is not available and therefore, the FTSA as feed antenna is

replaced by a small pyramidal waveguide horn antenna with a −10 dB beamwidth of 70◦.

The aperture of the horn antenna is 2.7λ0 × 1.9λ0 and its radiation pattern (co-polarization)

is similar to the pattern of the FTSA (Fig. 2.16). The lens has a radius of 25 mm. The

measured absolute gain is highest for d/R = 0.36 and is 29.4 dB (Fig. 3.15). The data

starts at d/R = 0.16 because the distance between lens and feed antenna refers to the phase

center of the feed antenna which is not located at the aperture of the horn antenna and

therefore, cannot be moved closer to the lens surface. The measured gain can be translated

into efficiency by comparison with the maximum gain for a given aperture:

Gmax =
4πA
λ2

0

(3.30)
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Figure 3.15: Measured gain and system efficiency of a Teflon spherical lens
fed using a small pyramidal horn.

where A = πR2 is the area of the lens. This results in a maximum efficiency of 49%. The

measured efficiency agrees fairly well with theory (Fig. 3.15). Differences can be explained

by the dielectric loss in the Teflon lens, which is not taken into account in the calculation.

The absorption coefficient of Teflon at 77 GHz is around 0.012 Np/cm [94], which results in

a loss of around 0.5 dB for a path length of 50 mm. Also, the location of the phase center

of the horn may be the reason for additional deviations.

A similar measurement is done at 24 GHz. In this case, a well matched microstrip line-

to-coaxial cable transition using Anritsu K110-3 connectors is available. The FTSA (l = 5λ0

and a = 0.7λ0) is built on a 381 µm thick RT/Duroid 5880 substrate and its gain can be

measured directly in combination with a spherical Teflon lens (R = 23 mm). The measured

antenna gain for a distance d = 0.5R between the FTSA and the lens is 16.0 dB. When

taking into account the losses due to the microstrip line-to-slotline transition (0.43 dB), the

losses in the 50 mm long microstrip line (0.015 dB/mm), the simulated system efficiency

of around 50% (including the dielectric losses in the Teflon lens), the reflection losses in

the FTSA (about 0.6 dB), and the maximum gain of 21.2 dB (using 3.30), the simulated

gain is therefore (21.2 − 0.43 − 0.75 − 3.0 − 0.6) dB= 16.42 dB and agrees well with the

measurement.
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Figure 3.16: Setup for efficiency measurement using radiometer techniques.

Radiometer Efficiency Measurement

The efficiency of the spherical-lens antenna is also measured using radiometer techniques.

This technique has been described in [95] and [96] and is accurate to within ±5%. With

this method, the efficiency of an antenna is derived by presenting a known incident power

to the antenna. This is achieved by filling the entire field of view of the antenna with a

black-body absorber at a certain temperature (Fig. 3.16). The presented input power is very

small and has to be down-converted in frequency and amplified for accurate detection. For

calibration, the measurement has to be done at 2 different temperatures of the black-body

absorber (hot/cold load) and repeated with an antenna of known efficiency, in this case,

a waveguide horn antenna of near 100% efficiency. More details about this measurement

are presented in Appendix C. The radiometer method estimates the spillover, dielectric

absorption, and reflection loss of the spherical-lens antenna. It does not take into account

the taper and phase-loss efficiency since the hot/cold absorber will always couple to the

antenna using whatever mode needed for maximum power transfer. It also does not include

losses in the TSA with microstrip line, because a small pyramidal waveguide horn is used

here.

The measured efficiency is 82±5%. This is in agreement with the calculations of Fig. 3.4:

for a beamwidth of 70◦ and d/R = 0.4, the spillover efficiency is 97% and the reflection

efficiency is 92%. Together with the dielectric losses in the lens of about 12%, the calculated

loss is about 79%.
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Figure 3.17: Conceptual drawing of a multibeam antenna system with
spherical lens.

3.3 Multibeam Arrays

So far, the antenna-lens system was characterized with a single TSA as the feed antenna

and a homogeneous Teflon sphere. The optimal location of the feed antenna with respect

to the lens was found, and the radiation pattern, the efficiency, and the absolute gain was

calculated and measured.

The next step is to extend this to a multibeam array by placing many feed antennas

around the lens (Fig. 3.17). The TSA being a travelling-wave antenna is especially suitable

for this application since it has a small aperture, and the mutual coupling between adjacent

elements is much smaller than in resonant antennas such as dipoles or slot-antennas.

3.3.1 −3 dB Overlap Array with 180◦ coverage at 77 GHz

An array with 180◦ field of view is first presented at 77 GHz, where the adjacent beams

cross over at the −3 dB point. The feed antennas follow the design in Chapter 2.5.1 with

l = 5λ0 and an aperture of a = 0.7λ0. The FTSAs are fabricated on a 127 µm thick

RT/Duroid 5880 substrate and are placed in a semicircular fashion around a spherical

Teflon lens of radius R = 25 mm at a distance of d = 13 mm (d/R = 0.52) to the lens. A
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Figure 3.18: Photograph of the 33 beam array with Teflon spherical lens re-
sulting in a −3.5 dB cross-over of adjacent beams: (a) frontside
with microstrip feed lines and (b) backside with FTSAs.

photograph of the multibeam array is shown in Fig. 3.18. Each antenna has a transition

to microstrip line on the backside and a diode detector. The center-to-center spacing of

the TSAs at the aperture is 3.6 mm, which results in a beam scan of 5.5◦ between any two

antenna elements. Since each antenna-lens combination results in a 5.5◦ beam, the pattern

cross-over should occur at the −3 dB level. A total of 33 antennas is needed to cover the

180◦ scan angle.

The substrate is quite large and thin, and when a large area of the copper is removed

in the fabrication process, the substrate is almost like a thin sheet of paper. Therefore,

in order to place the feed antennas correctly around the lens, the substrate is mounted
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Figure 3.19: Different ways of mounting a) the 33-beam and b) the 23-beam
arrays.

on another piece of RT/Duroid substrate with a thickness of 381 µm and copper on both

sides (Fig. 3.19(a)). The support layer is attached to the side of the circuit with the TSAs,

leaving enough space so as not to disturb the antennas.

The measured E-plane radiation patterns are shown in Fig. 3.20. The patterns are

actually measured from 0 to 90◦ for a total of 17 patterns and the data is reflected about

0◦ to show the ±90◦ coverage. The peak detected powers are within ±1.5 dB from each

other up to the ±75◦ scan angle, and are all normalized to 0 dB. This is acceptable since

different Schottky-diodes are used at each antenna. However, there is a distinct drop in the

measured power level for the three edge elements on either side of the array as shown in

Fig. 3.20. This is due to the way the array is mounted: the supporting substrate results in a

lot of scattering for scan angles greater than 75◦. The cross-over of adjacent elements occurs

at −3.5 dB and the sidelobe level is below −16 dB up to the ±80◦ scan angle, which is an

increase of 4 dB compared to an antenna-lens system with only 1 feed antenna. This stems

from reflections due to the mounting layer, from mutual coupling due to the close proximity

of the feed antennas, and also from coupling through substrate waves which are launched at

a specific bend in the microstrip feedline (see Chapter 2.6). The coupling through substrate

waves is increased in the measurement setup due to the fact that the diode detector is not

well matched to the incoming signal, which creates a standing wave on the microstrip line.

Therefore, when implemented in a real application, the sidelobe-level is believed to be below

−17 dB.
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Figure 3.20: Measured E-plane patterns of the 33-beam array with a cross-
over of −3.5 dB. The drop in signal for the last 3 antennas is
due to the mounting setup.

3.3.2 −6 dB Overlap Array with 180◦ coverage at 77 GHz

Another array with a cross-over at−6 dB of adjacent beams is developed, also at 77 GHz,

and with a 180◦ coverage angle (Fig. 3.21). Again, the FTSAs from Chapter 2.5.1 are used

as the feed antennas and are placed around a spherical Teflon lens with radius R = 25 mm

in a semicircular fashion with d = 13 mm (d/R = 0.52). The center-to-center spacing of the

apertures is 5.2 mm or 8◦, which results in a total of 23 antennas, all fabricated on a single

piece of RT/Duroid 5880 substrate with thickness of t = 127 µm. In this case, the substrate

is mounted between two layers of Styrofoam (εr = 1.05) (Figs. 3.19(b) and 3.22). The

Styrofoam structure allows the entire substrate to be supported, and additional reflections

and scattering from metal layers is completely avoided.

The E-plane radiation patterns are measured from 0 to 90◦ (12 beams) and ”reflected”

about 0◦ for ±90◦ coverage (Fig. 3.23). The detected signal varies by ±1.5 dB randomly

up to the 90◦-scan antenna. That means that the antennas do not scatter even if look-

ing straight at each other. This is because once the power is radiated from antenna #1

(Fig. 3.23) through the lens, the electromagnetic field is almost like a plane wave and only

a very small portion couples to antenna #23. The cross-over occurs at the −6 dB level

and the sidelobe level is −19 dB. Compared to the previously presented array with 33 an-
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Figure 3.21: Photograph of the 23-beam array with Teflon spherical lens
resulting in a −6 dB cross-over of adjacent beams: (a) frontside
with microstrip feed lines and (b) backside with FTSAs.

Figure 3.22: Sideview of the 23-beam antenna array (photograph), mounted
between two styrofoam layers.
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Figure 3.23: Measured E-plane patterns of the 23 beam array with a cross-
over of −6 dB.

tenna beams, this means an improvement of 3 dB. It is explained by the reduced mutual

coupling of adjacent antennas and reduced coupling through substrate waves due to larger

separation.

The size of this circuit as well as the array with the −3 dB cross-over in the previous

section is 82× 115× 50 mm3 (L×W×H). This includes the feed antennas and the lens only,

and omits the microstrip feed lines as well as any housing that is needed for operation in a

real application.

3.3.3 −3 dB Overlap Array with 144◦ coverage at 24 GHz

Pattern Measurements: An array with 8 beams which are located 18◦ apart and resulting

in a field of view of 144◦ is designed at 24 GHz. The spherical Teflon lens has a radius of

23 mm. The array is realized in two different ways: with FTSAs of length l = 5λ0 and

a = 0.7λ0 and with shortened FTSAs with l = 2.5λ0 and a = 0.7λ0. Both versions use

RT/Duroid 5880 as substrate with a thickness of t = 381 µm (Fig. 3.24). The sizes of the

array with the long and the short feed antennas are 118 × 180 × 46 mm3 and 87 × 120

× 46 mm3 (L×W×H), respectively. The shorter antennas result in an area reduction by a

factor of 2 (and also in volume, since the height is unchanged).

The E-plane radiation patterns are measured for both arrays and are virtually the same
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Figure 3.24: Photograph of the 8 beam array at 24 GHz with 144◦ field
coverage: size comparison between arrays with (a) long (5λ0

FTSA) and (b) short (2.5λ0 shortened FTSA) TSAs.

(Fig. 3.25). The −3 dB beamwidth is 18◦ and the sidelobe level is around −18 dB with

the exception of one prominent sidelobe of −14 dB in each of the two middle beams. This

sidelobe is caused by coupling through substrate waves which are launched by sharp bends
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Figure 3.25: Measured E-plane patterns at 24 GHz of the 8 beam array
with a cross-over of −3 dB.

of the microstrip feedlines which occur only in these antennas. More careful design of the

microstrip feedlines will reduce this sidelobe level. Even the outer most antenna beams do

not suffer from increased scattering which ensures good performance over the whole scan

angle of 144◦.

S-Parameter Measurements: It is possible to build well-matched transitions from mi-

crostrip line-to-coaxial cable at 24 GHz, and therefore full S-parameter measurements can

be accurately done on the array. The array is composed of 8 FTSAs (l = 5λ0) and connected

using Anritsu K110-3 connectors. The reflection coefficient of antenna #1 (Fig.3.24(a)) is

shown in Fig. 3.26. All other antennas show similar behavior. The reference plane is at

the coax-to-microstrip connector, and the calibration is done with Short-Open-Load (SOL)

standards using 3.5 mm coaxial calibration standards. The reflection coefficient is below

−8 dB between 21.5 and 26.5 GHz. In order to identify the reflection points, the same mea-

surement is done in time domain with the same bandwidth. Clearly, 3 main scatterers can

be identified: the coaxial cable-to-microstrip line transition, the microstrip line-to-slotline

transition, and the aperture of the FTSA.

For the measurement of the transmission coefficients (Snm), a Short-Open-Load-Through

(SOLT) calibration is done to shift the reference plane to the ends of the coaxial cables that
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Figure 3.26: Measured reflection coefficients of beam 1 of the 8 beam array
at 24 GHz without a Teflon lens: (a) in frequency domain and
(b) in time domain (21.5 to 26.5 GHz).

are attached to the connectors. The transmission coefficients between antenna #1 and all

other antennas with and without lens are shown in Fig. 3.27. The highest coupling occurs

between two adjacent antennas with around −20 dB (S21) at 24 GHz. The lens slightly

increases the coupling by about 0.5 dB due to the reflection at the lens-air interface. The

second highest coupling occurs between antennas that are furthest apart (S81). This is

because of the power which is transmitted had a near direct path between these antennas.

These observations are seen to hold for the cases with and without a lens.

For the other antennas in the array, and for the case without a lens, the transmission

coefficient is −30 dB at 24 GHz and it becomes gradually less (−33 dB, −35 dB, etc.) the

closer the antennas are located until it is at an indistinguishable level around −40 dB for

S51, S41, and S31. For the case with a lens, the overall gain is much higher and therefore,

this effect is less dominant. The coupling is generally lower and only S81 can be identified,

and the other transmission coefficients are very low. Similar observations are made for all

other transmission coefficients which are not presented in Fig. 3.27. The coupling between

the antennas is low enough that it can be neglected in all subsequent analysis (impedance,

pattern, etc.), and as presented before, the coupling between the microstrip feedlines may
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Figure 3.27: Measured transmission coefficients of the 8 beam array at
24 GHz: (a) without and (b) with R = 23 mm lens.

be the limiting factor in the array design.
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CHAPTER 4

Dual-Band Wide-Scan Angle Spherical Lens Antennas

In Chapters 2 and 3, a wide scan-angle antenna-lens system composed of planar endfire

tapered-slot antennas and a homogeneous spherical Teflon lens was developed. These an-

tennas are excellent solutions for automotive radar systems due to the good performance,

reliability, and low cost of production.

In this chapter, the antenna system is made more compact by altering the lens and

implementing 24 and 77 GHz feed antennas in a single system using the same aperture.

4.1 Hemispherical Lens Array

4.1.1 Concept and Design Considerations

In certain applications, a full 180◦ scan-angle is not needed. Especially for systems

working at 77 GHz, a field of view of ±20◦ is sufficient in many cases. In order to meet this

requirement, the number of beams can be reduced to 8 in the case of a −3 dB cross-over,

each of the beams covering 5.5◦. Also, the spherical lens can be replaced by a hemispherical

lens with backside metallization, reducing the depth of the system by 25 mm. The concept

of such an array is shown in Fig. 4.1. For a feed antenna placed at φ = 0, which means with

incidence normal to the backside metallization, the hemispherical lens acts like a spherical

lens with the only difference that the feed antenna itself is now a (small) scatterer in the

main direction of the beam. For decreasing values of φ, the scattering decreases, but the

hemispherical lens becomes less like a spherical lens.
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Figure 4.1: Layout of the hemispherical lens antenna system with a backing
reflector.

4.1.2 Radiation Pattern

Using the same feed antennas as in Section 3.3.1 and 3.3.2, an array with a cross-over at

−6 dB of adjacent beams is designed (Fig. 4.2). The frequency of operation is 77 GHz. The

radius R of the hemispherical lens is 25 mm. The feed antennas are placed in a semicircular

fashion around the lens 8◦ apart from each other, starting at φ = 0◦ towards negative

values of φ. All feed antennas are fabricated on a single piece of RT/Duroid substrate 5880

(εr = 2.2) with thickness t = 381 µm and are mounted between 2 layers of Styrofoam.

Fig. 4.3 shows the measured and normalized E-plane radiation pattern for φ = −24◦,

which is the optimum angle of incidence. The sidelobe level is −20 dB and the cross-

polarization level is below−19 dB. The−3 dB beamwidth is 5.5◦ and the−10 dB beamwidth

is 9.5◦.

The measured and normalized E-plane patterns for φ = 0◦ to −64◦ (9 beams) are shown

in Figure 4.4. The beam patterns cross over at −6 dB and the optimum performance is

achieved at an arc-angle between φ = −8◦ and −48◦ with a sidelobe level below −18 dB.

79



10 mm

antenna 1

2

3

4

5

6

7
8

9

backside 
metal 
reflector

Figure 4.2: Photograph of the antenna system at 77 GHz with hemispher-
ical Teflon lens with backside metallization and different feed
antennas, resulting in a −6 dB crossover of adjacent beams.
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Figure 4.3: Measured E-plane patterns at 77 GHz for an incidence angle of
φ = −25◦.

For angles greater than −8◦, scattering from the feed results in −14 dB sidelobes. At angles

smaller than −48◦, the power is scattered by the edge of the ground-plane. Also, there is

a substantial amount of spill-over loss. For angles of incidence smaller than −48◦ (antenna
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Figure 4.4: Measured and normalized E-plane patterns at 77 GHz for inci-
dent angles of φ = 0◦ to φ = −64◦. The cross-over is −6 dB.

#7 in Fig. 4.4), the power which is received on the direct path through the lens without

reflection at the backside metallization becomes noticeable. It shows up as a sidelobe at

an angle of 180◦ + φ and is −20 dB for φ = −48◦ and becomes greater than −10 dB for

angles smaller than φ = −64◦. This means that a hemispherical system with R = 25 mm

at 77 GHz is suitable for a maximum of 6 beams (±20◦ coverage) with a −6 dB cross-over.

4.1.3 Absolute Gain Comparison versus Angle

The measured spill-over efficiency due to the angle tilt is shown in Figure 4.5. The gain

of a single antenna is measured at different incident angles and is compared to φ = 0◦,

which is normalized to 1. Any loss in gain is due to the increased spill-over at incident

angles φ < 0◦. It is seen that the spill-over efficiency is greater than 90% up to antenna #6.

4.2 Dual Frequency Array

There are different applications for automotive radar systems operating at 24 and

77 GHz and both systems may be implemented in one vehicle. Therefore, it is useful

to integrate 24 and 77 GHz in one antenna system to achieve greater compactness.
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Figure 4.5: Measured spill-over efficiency versus incident angle normalized
to φ = 0◦ for the hemispherical-lens system.

4.2.1 Concept

Fig. 4.6 shows the schematic of a dual-frequency antenna system. It is comprised of feed

antennas at 24 and 77 GHz and two hemispherical lenses with a frequency-selective surface

(FSS) layer in between. There are two possibilities: the FSS can be reflective at 24 GHz

and transparent at 77 GHz or it can be transparent at 24 GHz and reflective at 77 GHz. In

the following, the former case will be referred to as ”version 1” and the latter as ”version

2”.

In version 1, the 77 GHz feed antennas are placed in a semicircular fashion around the

lens with the center feed antenna at φ = 180◦. The two hemispherical lenses with FSS

act like a spherical lens because the FSS is transparent at 77 GHz, and the center beam is

focused in the main direction of incidence (φ = 0◦). At 24 GHz, the FSS is reflective and acts

as a ground plane. The lens functions as a hemispherical lens with backside metallization.

The FSS is tilted by φ = 25◦ with respect to the main plane of incidence in order to allow

for a maximum scan angle for both, 24 and 77 GHz antennas. Therefore, the 24 GHz feed

antennas are placed in a semicircular fashion around the lens with the center feed antenna

at φ = 50◦. This allows the focussed beams to point in the main direction of incidence and

also, it avoids scattering of the 77 GHz signal by the 24 GHz feed antennas.
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Figure 4.6: Schematic of a dual-frequency antenna system using 2 hemi-
spherical Teflon lenses and an FSS-layer.

Version 2 is the dual of version 1. The 24 GHz feed antennas are placed about φ = 180◦

and the lens acts like a spherical lens. Since most automotive radar applications operating

at 24 GHz require a wider scan-angle than at 77 GHz, the FSS is tilted by φ = 30◦ off

the main plane of incidence to ensure a maximum scan angle at 24 GHz. It is reflective at

77 GHz and works as a hemispherical lens with backside metallization. The 77 GHz feed

antennas are placed around φ = 60◦ so as the center beam to point in the main direction

of incidence.

4.2.2 FSS

The filter function of an FSS with resonant elements can either be a band-stop type

or a band-pass type. The fundamental resonance frequency of the FSS is either at 24 or

77 GHz depending on the FSS design and the implementation of version 1 or version 2. The

better solution in all cases is a 77 GHz resonance frequency. With a resonance frequency

of 77 GHz, the size of a unit cell is much smaller than at 24 GHz which eliminates the

problem of grating lobes at 77 GHz. Also, if a fundamental resonance frequency of 24 GHz

is used, then higher order resonance frequencies can be a problem especially when taking
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into account that there is a large range of angles of incidence.

The design constraints for the FSSs are not very hard. The transmission coefficient and

the reflection coefficient in version 1 and version 2, respectively, has to be maximum at

77 GHz for a wide range of angles of incidence around the tilt angle of the FSS (25◦ for

version 1 and 30◦ for version 2). The reflection coefficient and the transmission coefficient

for version 1 and version 2, respectively, has to be high at 24 GHz for a wide range of angles

of incidence around the tilt angle of the FSS. Since 24 and 77 GHz is separated by more

than a factor of 3, this can be achieved by an FSS with only one layer.

The unit elements of the FSS need to be polarization independent. The resonance

frequency will shift somewhat versus the angle of incidence and therefore, the bandwidth

of the transmission/reflection coefficient should not be very small. A large bandwidth will

also allow for small fabrication tolerances. At the same time, the bandwidth should not be

very wide because the FSS needs to provide a sharp enough roll-off to achieve the desired

properties at 24 GHz. The interelement spacing should be small to avoid the onset of

grating lobes for large angles of incidence.

The four-legged loaded element is an element that fits this criteria well. As a band-pass

type element, it is a slot in a ground plane that forms a loop with four ”legs” (Fig. 4.7(a)).

The circumference of the element is about λg at resonance frequency which makes the

element quite small: in the range of λ0/4. Hence, the interelement spacing can be small

and grating lobes are of no concern in the frequency range of interest. The four-legged loaded

element repeats itself with a rotation of 90◦ and therefore, it is polarization independent

for normal incidence. An almost unique feature of the four-legged loaded element is the

possibility to control the bandwidth not only by the choice of interelement spacing but

by the shape of the element. When reducing the width of the ”legs” the bandwidth is

decreased as well. Its dual element is a wire replacing the slot and no ground plane as

shown in Fig. 4.7(b). This is a band-stop type element with otherwise similar properties to

the previous one.

The simulated (Method of Moments) S-parameters for FSSs using four-legged loaded

elements with the dimensions given in Figs. 4.7(a) and 4.7(b) are shown in Figs. 4.8 and 4.9.

The graphs show reflection and transmission coefficients of parallel and orthogonal polarized
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Figure 4.7: The unit cell of the FSS of the dual-frequency antenna system:
(a) version 1, and (b) version 2.

E-field for incidence with an angle of φ = 25◦ and φ = 30◦, respectively. For parallel

polarization, which is the relevant case in this work, the −1 dB bandwidth of transmission

of the FSS of version 1 is from 71 to 81 GHz which is wide enough to ensure low transmission

losses even for oblique angles of incidence and with small fabrication tolerances. At 24 GHz,

the transmission coefficient of the FSS of version 1 is about −17 dB and the reflection

coefficient is almost 0 dB.

The −1 dB bandwidth of the reflection coefficient of the FSS of version 2 for an angle of

incidence of 30◦ is from about 65 to 86 GHz. The reflection coefficient at 24 GHz is about

−8 dB and the transmission loss is about −1 dB. Therefore, in an effort to reduce the

transmission losses at 24 GHz and also the specular reflection at the FSS for high angles

of incidence, an FSS with 2 metallic layers and a dielectric slab in between is designed.

The metallic layers are periodic structures composed of the same unit cell as the FSS in

version 2 (Fig. 4.7(b)) and the dielectric slab is a layer of RT/Duroid 5880 substrate with

εr = 2.2 with a thickness of 2.4 mm. This corresponds to λd/4 at 24 GHz and functions

as an impedance converter as it is used in filter design. The simulated S-parameters are
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Figure 4.8: Simulated S-parameters of the FSS, version 1, versus frequency
for an angle of incidence of 25◦ for orthogonal (solid line) and
parallel (dashed line) polarization.

shown in Fig. 4.10 for an angle of incidence of 30◦. Clearly, the two-pole filter characteristic

can be seen with a maximum in reflection at 77 GHz and a maximum in transmission

at 24 GHz. However, the −1 dB transmission bandwidth at 24 GHz is rather small and

good performance of the dual-frequency antenna system is likely to be degraded due to

fabrication and mounting tolerances as well as shifts in resonance frequency for different

angles of incidence.

The simulation is done using a code which combines the method of moments and plane

wave expansion [33]. In the simulation, it is assumed that the FSS is an infinite plane and

is embedded between two halfspaces with εr = 2.1. This is a good approximation of the

finite FSS placed between the two hemispherical Teflon lenses.

The FSSs are fabricated on a 127 µm thick RT/5880 substrate with εr = 2.2 (Fig. 4.11).

The copper layer is 9 µm thick. The properties of the FSSs alone are not investigated in

detail. However, the performance of the dual-frequency antennas which are presented in

the following section indicates that the properties of the FSSs are as predicted.
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Figure 4.9: Simulated S-parameters of the FSS, version 2, versus frequency
for normal incidence and an angle of incidence of 30◦ for or-
thogonal (solid line) and parallel (dashed line) polarization.

4.2.3 Radiation Pattern Measurements

Dual-Frequency Antenna Version 1

Fig. 4.12 shows the fabricated circuit of version 1 of the dual-frequency antenna system

with R = 25 mm Teflon lens. Eleven 77 GHz feed antennas can be seen in the left side

of the photograph. They are 5λ0 long FTSAs and are placed 5.5◦ apart from each other

about φ = 180◦, covering 60.5◦ (55◦ center to center) field of view. The 24 GHz antennas

are shortened FTSAs with length of 2.5λ0 (upper right corner). Three feed antennas are

placed with an angular distance of 16.5◦ from each other about φ = 50◦, covering 49.5◦ (33◦

center to center) field of view. The separation between the lens and the feed antennas is 8

and 11 mm for 24 and 77 GHz, respectively. This is because of the location of the phase

center which does not coincide with the aperture of the TSAs, as explained in Section 3.2.1.

All feed antennas are fabricated on one piece of RT/Duroid 5880 with thickness 254 µm.

The FSS is placed between two hemispherical Teflon lenses with a diameter of 50 mm and

is tilted by 25◦ in the E-plane off the plane of main incidence. The size of the system,
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Figure 4.10: Simulated S-parameters of the double layer FSS versus fre-
quency for an angle of incidence of 30◦ for orthogonal (solid
line) and parallel (dashed line) polarization.

including the TSAs and the lens but not the microstrip feed lines, is 105 × 104 × 50 mm3

(L×W×H).

The measured E-plane patterns at 24 and 77 GHz are shown in Figs. 4.13 and 4.14. At

24 GHz, the −3 dB beamwidth is 16.5◦ with a sidelobe level of −14 dB. At 77 GHz, the

−3 dB beamwidth is about 5.5◦ and the sidelobe level is mostly below −18 dB with the

exception of several sidelobes up to −15 dB. The radiation patterns at 24 and 77 GHz result

in a cross-over at −3 dB. When comparing the gain of a feed antenna using the lens with

FSS and without FSS, the difference is less than 5% at 24 GHz as well as at 77 GHz. This

shows that the FSS has very little transmission losses at 77 GHz and very little reflection

losses at 24 GHz.

An interesting observation at 77 GHz is that for increasing tilt angle of the FSS with

respect to the main beam of the feed antenna, the −3 dB beamwidth decreases slightly

whereas the gain remains about constant. This can be explained with a negative phase

shift due to the FSS. For increasing angles of incidence, only the electromagnetic signal
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Figure 4.11: Photographs of the FSSs of the dual-frequency antenna sys-
tem: (a) version 1, and (b) version 2.
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Spherical lens 50 mm

Figure 4.12: Photograph of the dual-frequency antenna, version 1.

89



60200-40-60
Angle (deg.)

-20 40

-20

0

 N
or

m
al

iz
ed

 P
ow

er
 (

dB
)

-10

-30

Figure 4.13: Measured and normalized E-plane radiation patterns at
24 GHz of the dual-frequency antenna, version 1.
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Figure 4.14: Measured and normalized E-plane radiation patterns at
77 GHz of the dual-frequency antenna, version 1.

that passes through the center part of the lens passes also through the FSS. The negative

phase shift with respect to the signal that passes through the periphery of the lens corrects

to a certain extent for the imperfect focusing properties of a homogeneous lens. The fact

that the gain remains constant can be explained by the increasing losses in the FSS.

In order to confirm the good performance of the FSS, a 24 GHz feed antenna is placed

behind the lens with FSS (normal incidence) which is reflective at that frequency and the
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Figure 4.15: Measured E-plane radiation pattern of a 24 GHz feed antenna
through the reflective FSS of version 1.

E-plane radiation pattern through the FSS is measured and normalized to the case with a

spherical lens (Fig. 4.15). The isolation is −13 dB. This measurement shows that most of

the power is indeed reflected by the FSS. Isolation between 24 and 77 GHz is not an issue

in the design of this dual-frequency antenna because none of the two frequencies or any

of its harmonics lies close to each other, and interference with spurious signals or increase

in the noise level is not a concern. Also, other circuitry like the transitions from slotline-

to-microstrip line, which are not so wideband in nature to operate concurrently at 24 and

77 GHz, will increase the isolation.

Version 2

Version 2 of the dual-frequency antenna is the dual of version 1 and a photograph is

shown in Fig. 4.16. There are 7 feed antennas at 24 GHz placed about φ = 180◦ (left part

of the picture), 16.5◦ apart from each other and also 7 feed antennas at 77 GHz (upper

right part of the picture) located around φ = 60◦ with φ = 5.5◦ angular distance between

each other. This results in a field of view of 115.5◦ (99◦ center to center) at 24 GHz and

38.5◦ (33◦ center to center) at 77 GHz. The feed antennas are separated from the lens by

8 and 11 mm for 24 and 77 GHz, respectively. The feed antennas are shortened FTSAs

with length of 2.5λ0 at 24 GHz and 5λ0 long FTSAs at 77 GHz. All feed antennas are
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Figure 4.16: Photograph of the dual-frequency antenna, version 2.

fabricated on one piece of RT/Duroid 5880 with thickness 254 µm. The FSS is placed

between two hemispherical Teflon lenses and is tilted by 30◦ in the E-plane off the plane of

main incidence. The size of the system is 110 × 85 × 50 mm3 (L×W×H).

The measured E-plane radiation patterns at 24 and 77 GHz are shown in Figs. 4.17

and 4.18. At 24 GHz, the −3 dB beamwidth is 16.5◦ and the sidelobe level is −14 dB. How-

ever, the −14 dB sidelobes can be attributed to 2 feed antennas. All sidelobes in Fig. 4.17

but the leftmost one belong to antenna #1. This antenna has increased scattering by the

substrate which extends into the main direction of radiation. Also, when the measurement

was performed, bondwires were coming off the backside of the substrate and the scattering

was increased even more. The leftmost −14 dB sidelobe is part of the radiation pattern of

antenna #7. It is caused by specular reflection off the FSS of the signal which is incident

from φ = −70.5◦ (in Fig. 4.16 almost straight from the bottom). Without antennas #1

and #7, the sidelobe level is below −18 dB and the field of view is 82.5◦ (66◦ center to

center). It is also possible to use 6 feed antennas at 24 GHz instead of 7 and achieve a scan

angle of 99◦ (82.5◦ center to center). Such a case has not been measured but the sidelobe

level has to be anywhere between −14 and −18 dB. At 77 GHz, the −3 dB beamwidth is
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Figure 4.17: Measured E-plane radiation patterns at 24 GHz of the dual-
frequency antenna, version 2.
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Figure 4.18: Measured E-plane radiation patterns at 77 GHz of the dual-
frequency antenna, version 2.

5.5◦ and the sidelobe level is −15 dB. For both, 24 and 77 GHz, the cross-over of adjacent

antenna beams occurs at the −3 dB level. When comparing the gain of a feed antenna

using the lens with FSS and without FSS, the difference is 10% at 24 GHz and less than 5%

at 77 GHz. This shows that the FSS is a good reflector at 77 GHz but has about −10 dB

of transmission loss at 24 GHz, as predicted by the simulation.

In order to reduce the transmission losses at 24 GHz, the FSS is replaced by the double-
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Figure 4.19: Measured E-plane radiation pattern of a 77 GHz feed antenna
through the reflective FSS of version 2.

layer FSS presented Section 4.2.2. However, measurements do not exhibit any improvement

in the transmission losses and specular reflection for high angles of incidence at 24 GHz.

This may be due to the limited bandwidth of the double-layer FSS and the fabrication

and assembling tolerances. Also, the shape of the two hemispherical Teflon lenses with

a thick dual-layer FSS in-between deviates somewhat from a sphere and this may cause

degradations in the radiation patterns.

As for version 1, a 77 GHz feed antenna is placed behind the lens with the FSS of version

2 at normal incidence (which is reflective at that frequency) and the E-plane radiation

pattern is measured (Fig. 4.19). The measured isolation is −11 dB.

4.3 Concluding Remarks

It is shown that the FSS can be designed to allow for 2-frequency operation using the

same aperture, operates well over a very wide angle of incidence, and does not result in

high additional losses (0.5 dB maximum) as compared to an antenna-lens system without

an FSS. In automotive radar systems, version 2 of the dual-frequency antenna is more likely

to be used because 24 GHz applications usually require a wider scan-angle than 77 GHz

systems. Also, such a system will not result in an independent control of the beamwidth at
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24 and 77 GHz since both frequencies share the same aperture.
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CHAPTER 5

Switchable Frequency-Selective Surface

Frequency-Selective Surfaces (FSSs) have found applications in multiband reflector an-

tennas and radomes, especially in communications and defense applications. FSSs have

been designed for a fixed frequency. However, for certain applications, it is desirable to be

able to change the frequency behavior over time. This is done using a ferrite substrate, when

the relative permeability (µr) is tuned with a bias magnetic field [35, 97]. The properties

of the resonating elements themselves can also be changed using varactor diodes [36–38]

or Microelectromechanical Systems (MEMS) such as rotating dipoles [39]. However, these

methods have many disadvantages such as high losses (ferrite substrate), high bias currents

(varactor or PIN diodes), or high cost (ferrite substrate, varactor diodes).

The following chapter describes the design, simulation, fabrication, and measurement of

a switchable FSS using RF MEMS as tuning elements.

5.1 Choice of the Unit Element

There are many possible unit elements and many have been studied in literature. Some

typical elements are shown in Fig. 5.1. They have different properties regarding type of

filter function (band-pass, band-stop, low-pass, high-pass), independence of polarization,

independence of angle of incidence, bandwidth, location of higher resonance frequencies,

onset of grating lobes, possibility of bandwidth tuning, possibility of close packing, and

possibility of frequency tuning with loading elements.

In this work, the four-legged loaded element is chosen, implemented as a slot in a ground
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Figure 5.1: Different types of unit cells for FSS circuits.

plane (Fig. 5.2). It is an electrically small element with a typical size of 0.3λ0 in the x-

(or y-) direction. This ensures that the elements can be densely packed and therefore, the

resonance frequency is quite stable with angle of incidence [33] and the grating lobes are of

no concern in the frequency range of interest. The four-legged loaded element is polarization

independent due to its 90◦-rotational symmetry, and its bandwidth is average compared to

other typical unit elements. A special feature of the four-legged loaded element (as well

as the three-legged loaded element) is the possibility of bandwidth control not only by the

interelement spacing but also by the shape of the element. This is especially interesting for

more complicated FSS designs with multiple layers for a multipole filter response. Also, the

first transmission null above the fundamental resonance frequency is the same for parallel

and orthogonal polarization as opposed to elements of the center-connected family [33]. The

four-legged loaded element can be implemented in CPW form, which is compatible with

capacitive switches and results in a relatively easy bias arrangement.

At resonance, the length of the slot loop is 1λ. For a vertically polarized incident field,

the maxima of the electric fields (open circuit) in the slot are in the tips of the vertical ”legs”,

and the electric field in the tips of the horizontal ”legs” is zero (short circuit) (Fig. 5.3(a)).

This can be explained considering the symmetry of the circuit (Fig. 5.3(b)). The symmetry

planes which are normal to the incident electric field can be replaced by a perfect electric

conductor (PEC), and the symmetry planes parallel to the incident electric fields can be

replaced by perfect magnetic conductors (PMC) without changing the properties of the

circuit. These symmetry planes explain also the fact that the electric field in the slot
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Figure 5.2: Schematic of the four-legged loaded element.
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Figure 5.3: (a) E-field intensity and (b) orientation in the slot of the four-
legged loaded element at a certain instant of time.
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resonates in an odd mode (CPW mode) in the vertical ”legs” and in an even mode (slotline

mode) in the horizontal ”legs” for an incident field in the y-direction (Fig. 5.3(b)).

5.2 RF-MEMS Varactors as Tuning Elements

The FSS is a filter which can also be represented by a parallel LC-resonant circuit with

a resonance frequency of:

f0 =
1

2π
√
LC

. (5.1)

A frequency shift can be achieved by changing the value of the resonator capacitance using

RF MEMS. A simple model for an RF MEMS bridge is a variable capacitance (Cup and

Cdown), and when implemented correctly, the capacitances add to the overall capacitance

of the resonant circuit, resulting in new fundamental resonance frequencies:

f0,up =
1

2π
√
L(C + Cup)

(5.2)

f0,down =
1

2π
√
L(C + Cdown)

. (5.3)

Equations 5.2 and 5.3 are only correct for lumped-element resonators. For distributed

resonators, the location of the MEMS bridge is very important and the relevant equations are

not easy to write [98]. Several advantages make the use of RF MEMS as tuning elements

very attractive. The tuning element loss is very low because the quality factor, Q, for

standard RF MEMS is greater than 200 at 30 GHz and the switching speed is reasonably

fast (in the order of 10 µs). The DC power consumption is extremely low (in the order of

3 pJ per bridge per cycle). This is a great advantage over FSSs using PIN-diodes as tuning

elements where each diode requires 2-3 mA of bias current. Also, the cost of fabrication

does not increase with the number of elements since it is done using standard lithography.

5.3 Bias Circuitry and Model for RF MEMS Control

In order to actuate the RF MEMS bridges, the inner part of every single unit cell must

be contacted. This can be done with high resistivity bias lines which run underneath the

ground plane and are electrically isolated through a SiN-layer [99]. However, this may
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Figure 5.4: DC-biasing of the four-legged loaded element using air bridges.

create asymmetry in the elements and degrades the performance. Moreover, for an array

with thousands of unit cells, it is likely that due to fabrication errors there is at some point

an electrical contact between a bias line and the ground plane which results in a DC short

circuit and a catastrophic failure of the tunable FSS.

A better solution is to arrange the unit cells as shown in Fig. 5.4 and to connect the

tips of neighboring unit cells with air bridges (bias bridges). This way, the inner parts of

all unit cells are DC-connected, and an electric potential can be applied by contacting only

one unit cell, preferably at the edge of the FSS. Also, if an air bridge fails, the element is

still DC-connected, using a multitude of other DC paths.

The choice of bias circuitry has substantial impact on the FSS design. One could erro-

neously think that the bias bridges act as variable capacitances. However, when examining

the electric field distribution in the slots without bias bridges (Fig. 5.5(a)), it is observed

that the field vectors at the location of the bias bridges point in the same direction. By

adding an air bridge across the ground plane, the anchors of the bridge are at opposite

potential with respect to the ground plane and a virtual ground is created at the center of

the MEMS bridge. This means that instead of loading capacitors, the bias bridges function

as virtual RF-short circuits to ground. Another explanation for the same phenomenon is
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Figure 5.5: The effect of the bias bridges on the design of the FSS: (a)
electric field lines in the slot at the location of the bias bridges,
(b) intensity of the electric field of the fundamental resonant
mode and (c) PEC and PMC-symmetry planes and the resulting
E-field orientation.
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Figure 5.6: Unit cell of the switchable FSS with bridges for DC-voltage bias
and capacitive loading.

found by considering again the symmetry planes of the circuit. Through the bias bridges,

all four tips are connected to ground and a short circuit (no electric field) is established at

the four tips (Fig. 5.5(b)). As a consequence, the four-legged loaded element is transformed

from a double-λ/2 resonator to a quadruple-λ/2 resonator (Fig. 5.5(c)) with about twice

the resonance frequency.

5.4 Placement of the MEMS Bridges

To achieve the highest capacitive loading, 4 RF MEMS varactors per unit cell (loading

bridges) are placed at the location of the highest electric field intensity in the slot (Fig. 5.6).

One could use cantilever beams, but for better uniformity, fixed-fixed beams are used with

one of their anchors connected to the center of the FSS-element. The other anchor rests on

an island which is electrically isolated from the ground plane. The membrane spans over

a stretch of ground plane which establishes the variable capacitance necessary to tune the

frequency response of the element.
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5.5 Design of the Switchable FSS

Two different FSSs are designed, one with fixed frequency response and one switchable

FSS using RF MEMS.

5.5.1 FSS with Fixed Frequency Response

The first design is a circuit with fixed frequency response without RF MEMS bridges.

The effect of the bias bridges is taken into account using a physical short circuit across

the slot at the tip of each leg. The FSS is built on a glass wafer (Pyrex Borosilicate glass,

εr = 4.6, tan(δ) = 0.01 at 30 GHz) with a thickness of 0.5 mm. The slot and metal width

of the ”legs” is chosen to be 80 and 160 µm, respectively, because these are convenient

dimensions for fabrication and the ratio of 1:2 results in the minimum CPW resonator

loss [77]. Since this FSS design serves as a comparison to the switchable FSS with RF

MEMS, the spacing between the unit cells is set from the length of the bias bridges and is

140 µm. The only remaining parameter, the length of the ”legs”, is determined by a 3-D

full-wave simulation using the commercial FEM simulator HFSS [100]. A single unit cell is

placed in a waveguide with PEC and PMC-walls, which ensures a plane wave excitation of

the circuit.

For a resonance frequency of 31 GHz, the length of the ”legs” is 1290 µm (Fig. 5.7) which

results in a cell size of lc = 3 mm. The simulated transmission and reflection coefficients are

presented in Fig. 5.8. The mid-band insertion loss is 0.91 dB. Of that, 0.30 dB is contributed

by the reflection (S11 = −11.7 dB), 0.24 dB by the ohmic losses in the slot/CPW resonator,

and 0.37 dB by the glass dielectric losses. Losses due to metal roughness are not considered.

The −1 dB bandwidth is 2.8 GHz and the −3 dB bandwidth is 5.4 GHz.

5.5.2 Switchable FSS

The second design is a switchable FSS with bias and loading bridges (Fig. 5.9). The

substrate and line width dimensions are the same as in the first design. The bias bridges

are 80 µm wide and 300 µm long. This sets the interelement spacing to 140 µm, which is

also used for the first design. The loading bridges are implemented across a tilted section of
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Figure 5.7: The dimensions of the unit cell of the FSS with fixed frequency
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Figure 5.8: The simulated (HFSS) transmission and reflection coefficients
of the FSS with fixed frequency response.

the slot near the center of the element. The bridges are 50 µm wide and 280 µm long and

span over a ground plane of 140 µm width. The ”islands” are 100× 100 µm in size and are

separated from the ground plane by a 50 µm wide slot. The resulting up-state capacitance

Cu of this geometry for a certain bridge height is found using full-wave simulation [101] and

the calculated S-parameters are fitted in ADS [102] using a simple series RLC circuit model
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Figure 5.9: The dimensions of the unit cell of the switchable FSS in µm.
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Figure 5.10: Simulated up-state capacitance (Cu) and parallel-plate capac-
itance (εA/d) of a 50 µm wide MEMS bridge over a 140 µm
wide ground plane versus bridge height.

for the bridge with L = 10 pH and R = 0.3 Ω (Fig. 5.10).

The design frequency of the FSS is 32 GHz. However, the average bridge height on

the fabricated switchable circuit is around 1.7 µm instead of an originally assumed value of

2.0 µm. Therefore, the simulations of the switchable FSS are retrofitted for the new bridge

height. For a bridge height of 1.7 µm, the up-state capacitance of the loading bridges is
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50 fF (Fig. 5.10).

Once the geometry of the bridge is set, the length of the ”legs” is determined by a 3-D

full-wave simulation using HFSS (Fig. 5.9). Due to the capacitive loading of the MEMS

bridges, the cell size lc is shrunk from 3 mm to 1.92 mm compared to the previous design

with a fixed frequency response. This is advantageous, because periodic structures excite

grating lobes and are prone to carrying substrate modes. This creates strong transmission

zeros, and their occurrence near the pass-band can result in a distorted frequency response.

The overall simulated transmission loss using HFSS in the transmit mode at 30.4 GHz is

1.35 dB, not taking into account losses due to metal roughness (Fig. 5.11). The ohmic loss

due to finite metal resistance contributes 0.68 dB, the loss tangent of the substrate (tan(δ) =

0.01) accounts for 0.31 dB, and the reflection loss accounts for 0.36 dB (S11 = −11.0 dB).

The simulated −1 dB bandwidth is 1.4 GHz and the −3 dB bandwidth is 2.8 GHz.

The difference in the bandwidth of the two FSSs can be explained using (5.1). The

admittance Y of a parallel LC circuit disappears at resonance:

Y

∣∣∣∣
f0

= j2πfC +
1

j2πfL
= 0 (5.4)

and its derivative with respect to the frequency is given by:

dY
df

∣∣∣∣
f0

= j4πC. (5.5)
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Figure 5.12: Transmission line schematic of a single unit cell.

The capacitance of the switchable FSS is larger than the capacitance of the FSS with fixed

frequency response due to the loading of the MEMS membranes. Therefore, the admittance

around resonance changes faster and the transmission bandwidth is reduced.

5.5.3 Equivalent Circuit Model

Using the schematic shown in Fig. 5.12 which represents the transmission lines and the

bridge capacitances of a single unit cell, equivalent circuit models for the designed FSSs are

derived (Fig. 5.13). The input and output ports are connected to the center of the element

via a transformer. The transformer ratios for the FSS with fixed frequency response, n1,

and the switchable FSS, n2, can be determined using the method introduced in Section 5.9.1

or by curve fitting and are 0.59 and 2.1, respectively. The four transmission line sections

(”legs”) are connected to the center of the element on one side and to ground on the other

side due to the PEC symmetry planes. The two ”legs” which carry the even mode are at the

same potential which means they are in parallel and are represented as a single transmission

line section with half of the impedance of a single transmission line stub, Ze tanh γl. The

two ”legs” which carry the odd mode are connected in series because the outer conductors

are at opposite potential with respect to the element center and are represented as a single

107



Input port 
(377 Ω)

Zo = 76 Ω
εeff,o = 2.74
αo = 75 dB/m
Ze = 304 Ω
εeff,e = 2.74
αe = 75 dB/m 
l1 = 1370 µm
Ccomp = 7 fF
n1 = 0.59

1 n1 n1 1

Ccomp

: :

Output port 
(377 Ω)

2 
Z

ot
an

h(
γl

1)
 

0.
5 

Z
et

an
h(

γl
1)

 

(a)

Input port 
(377 Ω)

Zo = 76 Ω
εeff,o = 2.74
αo = 75 dB/m
Ze = 304 Ω
εeff,e = 2.74
αe = 75 dB/m 
l2 = 825 µm
Cup = 51 fF
Lbr = 10 pH
Rbr = 0.3 Ω
Ccomp = 7 fF
n2 = 2.1  

1 n2 n2 1

Ccomp

: :

Output port 
(377 Ω)

2 
Z

ot
an

h(
γl

2)
 

PEC

Cup

Lbr

Rbr

0.
5 

Z
et

an
h(

γl
2)

 

(b)

Figure 5.13: The equivalent circuit models of (a) the FSS with fixed fre-
quency response and (b) the switchable FSS.

transmission line with twice the corresponding impedance, Zo tanh γl. In the case of the

switchable FSS, two of the four loading bridges are connected in series and two in parallel.

They are therefore represented as a single MEMS bridge with a resistance of Rbr = 0.3 Ω,

an inductance of Lbr = 10 pH, and a capacitance of Cup = 51 fF in series. The lengths of

the legs, l1 and l2, are 1,370 µm in the case with the fixed frequency response and 825 µm

in the case of the switchable FSS, respectively. Zo can be determined using ADS and is

76 Ω. Ze cannot be determined with an approximate closed form expression because the
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Figure 5.14: The simulated S-parameters of (a) the FSS with fixed fre-
quency response and (b) the switchable FSS with bridges in
the up-state position using the equivalent circuit model in com-
parison with the HFSS simulation.

current density on the outer conductors of the transmission line does in general not decay

fast enough to converge. However, at a distance of 800 µm from the transmission line the

current density is zero because of the PEC symmetry. Therefore, the current is concentrated

close to the edges of the conductor and the capacitance between the outer conductors is
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very small. This leads to a characteristic impedance which is approximately 4 × greater

than Zo. The attenuation of the transmission line in odd mode was measured in [103] at

21 GHz and is 70 dB/m. For the FSS at 30 GHz, the attenuation for even and odd mode

is approximated with 75 dB/m. The discontinuity of the transmission line close to the

center of the element is accounted for with a capacitance, Ccomp, of 7 fF. Fig. 5.14 shows

the resulting transmission and reflection coefficient for both FSSs in comparison with the

HFSS simulation.

5.6 Fabrication

The FSSs presented in this work are fabricated in a class 100 clean room (less than

100 particles larger than 1µm per cubic feet of air) at The University of Michigan. The

FSSs are fabricated on a glass wafer with a dielectric constant εr = 4.6 and a loss tangent

tan(δ) = 0.01 at 30 GHz. The diameter is d = 76.4 mm and the thickness is t = 0.5 mm. The

fabrication procedure is illustrated in Fig. 5.15. First, the ground plane, bridge islands, and

inner elements are defined by a lift-off process of evaporated Ti/Au/Ti = 500/5000/500Å.

Then, the dielectric layer underneath the bridges is deposited in a Plasma Enhanced Chem-

ical Vapor Deposition (PECVD) process. The material is Silicon Nitride (Si3N4) with

εr = 7.6 and a thickness of 2000 Å. It is patterned using Reactive Ion Etching (RIE). The

sacrificial layer is Polymethylmethacrylate (PMMA) with a thickness of 2 µm. The pattern-

ing of the PMMA layer is done with RIE using a Ti masking layer. Then the metal layer

for the bridge membrane is deposited in a sputter process (Ti/Au/Ti = 100/8000/500Å).

Using this layer as a seed layer, the anchors of the loading bridges, all of the bias bridges

as well as the ground plane (excluding the parts underneath bridges) are electroplated with

3 µm-thick gold. For better uniformity of the loading bridges, the circuit undergoes a

heating and cooling cycle from 100◦C to 170◦C to 100◦C. This releases some stress in the

membrane and also forms a very thin layer of Au-Ti alloy at the 2 Ti-Au interfaces with

a thickness in the order of 50 Å. This alloy is considerably stiffer than either Au or Ti.

Finally, the bridges are defined in a wet etching process, the sacrificial layer is desolved in

PRS-2000, and the bridges are released in a Critical Point Dryer system.
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The advantage of PMMA over Photoresist as a sacrificial layer is that it reflows after

spinning and therefore does not create abrupt changes on the top profile. This helps making

the bridge flatter and decreases mechanical instability due to thin vertical sections in the

metal membrane. Also, after 30 min of baking at 170◦C, all solvents are gone and no

further out-gassing occurs in the following process steps which would damage the metal

membranes. Furthermore, when removing the sacrificial layer, no etchant is needed which

would eventually attack the Ti and the Silicon Nitride, as it happens when using PECVD

SiO2.

The purpose of the gold electroplating is threefold. First, the anchors of the loading

bridges are reinforced. This ensures that the twin membrane, when released, stays flat and

this increases the lifetime of the bridge. Second, the electroplating makes the bias bridges

very stiff and prevents pulling down when applying DC-bias voltage (the entire bias bridge

is electroplated). Third, the thickness of the ground plane is increased which reduces ohmic

losses in the slots, and the losses due to the skin effect.

The fabrication process is listed in detail in Appendix E. For further information about

the fabrication process, the reader is referred to [104–106].

The fabricated circuit of the FSS with fixed frequency response includes 409 unit cells

(Fig. 5.16), each 3× 3 mm2. The switchable FSS (Figs. 5.17, 5.18, and 5.19) consists of 909

unit cells, each 1.92× 1.92 mm2, with 3,636 loading bridges and 1,686 bias bridges. Three

unit cells each are tapped on opposite sides of the circuit to apply the DC-bias voltage.

5.6.1 Post-Fabrication Process

The 50 and 80 µm wide slots on the switchable FSS have an overall length of more

than 8 m over the entire wafer. It is therefore likely that after fabrication, unwanted DC-

connections remain on the circuit which can be caused by impurities in the photoresist used

for the last metal etching step or by adhesion problems of the photoresist during the gold

electroplating. Even a single unwanted short circuit would prevent the actuation of the

loading bridges. Therefore, a post-fabrication process becomes necessary to remove any

residual DC-shorts. Some faulty DC-connections can be found under the microscope and
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(a) Lift-off metal layer to define ground planes, inner ele-

ments, and islands.

(b) Deposit PECVD SiN, pattern it using RIE.

(c) Deposit sacrificial layer PMMA, pattern it using RIE.

(d) Deposit the MEMS bridge layer using sputtered

Ti/Au/Ti and electroplate anchors and ground plane.

(e) Pattern the bridges using wet etching. Etch the sacrifi-

cial layer using PRS-2000. Release the membranes using a

Critical Point Dryer system.

Figure 5.15: The fabrication procedure of a MEMS bridge.
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10 mm

Figure 5.16: Photograph of the FSS with fixed frequency response with 409
unit cells, each 3 mm in period.

0.5 mm

Figure 5.17: Photograph of a unit cell of the switchable FSS of dimensions
of 1.92 × 1.92 mm2 and with four RF MEMS bridges at the
center.

manually scraped, but only a small number falls under this category. A way to find the

remaining short circuits is to apply a DC-current between the tapped unit cells and ground.

The current spreads evenly throughout all the unit cells and the high current density in the

short circuits causes the unwanted short circuits to heat up. Hot spots of the size of about
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5.0 mm

Figure 5.18: Photograph of 3 × 3 unit cells of the switchable FSS.

10 mm

DC-bias 
pads

DC-bias 
pads

Figure 5.19: Photograph of the switchable FSS on a 3” wafer with 909 unit
cells, 3,636 loading bridges, and 1,686 bias bridges.

2 mm (Fig. 5.20) are created which can be located at the backside of the circuit using an

infrared camera (Fig. 5.21). Once located, the short circuits can be removed with a sharp

strong metal tip under the microscope.
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Figure 5.20: The simulated temperature distribution using Matlab in the
glass substrate after 10 s with a heat source of 50 mW [107]

Tapped unit cells Tapped unit cells

Hot Spots

Figure 5.21: Photograph of the FSS with an infrared camera with applied
DC-current. Unwanted DC-connections between ground plane
and inner elements are visible as warm spots.

5.7 Measurement Setup

FSSs are generally measured either by illuminating a large sample with a plane wave

in an anechoic chamber, or by placing a small sample in a waveguide and measuring the

S-parameters. The first method obviously requires a large sample, and normally does not

provide a way to measure the reflection coefficient. The waveguide technique can measure

reflection, but it has two disadvantages. The cross-sectional dimensions of a standard

waveguide are not generally integer multiples of the FSS grid period lc. Also, as the full
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metallic waveguide cannot carry a TEM mode, it cannot be used to measure the sample at

normal or arbitrary angles of incidence.

An alternative approach is to use a free space measurement setup that simulates the

guided system. Quasi-optical measurement systems have been used for this purpose by a

number of researchers at 60-300 GHz [108,109]. But the required lens/mirror size and focal

length prove impractical in the the Ka-band. Based on the hard-horns developed by Ali et

al. [110], a guided measurement system can be developed to simulate an oversized parallel-

plate waveguide. Hard-horns are antennas with nearly uniform aperture distribution, which

are formed by dielectric loading of the metallic pyramidal horns. A specially designed

dielectric lens is used at the aperture to compensate the spherical phase error across the

aperture. The hard-horns act as a matched transition between the coaxial terminals and

the oversized TEM waveguide ports. The sample under test can be sandwiched between

two of these waveguide ports, to form a guided system with coaxial ports. This system has

been successfully used for excitation and measurement of Ka-band quasi-optical amplifier

arrays [111]. Although for this application it is impractical to sandwich the FSS sample

between the two hard-horns, due to the loading effect of the dielectric lenses, still the

hard-horns can be used to form a quasi-guided system. In the modified system (Figs. 5.22

and 5.23), the hard horns form two parallel TEM ports that are separated by an air gap of

80 mm, and the sample under test is placed in the middle of the two ports. Due to their

high directivity, the hard-horns are expected to generate a good approximation of the plane

wave in the near-field, as is required for the FSS measurements. As the sample can be

freely reoriented in the air gap, the quasi-guided system proves convenient for performing

measurements at arbitrary angles of incidence.

Since the electromagnetic field in the gap region is assumed to be predominantly TEM,

the air gaps between the hard-horn apertures and the surface of the sample can be treated as

transmission-line sections. This allows for a standard TRL (Thru-Reflect-Line) calibration

of the measurement setup, which simultaneously de-embeds the connecting cables, hard

horns, and the air gaps from the measurement [112]. Also, a time-gating process with a

gate width of 2 ns is applied to filter out the residual error due to the multiple reflections

of the high-order modes.
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Figure 5.22: The free-space measurement system using hard horns [110].

Figure 5.23: Photograph of the quasi-optical measurement setup.

5.8 Measurement Results

Due to the scattering at the edge of an actual circuit, an FSS is only an approximation

of an infinite periodic structure. Therefore, the S-parameter measurements of the FSSs are

specific to the size of the circuits and the measurement setup. With the method described

above, edge effects are minimized and the scenario of an incident plane wave is reasonably

well approximated. However, for large angles of incidence, the effective area of the FSSs is

reduced and the results are somewhat qualitative. The dynamic range of the measurement

using TRL-calibration is better than 40 dB for both, co- and cross-polarized components,

at 30 GHz.
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Figure 5.24: The measured and simulated S-parameters (HFSS) of the FSS
with fixed frequency response for normal incidence.

5.8.1 FSS with Fixed Frequency Response

The measured S-parameters of the FSS with fixed frequency response in comparison

with the simulated (HFSS) results are shown in Fig. 5.24. The resonance frequency is

30.5 GHz with an insertion loss of 0.83 dB and a reflection coefficient of −11.7 dB. The

−1 dB bandwidth is 3.2 GHz and the −3 dB bandwidth is 6.6 GHz and agrees well with

simulations. The deviation of 0.5 GHz in resonance frequency can partly be explained by

an inaccuracy in the dielectric constant of the substrate which is introduced either by the

available data or by the simulation tool [113].

The insertion loss is also measured for oblique angles of incidence. The transmission

coefficient for incident TE-waves is shown in Fig. 5.25(a). It is seen that the resonance

frequency and the −3 dB bandwidth do not change versus the angle of incidence. For large

angles of incidence, the insertion loss increases by 3.3 dB (at 50◦) and is partly explained

by the decreased effective area of the FSS. With incident TM-waves (Fig. 5.25(b)), the

frequency response essentially remains constant. The resonance frequency and the −3 dB

bandwidth are unchanged, and only at an angle of incidence of 50◦ does the insertion loss

increase by about 1.5 dB. The measured cross-polarization for different angles of incidence

is excellent for all angles of incidence (Fig. 5.26).
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Figure 5.25: The measured transmission coefficient of the FSS with fixed
frequency response for oblique incidence: (a) TE-waves and
(b) TM-waves.

5.8.2 Switchable RF MEMS FSS

The transmission and reflection coefficients of the switchable FSS with bridges in the

up-state position for normal incidence are presented in Fig. 5.27. The resonance frequency is

30.2 GHz with an insertion loss of 2.0 dB and a reflection of−11.5 dB. The−3 dB bandwidth
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Figure 5.26: The measured transmission coefficient for the cross-polarized
component of the FSS with a fixed frequency response for nor-
mal and for oblique incidence.
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Figure 5.27: The measured and simulated S-parameters (HFSS) of the
switchable FSS versus frequency, with no applied voltage.

is 3.2 GHz. The increase in insertion loss compared to simulation can be explained by

increased losses due to surface roughness and non-uniformity of the MEMS bridges over

the whole circuit, which can cause a deviation in the resonance frequency of the single

resonators. The latter is also likely to be the reason for the slightly increased −3 dB

bandwidth. When applying a DC-bias voltage between 0 and 13 V, the resonance frequency
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Figure 5.28: The measured transmission coefficient of the switchable FSS
versus frequency with different applied DC-bias voltage levels.
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Figure 5.29: The measured and simulated (HFSS) reflection coefficient of
the switchable FSS versus frequency with applied DC-bias
voltage of 17 V.

is shifted to 29.4 GHz due to the increased capacitance of the loading bridges (Fig. 5.28).

The corresponding transmission loss is increased to 2.9 dB while the −3 dB bandwidth

remains constant. When the bridges are in the down-state position, which requires a DC-

bias voltage of 17 V, the measured transmission coefficient is −27.5 dB at 30.2 GHz and

the reflection is close to 0 dB, which agrees well with simulation (Fig. 5.29).
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Figure 5.30: The measured transmission coefficient of the switchable FSS
versus frequency for different angles of incidence: (a) TE-waves
and (b) TM-waves.

The transmission coefficient for different angles of incidence is shown in Figs. 5.30(a)

and 5.30(b). For orthogonal polarization of the electric field (TE-wave), the resonance

frequency is stable versus angle of incidence and the −3 dB bandwidth is reduced only

slightly to 2.9 GHz at an angle of incidence of 50◦. The measured transmission loss increases
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Figure 5.31: The measured transmission coefficient for the cross-polarized
component of the switchable FSS for normal and for oblique
incidence.

to 3.7 dB and 6.2 dB at an angle of incidence of 40◦ and 50◦, respectively. For parallel

polarization (TM-waves), the resonance frequency is shifted to 28.6 GHz at an angle of

incidence of 50◦ and the transmission loss is increased to 3.3 dB, while maintaining a −3 dB

bandwidth of 3.2 GHz. The reason for the shift in frequency is a transmission minimum at

35 GHz which becomes more prominent with increasing angle of incidence. The measured

cross-polarization level for normal incidence is below −29 dB and is below −27 dB for all

measured angles of incidence from 24 to 40 GHz (Fig. 5.31).

As a measure of the uniformity of the RF MEMS and a proof of the independence

of polarization, the transmission coefficient for normal incidence is measured for different

angular orientation of the FSS. It is observed that the transmission coefficient changes only

by ±0.05 dB for a full 360◦ turn of the FSS.

5.8.3 Transmission Null for TM-Waves

The transmission zero for oblique angles of incidence for TM-waves is only observed in

the switchable FSS and not in the FSS with fixed frequency response. Due to the small

unit cell size compared to the wavelength and because the transmission zero is stable in

frequency versus angle of incidence, it can neither be explained by substrate modes nor by
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Figure 5.32: The fundamental modes in the switchable FSS: (a) the single
excited mode for normal incidence, (b) a second mode which
is excited for oblique angles of incidence and TM-polarization.

grating lobes.

The reason can be found when considering the modes in a unit cell of the switchable

FSS. For normal incidence, PEC and PMC-walls force virtual grounds at the location of

the bias bridges. The only fundamental mode that can exist is the mode with a voltage

maximum at the location of the loading bridges and a voltage minimum at the location of

the bias bridges (Fig. 5.32(a)). For vertical polarization, the electric fields in the horizontal

”legs” are in even mode and cause radiation/transmission whereas in the vertical ”legs”, the

electric fields are in a non-radiating odd mode. However, at oblique angles of incidence with

parallel (TM-) polarization, no PEC-walls exist and a different mode shown in Fig. 5.32(b)

can also propagate. This mode has a voltage maximum at the location of the bias bridges

and a voltage zero at the location of the loading bridges. It does not radiate since the
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Figure 5.33: Transmission line schematic of a single unit cell for the sec-
ond propagating mode for oblique angles of incidence (TM-
polarization).

electric fields in the slot propagate in an odd mode in all ”legs” and cancel each other in

the far-field.

Based on the transmission line schematic of Fig. 5.33, the equivalent circuit model is

extended to account for the additional propagating mode (Fig. 5.34). For the second mode,

all four ”legs” carry odd mode and are connected in parallel. This is represented by a single

transmission line with a quarter of the corresponding impedance of a single transmission

line stub. The PEC symmetries do not hold for this mode. Therefore, the transmission

lines are connected to ground through the capacitance of the bias bridges, Cbias = 75 fF.

For symmetry reasons, only half of Cbias is effective for each transmission line. The bridge

capacitances, Cup, and the compensation capacitance, Ccomp, have no effect because they are

connected across a voltage minimum. The transformer ratio for the new mode, n3, depends

on the angle of incidence, and is 0.14 to match the measurement for 30◦ (Fig. 5.35).

An easy way to avoid the existence of the unwanted mode close to the mid-band fre-

quency is to avoid the air gap of the bias circuitry and design the bias bridges as MIM

(metal-insulator-metal) capacitors. This will have no effect on the fundamental transmit-

ting mode, but will increase the capacitive loading of the unwanted mode and will shift the

125



Input port 
(377 Ω)

Zo = 76 Ω
εeff,o = 2.74
αo = 75 dB/m
Ze = 304 Ω
εeff,e = 2.74
αe = 75 dB/m 
l2 = 825 µm
Cup = 51 fF
Lbr = 10 pH
Rbr = 0.3 Ω
Ccomp = 7 fF
Cbias = 75 fF
n2 = 2.1
n3 = 0.14

1

n2 n2

1Ccomp

Output port 
(377 Ω)

PEC

Cup

Lbr

Rbr

n3 n3

2 Cbias

2 
Z

ot
an

h(
γl

2)
 

0.
5 

Z
et

an
h(

γl
2)

 

0.25 Zotanh(γl2) 

Figure 5.34: The equivalent circuit model of the switchable FSS for oblique
angles of incidence (TM-polarization).
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Figure 5.35: The measured and simulated (circuit model) transmission co-
efficient of the switchable FSS for an angle of incidence of 30◦

(TM-polarization) using the model of Fig. 5.34.
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resonance frequency below 10 GHz.

5.9 High Power Considerations

As a distributed circuit, the FSS has the potential of handling high RF powers. How-

ever, simply multiplying the power handling capabilities of a single MEMS switch in a

transmission line by the number of switches implemented in the FSS will lead to wrong

results, since this is a resonant structure and not a bridge in a 50 Ω transmission line.

5.9.1 Failure Mechanisms due to High RF Power

There are different failure mechanisms due to high incident RF-power. The RF-power

can cause actuation of the MEMS bridges when they are in the up-state position or hold the

MEMS bridges permanently in the down-state position and prevent release. The current

density in the bridges can also be too high in either the up-state or down-state position.

Thermal destruction can occur due to the finite thermal conductivity in the membranes.

The transmission loss in transmit-mode can cause thermal destruction of the overall circuit.

In the following, each single failure mechanism is treated individually.

Pull-down due to RF-power: The FSS is a filter and therefore, a standing wave in the

resonator leads to higher voltage levels than in a 50 Ω transmission line circuit. A one-pole

filter equivalent circuit with a parallel RLC resonator is shown in Fig. 5.36. The external

loading impedances Rs and Rl are the characteristic impedance of free space, 120π Ω, and

Rr is the parallel resistance of the resonator. The transformer ratio, n, at the input and

output port is assumed equal because the thickness of the FSS is much smaller than a

wavelength. The loaded quality factor, Ql, is given by:

Ql =
ω0

ω−3dB
(5.6)

and is 9.4. The unloaded quality factor, Qu, is then 44.8 using:

Qu = Ql(1− S21) (5.7)

and the external quality factor, Qext, is determined using:

1
Ql

=
1
Qu

+
1

Qext
(5.8)
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Figure 5.36: One-pole RLC band-pass filter configuration with external
loading.

and is 11.9. Knowing that Cup = 50 fF, the values for L and C can be found using (5.1)

and (5.2) where f0 is determined through HFSS simulations to be 52 GHz. This results in

L = 369 pH and C = 25.4 fF. Rr is found using:

Qu = ω0Rr(C + Cup) (5.9)

and is 3.13 kΩ. The transformer ratio can be found using:

Ql = ω0Rtot(C + Cup) (5.10)

with Rtot being defined by:

Rtot = n2Rl‖Rr‖n2Rl (5.11)

and is 2.1. With a maximum allowable RF voltage in the slotline of Vrms = Vpull−down

before self-actuation occurs, the input voltage, Vin, is limited to Vrms/n. Using:

Pinc,max =
V 2

in

Rs
=
V 2

rms

n2Rs
, (5.12)

where Vpull−down = 13 V, the maximum incident power per bridge, Pinc,max, is 102 mW,

which results in an overall maximum input power of 370 W.

Hold-down due to RF-power: The hold-down voltage for MEMS bridges is considerably

lower than the pull-down voltage (2-5 V). However, when the bridges are in the down-state

position, no standing wave is induced in the resonator at f0, and (5.12) does not apply

in this case. Also, when the MEMS bridges are in the transition from the down-state to

the up-state position, the capacitive loading due to the membrane is reduced quickly which
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leads to an increased voltage level across the bridge which tends to pull the bridge back

to the down-state position. An equilibrium height will be achieved, which balances the

mechanical pull-up force and the pull-down force due to the RF voltage at the bridge. For

a thorough investigation an exact electromechanical model is necessary. An estimation of

the maximum input power before hold-down occurs is found experimentally (Section 5.9.2).

Current density on the RF MEMS bridge: Current in MEMS shunt bridges is mostly

carried on the edges as shown in [114]. This leads to current densities which can exceed the

value for the critical DC-current density (0.5-1 MA/cm2 for gold). However, no reliable data

is available for the critical AC-current at microwave frequencies. According to observations

made at the University of Michigan, 8,000 Å thick MEMS bridges can easily carry more

than 400 mA of AC-current at 10-50 GHz. Based on this finding and according to [68],

the induced current density in the MEMS bridges in the up or down-state position is not a

limiting factor for the power handling of the switchable FSS and is not investigated further.

Thermal destruction of the MEMS membrane due to series resistance: Heat generation

in the membranes is due to the finite conductivity of the gold membrane. In [68,98], however,

it was found that this is not a predominant effect and it is not investigated further.

Thermal destruction due to transmission loss: The maximum allowable temperature for

the FSS is about 80◦C since for higher temperatures, the membranes start to deform and the

performance of the circuit is affected. In the up-state position, the measured transmission

coefficient is −2.0 dB or 63% of the power is transmitted. With a reflection coefficient of

−11.5 dB (7% is reflected), this means that 30% of the incoming power is absorbed by the

FSS, and leads directly to an increase of the overall temperature of the FSS.

Since the aspect ratio of the circuit is very high (76.4 mm wide, 0.5 mm thick), the

FSS can be treated using a one-dimensional thermal model as shown in Fig. 5.37. The

temperature gradient across the thickness of the glass wafer is very small because of the

thin wafer used, and therefore it can be accurately assumed that the power is dissipated

uniformly over the whole substrate. If the substrate is not thermally grounded at the edges,

the governing equation is (steady state analysis):

Qa

2
= h∆T (5.13)
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Figure 5.37: One-dimensional heat transfer model for the switchable FSS.

where Qa is the dissipated power per unit area [W/m2], h is the convective heat transfer

coefficient per unit area [W/(K m2)], and ∆T is the temperature difference between the

circuit and the environment. Values for h are empirical and range from 2 to 25 for natural

airflow and from 25 to 250 for forced airflow [115]. Fig. 5.38 shows the relationship between h

and the maximum incident power on the FSS for a maximum temperature of 80◦C (∆T =

60◦C) and an ambient temperature of 20◦C. For an incident power of 25 W, the total

dissipated power in the FSS is 7.5 W, Qa = 1.64 mW/mm2 and h needs to be greater than

15. For a heat transfer coefficient of 100, which requires active air cooling, the incident

power cannot exceed 180 W (54 W absorbed power).

The validity of the one-dimensional model is confirmed with a two-dimensional simula-

tion using Matlab [107]. Fig. 5.39 shows a cross-section of the FSS and the temperature

distribution with and without heat sink at the edge. The convective heat coefficient is 15

and the incident power is 25 W (7.5 W absorbed power). As predicted, the maximum tem-

perature in the center of the circuit is close to 80◦C in both cases. This means that for the

fabricated circuit, a heat sink at the edge of the FSS does not improve the power handling

capabilities.

If the applied incident power is only for a short period of time t, the thermal behavior

can be approximated with:

∆T =
Qvt

cρ
(5.14)

where c = 0.81 J g−1 K−1 is the specific heat capacity of glass, ρ = 2.23 g cm−3 is the
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Figure 5.38: Maximum incident power on the switchable FSS versus heat
coefficient for an ambient temperature of 20◦C.

density of glass, and Qv is the dissipated power per volume. The maximum incident power

is inverse proportional with time and for an exposure time of 1 s, it is 819 W (246 W

absorbed power).

Summary: For a continuous wave operation, the power handling of the fabricated FSS

is limited by the increased temperature of the overall circuit due to absorbtion and is about

25 W if no air cooling is available. For short pulses of incident power, the power limit is set

by the self-actuation due to RF power and is 370 W. In these considerations it is assumed

that the incident power is distributed evenly across the FSS.

5.9.2 High Power Experiment

The high power measurement setup is shown in Fig. 5.40. A 30.2 GHz signal is amplified

and the power level is controlled by a tunable attenuator. The amplifier is a travelling-wave

tube amplifier with a maximum output power of 50 W continuous wave. The same hard

horns as for the S-parameter measurements are used to illuminate the FSS and receive the

transmitted signal. The FSS is tilted by 15◦ to prevent the reflected signal from being fed

back into the power amplifier but to direct it onto a large foam absorber, thus eliminating

the need of a high power circulator. A −20 dB coupler is used in the transmit path to send

part of the input power to a spectrum analyzer. The through port of the coupler is matched
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Figure 5.39: Simulated (Matlab) heat distribution in a cross-section of the
FSS with a convective heat coefficient of 15 W/(K m2) and an
incident power of 25 W (absorbed power of 7.5 W) (a) with
and (b) without heat sink.

with a horn antenna and the signal is radiated and absorbed by a large foam absorber, thus

avoiding the need of a high power attenuator. Active air cooling for the FSS is provided by

a fan.

The conducted experiment showed that for the fabricated switchable FSS, the maximum

input power is 5 W for hot switching. With an input power of 10 W, some of the MEMS

bridges are held in the down-state position, and for input levels greater than 20 W, self-

actuation of some of the membranes due to RF power is observed. No destruction of the

132



Spectrum analyzer

Hard horn Hard hornDUTTWT 
amplifier

Signal 
generator

-20 dB

Absorber

Figure 5.40: The setup for the high power measurement.

circuit is observed even for the maximum available input power of 50 W.

The difference between the measured (20 W) and calculated (370 W) power level for self-

actuation can partly be explained by the non-uniform illumination of the FSS. The aperture

of the hard horns is about half in area as the switchable FSS. This results in a power density

in the center of the FSS which is 4 times as high as with uniform illumination. Combined

with the field variation across the aperture of the horn antennas of ±1 dB, this leads to local

power densities of roughly 5 times compared to uniform illumination. The self actuation of

MEMS bridges at an input power of 20 W, however, can only be explained assuming that

the pull-down voltage was decreased due to thermal expansion of the membranes.

The experiment shows that for the measured switchable FSS the power limit for hot

switching is set by the hold-down voltage and is about half of the self-actuation level when

the bridges are in the up-state position.
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CHAPTER 6

Conclusions and Future Work

6.1 Antennas for Automotive Radars

The objective of this thesis is to develop antenna systems for automotive radar appli-

cations at 24 and 77 GHz which combine good performance (in particular a sidelobe level

of below −14 to −20 dB) with wide scan-angle (up to 180◦), compactness, and low cost of

production.

Tapered-slot antennas (TSAs) are used as feed antennas to a single homogeneous spher-

ical Teflon lens. This is a comparably low-cost solution and due to the small physical

cross-section of the feed antennas, a very wide field of view is possible. A homogeneous

sphere does not have a uniform focal point for center and off-axis rays. However, for a

diameter of up to 30 - 40λ0, a Teflon sphere is well suited as a lens at microwave and

millimeter wave frequencies.

The design of TSAs on RT/Duroid 5880 substrate which are suitable for such an antenna

lens system is presented in Chapter 2. For close spacing around the spherical lens, the

aperture is 0.7λ0 and for compactness, the length is minimized modifying a design first

demonstrated by Sugawara et al.. To feed the TSAs, microstrip line-to-slotline transitions

for different substrate thicknesses at 24 and 77 GHz are developed. With the designed

TSAs, an array with low gain and no lens is demonstrated with the potential of 360◦ field

of view.

In Chapter 3, the dependence of sidelobe level, directivity, and efficiency on the feed
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location is investigated in simulation (in collaboration with X. Wu and G.V. Eleftheriades

at the University of Toronto, Canada) and experiment. For a Teflon lens, the best feed point

lies 0.4-0.52R outside the sphere. The maximum achievable gain is around 38 dB. Using a

lens with a radius of 6.42λ0 at 77 GHz (25 mm), a sidelobe level of −20 dB and a gain of

29.4 dB is demonstrated which corresponds to an efficiency of 49%, not taking the losses in

the TSA into account Also, antenna arrays using a spherical Teflon lens are designed at 24

and 77 GHz with a scan-angle of up to 180◦ while maintaining a low sidelobe level of −16 to

−20 dB. The size of this multibeam antenna design is reduced using a hemispherical Teflon

lens with backside metallization instead of a sphere (Chapter 4). Furthermore, the feed

antennas for 24 and 77 GHz are integrated into a single aperture, using frequency-selective

surfaces (FFSs), thus increasing further the compactness.

6.2 Switchable FSS

In a related project, this thesis demonstrates the first RF MEMS switchable frequency-

selective surface. A polarization independent FSS using four-legged loaded elements is

designed using 2.5 and 3-dimensional electromagnetic solvers and equivalent circuit models.

High resistivity bias lines are avoided by connecting the elements through air bridges. The

impact of the bias circuitry for normal and oblique incidence is explained and the loading

MEMS bridges are placed accordingly.

An FSS consisting of 909 unit cells with 3,636 movable membranes is built on a 3” glass

wafer using standard micromachining processes. The measured insertion loss at 30.2 GHz

in midband is 2.0 dB in transmit mode (bridges up) and 27 dB in reflection mode (bridges

down). For parallel polarization and at large angles of incidence, a transmission null close

to the resonance frequency for oblique angles of incidence is observed, explained by a circuit

model, and an easy solution to avoid this undesired behavior is proposed. The FSS can also

be tuned in an analog fashion with a pass-band center frequency of 30.2 to 29.4 GHz. The

power handling of the switchable FSS is estimated to be >60 - 100 W before any of the

bridges is actuated by the RF power for Vp = 20 - 30 V, or before any thermal limits are

reached at the center of the array with active air cooling provided.
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6.3 Antennas for Automotive Radars: Future Work

6.3.1 Low-Gain 360◦ Array without Lens

The presented measurements of a 180◦ TSA array without lens indicate that a compact,

low-cost, reliable array with 360◦ field of view can be built (Section 2.6). The coupling

of the closely spaced feedlines near a SPNT switch could not be measured since no SPNT

switch was available at the time, and this should be investigated in the future. Permitting

a suitable fabrication process, a way to keep the coupling near the switch to a minimum

is to use CPW feedlines. The electric fields in CPW lines are much more confined than

in microstrip lines and the line dimensions can be made significantly smaller. Also, for a

transition from CPW line-to-slotline, a 90◦ bend in the CPW line is not necessary [116].

This reduces coupling through substrate waves and allows for an even more compact design

of the array. It should be investigated if the size of the circuit and the coupling through

the substrate waves can be reduced in a similar way by using a uniplanar microstrip line-

to-slotline transition [117].

6.3.2 Ellipsoid of Revolution as Lens

In automotive radars, often, especially for long range applications, different beamwidths

are desired in azimuth and elevation. The azimuth beamwidth limits the angular resolution

for obstacles on the ground. The choice of elevation beamwidth is important for changes

in the slope of the surface or to avoid false alarms which are caused e. g. by holes in the

surface of the road.

In general, the beamwidth of an antenna in a certain plane is determined by its phys-

ical dimension in that plane. For different beamwidths in the azimuth and elevation, the

spherical lens has to be replaced by an ellipsoid of revolution. However, the optimal feed

location has to be maintained for both, azimuth and elevation. For a −10 dB beamwidth

of the feed pattern, the optimum radiation patterns are achieved for a distance of d = 0.40

- 0.52R between the feed antenna and the Teflon lens. Therefore, it is clear that the ratio

between the radii of the ellipsoid lens cannot be more than 1.3. The half-power beamwidth

is indirectly proportional to the aperture dimension, and therefore, as an example, for a
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−3 dB beamwidth in azimuth of 2.8◦, the −3 dB beamwidth in elevation has to be within

2.2 and 3.6◦. Moreover, the shape of the lens for the H-plane pattern is not a circle anymore.

Therefore, it has to be investigated how well an ellipsoid lens is suited as a microwave and

millimeter wave lens.

6.4 Switchable FSS: Future Work

6.4.1 Analog Frequency Tuning

For bias voltages less than the pull-down voltage, the height of an RF MEMS bridge is

decreased and the capacitance is increased. This can be used for analog frequency tuning

of an FSS (Section 5.8.2). However, due to the instability point at 2/3 of the original

bridge height, the theoretically achievable capacitance ratio is only 1.5 and practically 1.2

- 1.25 [118]. The bridge capacitance is part of the resonant LC-circuit and in order to

achieve highest frequency tuning, the bridge capacitance has to be as much of the overall

capacitance as possible. This means that the up-state capacitance has to be large which

makes the unit cell small. Still, the tuning range is limited to
√

1.2 -
√

1.25 which is around

10 - 14%.

To achieve higher tuning range, varactors with high tuning ratio are needed. In the

recent years, tuning ratios of more than 300% have been demonstrated [119–121]. However,

all of the presented designs require separate electrodes for actuation. These additional

electrodes can be addressed only by an additional bias network with bias lines running

underneath or on top of the ground metal, and the probability of DC-shorts and thus

failure of the tunable FSS is greatly increased.

6.4.2 Digital Frequency Tuning Using Series Capacitances

The tuning between 2 discrete resonance frequencies can be achieved with RF MEMS

bridges with small (2-3) capacitance ratio between up and down-state position, as opposed

to the design presented in Chapter 5 with a capacitance ratio of around 1:20. This could

be achieved with small bridge height and a thick dielectric layer with small εr underneath

the membrane. However, the capacitance in the down-state position is highly dependent
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Figure 6.1: Circuit model (a) and realization of an MIM-capacitor in series
with an RF MEMS bridge (b).

on the surface roughness of the dielectric layer as well as the metal membrane and is very

hard to control. Therefore, a better solution is the use of a lumped capacitance in series

with each bridge (Fig. 6.1(a)) . The total load capacitance (Cl) is the series combination of

the switch capacitance (Cb) and the lumped capacitance (Cs) and is:

Cl =
CsCb

Cs + Cb
. (6.1)

If any of Cs and Cb is much larger than the other, Cl is approximately equal to the smaller

of Cs and Cb. If well designed, the resulting capacitance is approximately Cu when the

bridge is in the up-state position and Cs in the down-state position. Cs can be realized

as MAM (metal-air-metal) or MIM (metal-insulator-metal) capacitance which is easy to

control (Fig. 6.1(b)).

6.4.3 Digital Frequency Tuning Using Different Spring Constants

The pull-in voltage for a fixed-fixed beam is dependent on the spring constant k and is

given by [118]:

Vp =
√

8k
27εrWw

h3
0 (6.2)

with h0 being the original bridge height and W and w the dimensions of the pull-down

electrodes. Fig. 6.2(a) shows different bridge configurations with different k. By imple-
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(a) (b)

Figure 6.2: RF MEMS bridges with different spring constant k (a) and an
example of an FSS unit cell using membranes with different k
for digital frequency tuning (b).

menting loading membranes with different k in one unit cell, e. g. as shown in Fig. 6.2(b),

the loading of the element can be controlled by the amount of bias voltage applied. With

increasing bias voltage, first the membranes with low k will be actuated, thus increasing

the capacitive loading of the element, and then successively the ones with higher k. The

amount of capacitive loading can be controlled by the location and the dimensions of the

membranes and a series MIM or MAM capacitance as described in Chapter 6.4.2.

With this method, however, the power handling capability of the FSS is considerably

reduced due to the decreased pull-down and hold-down voltages for lower spring constant.

6.4.4 Switchable Multilayer FSS

Often, FSSs are designed as multilayer structures to improve independence of angle of

incidence and to achieve a multipole filter response with flat pass-band and steeper roll-

off. The FSS presented in Chapter 5 can easily be extended to a multilayer circuit with
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switching capabilities. One possibility is to build all periodic layers with identical switching

capabilities. Special care has to be taken for the layers that are included between dielectric

layers in a circuit with more than 2 layers. A cavity of at least a few micrometers in height

has to ensure that the RF MEMS bridges are freely moveable. Another way is to implement

in only 1 periodic layer tuning elements and all other layers have a fixed frequency response.

With actuated MEMS bridges, the entire circuit will be reflective, even if all other layers

are still transparent. However, for a good filter design, special care has to be taken because

the external loading of the switchable layer is changed by the RF MEMS.

6.4.5 Tunable Multilayer FSS

Multilayer FSSs are spatial multipole filters. In multipole filters, the resonators are

connected through (K or J) impedance inverters which can be realized with lumped capac-

itances or inductances, or like in FSSs with λg/4 transmission lines. The λg/4 transmission

line is realized by the dielectric layers which separate the periodic layers. However, the

inverter properties of a λg/4 transmission line are rather narrow-band in nature and there-

fore, the tuning range of multilayer FSSs is limited. For a wide tuning range, a compromise

in the performance has to be found. Fig. 6.3 shows the simulated (Method of Moments)

transmission coefficient of a 2-pole tunable FSS which can be tuned from 30 to 44 GHz.

The two FSS layers are similar to the switchable FSS in Chapter 5. The length of the ”legs”

is 600 µm and the loading capacitance is 108 fF and 40 fF for a resonance frequency at 30

and 44 GHz, respectively. In a digital design, this can be realized with an up-state capac-

itance of 60 fF and a series capacitance of 120 fF. Using (6.1), for an error of the loading

capacitance of ±2%, the down-state capacitance of the membrane has to be between 897

and 1343 fF. The periodic layers are separated by a glass substrate (εr = 4.6) of thickness

1 mm which corresponds to λg/4 at 35 GHz. Due to the narrow-band nature of the λg/4

transmission line, the ripples in the pass-band are not less than 2 dB.
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Figure 6.3: Simulated transmission coefficient of a double-layer tunable FSS
(not well tuned).

6.4.6 Increasing the Power Handling

The power handling of the presented switchable FSS is limited by the self-actuation

of the membranes in the up-state position (cold switching) or in the down-state position

(hot switching). The power level for self-actuation in the up-state position depends on the

pull-down voltage, Vp, which can be increased by increasing the bridge height, h0, and with

shorter and thicker membranes, thus increasing the spring constant, k. A pull-in voltage

of 40 V is easily achievable. Moreover, when implementing series capacitances for digital

frequency tuning, the pull-in voltage increases again because of the series division of the

applied voltage. Therefore, the power limit due to self-actuation in the up-state position

can easily be increased by a factor of 10.

The hold-down voltage depends on the spring constant of the MEMS membrane and

the thickness of the dielectric layer, as well as its roughness. In practice, voltages up to 8 V

are common [98]. Again, with series capacitances the hold-down voltage is increased due to

the series division of the applied voltage.
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APPENDIX A

Slotline and Microstrip Design Equations

Slotline design formulas [77]:

Z0 = 60 + 3.69 sin
(
εr − 2.22π

2.36

)
+ 133.5 ln(10εr)

√
W

λ0

+ 2.81 [1− 0.011 εr (4.48 + ln εr)]
W

t
ln

(
100t
λ0

)
+ 131.1 (1.028− ln εr)

√
t

λ0

+ 12.48 (1 + 0.18 ln εr)
W
t√

εr − 2.06 + 0.85
(

W
t

)2
(A.1)

Microstrip line design formulas [77]:

Z0 =


60√

εr,eff
ln

(
8t
We

+ We
4t

)
; W

t ≤ 1

120π
(√
εr,eff

[
We
t + 1.393 + 0.667 ln

(
We
t + 1.444

)])−1
; W

t ≥ 1
(A.2)

Z0(f) = Z0
εr,eff (f)− 1
εr,eff − 1

√
εr,eff

εr,eff (f)
(A.3)

We

t
=


W
t + 1.25tm

πt

(
1 + ln4πW

tm

)
; W

t ≤ 1
2π

W
t + 1.25tm

πt

(
1 + ln 2t

tm

)
; W

t ≥ 1
2π

(A.4)

F =


(
1 + 12 t

W

)−0.5 + 0.04
(
1− W

t

)2 ; W
t ≤ 1(

1 + 12 t
W

)−0.5 ; W
t ≥ 1

(A.5)
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εr,eff =
εr + 1

2
+
εr − 1

2
F − εr − 1

4.6

tm
t√
W
t

(A.6)

εr,eff (f) = εr −
εr − εr,eff

1 +
(

f
f50

)m (A.7)

f50 =
fk,TM0

0.75 +
[
0.75−

(
0.332
ε1.73
r

)]
W
t

(A.8)

fk,TM0 =
c tan−1

(
εr

√
εr,eff−1
εr−εr,eff

)
2πt

√
εr − εr,eff

(A.9)

m = m0mc (A.10)

m0 = 1 +
1

1 +
√

W
t

+ 0.32

 1

1 +
√

W
t

3

(A.11)

mc =


1 + 1.4

1+W
t

[
0.15− 0.235

(
−0.45f

f50

)]
; W

t ≤ 0.7

1; W
t ≥ 0.7

(A.12)

With:

t = substrate thickness

tm = metal thickness

W = width of slotline/microstrip line

εr = relative permittivity
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APPENDIX B

Microstrip Line-to-Waveguide Transition

At 24 GHz, microstrip line-to-coax transitions are relatively easy and inexpensive, and

a prototype antenna can be easily connected to the rest of the radar module for testing.

At 77 GHz, such a transition is not available and a transition to waveguide is necessary to

connect a prototype antenna with MMICs.

Microstrip line-to-waveguide transitions have been studied extensively [122–124]. At

W-band, transitions with insertion losses of better than 0.4 dB have been reported covering

the whole frequency band.

Since the microstrip line-to-waveguide transition for this work is only to test a prototype

antenna, it should be easy to build and to mount. The design is taken from [125] and

modified such that the substrate does not have to be cut. Fig. B.1 shows a schematic of

the microstrip line-to-waveguide transition. The microstrip line reaches into the waveguide

and couples to the waveguide mode. The substrate is supported by a brass block which has

a waveguide feed through and which holds positioning pins in order to align the waveguide

on one side and the substrate and the waveguide cap on the other side. The brass block

and the waveguide cap are connected using via holes in order to provide electric connection.

The via holes are holes in the substrate which are filled with electric conductive glue, and

screws (not shown in the schematic) provide mechanical pressure and therefore good electric

contact. Dimensions are given in Fig. B.2.

The microstrip line-to-waveguide transition is measured in a back-to-back configuration

for easy calibration to the ends of waveguides using SLLT (Short-Line-Load-Through) as
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Figure B.1: Cross-section and topview of the microstrip line-to-waveguide
transition.
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Figure B.2: Dimensions of the microstrip line-to-waveguide transition in µm.

standards. The length of the microstrip line between the 2 transitions is 40 mm. With

a loss of 0.06 dB/mm (2.4 dB total microstrip line loss), the loss per transition is around

1.0 dB at 77 GHz. A critical issue is the placement of the via holes. Any distance from the
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Figure B.3: Photograph of the back-to-back microstrip line-to-waveguide
transition.
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Figure B.4: Measured S-parameters of a back-to-back microstrip line-to-
waveguide transition.

circumference of the waveguide means an additional current path and therefore unwanted

reflections, and clearly, a better match is needed. The periodic nature of the measured S11

is due to the presence of two transitions, each with a reflection coefficient around −12 dB

and a 40 mm line in between them. This design being far from optimized nevertheless shows

the possibility to build microstrip line-to-slotline transitions in a relatively easy fashion.
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APPENDIX C

Radiometric Technique for Antenna Efficiency Measurement

C.1 Description of Method

The radiometric technique is an accurate method to measure radiation efficiencies of

antennas. The antenna efficiency is determined using a calibrated low-noise RF system

with a measured gain GS . The gain, GS , of the RF system is determined using a hot/cold

load placed in front of a horn antenna connected to the system. A horn antenna has very

low losses, is well matched to 50 Ω, and results in an efficiency of about 98%. The system

gain is calculated using:

Gs =
PH − PC

kB(TH − TC)
(C.1)

where TH = 293 K and TC = 77 K. B is the final resolution bandwidth of the RF system and

k the Boltzmann constant (K = 1.8×10−23JK−1. PH and PC are the measured (amplified)

RF powers with the hot and cold load, respectively. This equation is the ratio between the

measured (amplified) power difference with hot and cold load and the (not amplified) power

difference in front of the horn antenna. The load is a black body absorber held at room

temperature for the hot load and immersed in liquid nitrogen (T = 77 K) for the cold load.

Using the same equations and the same measurement technique with the antenna-lens

system instead of the horn antenna by itself connected to the system, GS
′, the gain of the

RF system with the lossy antenna-lens system, is obtained. The measured loss is then:

GA

dB
=
GS

′

dB
− GS

dB
(C.2)
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which is a negative number, and the expression as efficiency is:

η =
PH

′ − PC
′

PH − PC
(C.3)

The parameters of the RF system such as the noise temperature of the IF chain and the

noise temperature of the whole RF system are determined using a standard coaxial hot/cold

load measurement. By measuring output powers of the system when connected to a hot or

cold 50 Ω load, the noise figure is given in [126] as:

Fr =
TH − TC

TH

(
1− 1

Yr

) (C.4)

Yr =
PH

PC
(C.5)

where Yr is the measured power ratio and TH = 293 K and TC = 77 K are the temperatures

for hot and cold load, respectively. The noise temperature TS of the RF system is then

derived using:

Fr = 1 +
TS

TE
(C.6)

where TE is the reference temperature of 293 K.

C.2 RF Chain Design and Calibration

A detailed view of the measurement systems used to measure the efficiency of the antenna

system is shown in Fig. C.1. The conversion loss of the balanced waveguide mixer is around

6 dB at 77 GHz. There is no bandpass filter used before the mixer which results in a

double side band measurement. The intermediate frequency is 1.4 GHz with a bandwidth

of 200 MHz. The power is averaged over the bandwidth and so is the efficiency. This is

acceptable since the measured antenna-lens system is very wideband and the impedance is

well match over the frequency range of interest (3 GHz). The noise temperature and gain

of the whole measurement system are TS = 900 K and GS = 73.6 dB, respectively.

With this method values in the order of 100 µW are measured. The resulting radiation

efficiency is 82% for the antenna-lens system.
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Figure C.1: The RF chain for efficiency measurements for the antenna-lens
system.
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APPENDIX D

Fabrication Processes: Circuits on RT/Duroid 5880

This Appendix presents the detailed fabrication process for the TSAs and the FSSs of the

dual-frequency antenna system. The processing is done using RT/Duroid 5880 substrates

of various thicknesses with a copper layer of 17 µm on both sides. The processing is done

in a fabrication laboratory at the University of Michigan.

D.1 Description of Terms

1. Photo-lithographic patterning:

(a) Photo-mask: A patterned layer of material that is opaque to light and is used

to pattern photo-sensitive material on the surface of a wafer. A typical photo-

mask consists of a quartz plate with a reflective chrome surface and coated with

photoresist.

(b) Photoresist: A light sensitive material that is deposited on the surface of a

wafer. Depending on the polarity of the photoresist, when an area of the pho-

toresist is exposed to UV light, it can either be removed or preserved while the

unexposed areas are either preserved or removed, respectively, during the de-

veloping process. Positive photoresist is removed after exposure and negative

photoresist remains after exposure.

(c) Mask aligner: A device which aligns a photo-mask to an existing pattern on a

wafer. It then exposes the aligned mask and wafer with UV light, transferring
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the pattern from the mask to the photoresist.

(d) Developer: A chemical solution that will selectively remove exposed or un-

exposed areas of photoresist, depending on the polarity of the resist. These

developers are often matched to a specific type and brand of photoresist.

(e) Soft bake: Heating step to partially remove solvent from photoresist before

aligning and exposing a wafer. It reduces stickiness of the photoresist layer,

which is necessary for contact alignment.

(f) Hard bake: Heating step to solidify photoresist after it has been developed.

This process makes the photoresist more resistant to chemical etchants and in-

creases adhesion.

2. Chemicals used:

(a) Acetone: A strong chemical solvent capable of completely removing or stripping

most photoresist materials from a wafer or mask.

(b) IPA (isopropyl alcohol): A solvent used to clean the surface of a wafer. It is

often used to remove traces of acetone and photoresist.

(c) PR 1827: Positive photoresist.

(d) MF 351: Developer.

(e) Sodium Persulfate (Na2S2O8): Cu etchant.

D.2 Specific Processes

1. Wafer clean

(a) Spray and swap with acetone.

(b) Spray and swap with IPA.

(c) Dry with N2 air gun.

(d) Wet etch in 90◦C hot Na2S2O8 for 10 seconds to remove copper oxide from the

surface.

152



2. Photo-lithography

(a) Spin photoresist 1827 on frontside for 30 seconds at 3 krpm.

(b) Soft bake at 80◦C for 15 minutes.

(c) If necessary: Spin photoresist 1827 on backside for 30 seconds at 3 krpm.

(d) If necessary: Soft bake at 80◦C for 15 minutes.

(e) Align to mask and expose for 15 seconds at 20 mW/cm2.

(f) Develop in MF 351 (diluted with DI: 1:5) developer for 1.5 minutes.

(g) Rinse in DI water for 4 minutes.

(h) Examine edge profile under microscope.

(i) Hard bake at 110◦C for 15 minutes.

3. Copper etching

(a) Wet etch Cu in Na2S2O8 for around 5 minutes.

(b) Rinse in DI water for 2 minutes.

(c) Remove photoresist in Acetone.

(d) Spray and swap with IPA.

(e) Dry with N2 air gun.
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APPENDIX E

Fabrication Processes: RF MEMS Circuits

This appendix presents detailed fabrication processes for the switchable FSS. The pro-

cessing is done on 500 µm thick, double-side polished glass wafers with a surface roughness

of ±15 Å and a diameter of 76.4 mm. The processing is done in a class 100 clean room at

the University of Michigan. The specifics of the development of stress balanced membranes

for MEMS switches are covered in the work of Joseph Hayden [104].

E.1 Description of Terms

While there are numerous techniques and processes involved in micro-fabrication and

micro-machining, only the most common techniques used in the fabrication of RF MEMS

devices will be outlined here. The following is a list of common terms and techniques, taken

from the thesis of Jeremy Muldavin [127] with minor changes.

1. Photo-lithographic patterning:

(a) Mask maker: A device which selectively exposes small apertures onto the sur-

face of photo-sensitive masking plates.

(b) Photo-mask: A patterned layer of material that is opaque to light and is used

to pattern photo-sensitive material on the surface of a wafer. A typical photo-

mask consists of a quartz plate with a reflective chrome surface and coated with

photoresist.

(c) Photoresist: A light sensitive material that is deposited on the surface of a
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wafer. Depending on the polarity of the photoresist, when an area of the pho-

toresist is exposed to UV light, it can either be removed or preserved while the

unexposed areas are either preserved or removed, respectively, during the de-

veloping process. Positive photoresist is removed after exposure and negative

photoresist remains after exposure.

(d) Image reversal photoresist: A special type of negative photoresist that re-

verses its polarity after a second exposure. This process creates a special profile

or lip at the edge of the resist pattern that is advantageous for use in lift-off

techniques.

(e) Mask aligner: A device which aligns a photo-mask to an existing pattern on a

wafer. It then exposes the aligned mask and wafer with UV light, transferring

the pattern from the mask to the photoresist.

(f) Developer: A chemical solution that will selectively remove exposed or un-

exposed areas of photoresist, depending on the polarity of the resist. These

developers are often matched to a specific type and brand of photoresist.

(g) Soft bake: Heating step to partially remove solvent from photoresist before

aligning and exposing a wafer. It reduces stickiness of the photoresist layer,

which is necessary for contact alignment.

(h) Hard bake: Heating step to solidify photoresist after it has been developed.

This process makes the photoresist more resistant to chemical etchants and in-

creases adhesion.

2. Material deposition:

(a) Electron beam evaporator: A device which uses a high energy beam to evap-

orate materials form a source crucible. The evaporated materials are ejected

from the surface of the crucible and deposited unidirectionally in a thin film of

the surface of a wafer. Common source materials include: Au, Al, Ti, Cr, Ag,

Pt, NiCr, and Cu. These materials are often deposited in a lift-off process where

photoresist protects areas of the wafer from direct deposition. The metal de-
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posited on the photoresist is then removed when the photoresist is stripped from

the wafer in PRS-2000.

(b) Sputtering tool: A device which uses a high energy plasma to etch particles

from a source target and then redeposit the particles on the surface of a wafer.

The source particles are ejected from the plasma in random directions, ensuring

a conformal coating of a surface. The plasma, a mixture of charged particles and

electrons, can be excited using a direct current (DC) or a radio frequency (RF)

source. DC plasmas are often used to deposit metals such as Au, Al, Ti, Cr, and

Cu. RF plasmas are used to deposit metal and dielectric materials such as Si,

SiO2, SiN, SiCr, and TaN.

(c) PECVD (plasma enhanced chemical vapor deposition): A technique that

uses an RF plasma with specific gaseous mixtures to deposit materials on the

surface of a wafer. This process is often used to deposit dielectric films such as

SiO2 and SiN.

3. Etching techniques:

(a) Wet chemical etching: The use of wet chemical agents to selectively etch a

material from the surface of a wafer. Common etchants include Au etchant,

copper etchant, Ti etchant, Al etchant, HF and BHF to etch oxide and Ti films.

(b) Plasma etching, RIE (reactive ion etching: A technique that uses an RF

plasma and chemical etching to remove materials from the surface of a wafer.

This technique is often used to etch SiO2, SiN, or organic layers, such as PMMA.

4. Release:

(a) Sacrificial layer: A layer of material that separates a deposited layer from

underlying layers to create vertical gaps between the layers. The sacrificial layer

is then removed to release portions of the top layer from the underlying layers.

(b) CPD (critical point dryer): A device which allows the release of MEMS

devices from their sacrificial layers without collapse due to surface tension. This

device consists of a cooled chamber that fills with liquid CO2 which mixes with
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and purges the wet chemicals from around the MEMS devices. The liquid CO2

filled chamber is then pressurized and heated to the critical point of CO2, in

which CO2 exists as a liquid and a vapor state simultaneously. The pressure is

then lowered slowly, drying the MEMS wafer without passing through a liquid

phase. This eliminates the collapse of the devices due to liquid surface tension.

5. Chemicals used:

(a) Acetone: A strong chemical solvent capable of completely removing or stripping

most photoresist materials from a wafer or mask.

(b) IPA (Isopropyl alcohol): A solvent used to clean the surface of a wafer. It is

often used to remove traces of acetone and photoresist.

(c) PMMA (Polymethylmethacrylate: 950K, 9% in anisole solvent): An organic

photoresist for e-beam lithography.

(d) PRS-2000: A proprietary photoresist solvent.

(e) HF: Hydrofluoric acid.

(f) TFA: Au etchant.

(g) PR 1813: Positive photoresist.

(h) PR 1827: Positive photoresist.

(i) AZ 5214: Image reversal photoresist.

(j) MF 351: Developer.

(k) AZ 327: Developer.

(l) HMDS (Hexamethyldisilizane): Material improving adhesion of photoresist to

the surface of a wafer.

E.2 Specific Processes

1. Wafer clean

(a) Spray and swap with acetone.
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(b) Spray and swap with IPA.

(c) Dry with N2 air gun.

2. First Metallization layer (lift-off)

(a) Spin adhesion promoter HMDS for 30 seconds at 2.5 krpm.

(b) Spin image reversal photoresist AZ 5214 for 30 seconds at 2.5 krpm.

(c) Soft bake for 2 minutes on a 105◦C hot plate.

(d) Align to mask and expose for 2.0 seconds at 20 mW/cm2.

(e) Image reversal bake at 130◦C for 2 minutes.

(f) Flood expose (no mask) for 45 seconds at 20 mW/cm2.

(g) Develop in AZ 327 developer for 1.5 minutes.

(h) Rinse in DI water for 4 minutes.

(i) Dry with N2 air gun.

(j) Examine edge profile under microscope.

(k) Evaporate Ti/Au/Ti (500/5000/500 Å).

(l) Soak sample in hot PRS-2000 overnight for metallization lift-off.

(m) Rinse in DI water for 15 minutes.

(n) Dry with N2 air gun.

3. Silicon-Nitride Deposition and Etch

(a) PECVD deposit SiN for 13 minutes for a 2,000 Å thick layer (SiH4 (100 sccm),

NH3 (10 sccm), He (900 sccm), N2 (990 sccm), 400◦C, 700 mT, 100 W.

(b) Spin adhesion promoter HMDS for 30 seconds at 3 krpm.

(c) Spin photoresist 1827 for 30 seconds at 3 krpm.

(d) Soft bake 2 minutes on a 105◦C hot plate.

(e) Align to mask and expose for 15 seconds at 20 mW/cm2.

(f) Develop in MF 351 (diluted with DI: 1:5) for 1.5 minutes.
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(g) Rinse in DI water for 4 minutes.

(h) Dry with (N2) air gun.

(i) Examine circuit pattern under microscope.

(j) Hard bake for 2 minutes on a 130◦C hot plate.

(k) RIE etch dielectric in CF4 (40 sccm) and O2 (1 sccm) plasma at 100 mT and

100 W for 6 minutes.

(l) Strip photoresist in hot PRS-2000. Swap lightly.

(m) Rinse in DI water.

(n) Dry with N2 air gun.

4. Sacrificial Layer Deposition

(a) Spin adhesion promoter HMDS for 45 seconds at 2.5 krpm.

(b) Spin PMMA (950K, 9% in anisole solvent) for 45 seconds at 1.45 krpm for a

thickness of 2.0µm.

(c) Bake PMMA for 30 minutes in a 170◦C oven to remove all the solvent.

(d) Evaporate 500 Å of Ti.

(e) Spin photoresist 1827 for 30 seconds at 3 krpm.

(f) Soft bake for 2 minutes on a 105◦C hot plate.

(g) Align to mask and expose for 15 seconds at 20 mW/cm2.

(h) Develop in MF 351 (diluted with DI: 1:5) for 1.5 minutes.

(i) Rinse in DI water for 4 minutes.

(j) Dry with (N2) air gun.

(k) Examine circuit pattern under microscope.

(l) Skip hard bake.

(m) Etch Ti in 1:20 HF:DI (a quick dip etch).

(n) Rinse in DI water for 4 minutes.

(o) Dry with N2 air gun.
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(p) Flood expose for 30 seconds at 20 mW/cm2.

(q) Develop in MF 351 (diluted with DI: 1:5) for 1.5 minutes.

(r) Rinse in DI water for 4 minutes.

(s) Dry with N2 air gun.

(t) Etch PMMA in 100 mT, O2 (100 sccm), 250 W plasma for 8 minutes, turning

plasma RF power on and off in 1.5 and 1 minutes cycles, respectively, to prevent

elevated temperatures of the wafer.

(u) Wet etch Ti in 1:20 HF:DI (a quick dip etch).

(v) Rinse in DI water for 4 minutes.

(w) Dry with N2 air gun.

5. MEMS Membrane Sputtering

(a) DC sputter from Ti target, Argon environment, 7 mT, 550 W, 2 minutes, rotation

of 20 rpm, for a 100 Å thick layer.

(b) DC sputter from Au target, Argon environment, 10 mT, 0.5 A, 30 minutes,

rotation of 20 rpm, for a 8,000 Å thick layer.

(c) DC sputter from Ti target, Argon environment, 7 mT, 550 W, 10 minutes, rota-

tion of 20 rpm, for a 500 Å thick layer.

6. Electroplating

(a) Spin adhesion promoter HMDS for 30 seconds at 3 krpm.

(b) Spin photoresist 1827 for 30 seconds at 2 krpm for a 3.8 µm thick layer.

(c) Soft bake 2 minutes on a 105◦C hot plate.

(d) Align to mask and expose for 20 seconds at 20 mW/cm2.

(e) Develop in MF 351 (diluted with DI: 1:5) for 1.5 minutes.

(f) Rinse in DI water for 4 minutes.

(g) Dry with N2 air gun.

(h) Examine circuit pattern under microscope.
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(i) Hard bake for 2 minutes on a 130◦C hot plate.

(j) Electroplate gold on exposed 4.5 cm2 area of wafer at 18 mA for 80 minutes,

resulting in 2.5 µm thick layer.

7. Stress Release in Bridge Membrane

(a) Flood expose for 90 seconds at 20 mW/cm2.

(b) Develop in MF 351 (diluted with DI: 1:5) for 2 minutes.

(c) Rinse in DI water for 4 minutes.

(d) Dry with N2 air gun.

(e) Bake for 2 minutes on a 100◦ C hot plate.

(f) Increase the hot plate temperature linearly from 100◦C to 170◦C over 10 minutes.

(g) Decrease the hot plate temperature linearly from 170◦C to 100◦C over 10 minutes.

8. MEMS Membrane Etch and Sacrificial Layer Removal

(a) Spin adhesion promoter HMDS for 30 seconds at 2.5 krpm.

(b) Spin photoresist 1827 for 30 seconds at 3 krpm.

(c) Soft bake for 2 minutes on a 105◦C hot plate.

(d) Align to mask and expose for 18 seconds at 20 mW/cm2.

(e) Develop in MF 351 (diluted with DI: 1:5) for 1.5 minutes.

(f) Rinse in DI water for 4 minutes.

(g) Dry with N2 air gun.

(h) Examine circuit pattern under microscope.

(i) Hard bake for 2 minutes on a 130◦C hot plate.

(j) Wet etch Ti in 1:20 HF:DI.

(k) Rinse in DI water for 4 minutes.

(l) Wet etch Au in TFA Au etchant for 1.5 minutes.

(m) Rinse in DI water for 4 minutes.
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(n) Flood expose for 90 seconds at 20 mW/cm2.

(o) Develop in MF 351 (diluted with DI: 1:5) for 2 minutes.

(p) Rinse in DI water for 4 minutes.

(q) Dry with N2 air gun.

(r) Wet etch Ti in 1:20 HF:DI.

(s) Rinse in DI water for 4 minutes.

(t) Release membranes in hot PRS-2000, overnight.

(u) Rinse in DI water for 15 minutes.

(v) Rinse in IPA for 5 minutes.

(w) Dry wafer in CPD.
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