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CHAPTER 1

Introduction

The field of microclectromechanical systems (MEMS) as applied to microwave and mil-
limeter wave circuits has been expanding rapidly during the 1990°s. At first this was driven,
to a large extent, by the success of low-frequency MEMS devices and their advantage of
low-power operation and integrability with CMOS circuitry. However, the bulk of these low
frequency devices are based on polysilicon structures. Unfortunately, polysilicon is a poor
microwave material due to its relatively high resistivity which, at microwave frequencies,
causes excessive loss. Because of this, most rescarchers in the field of microwave MEMS
devices have used metal structures driven by electrostatic actuation.

Most of the research in microwave MEMS devices, to date, has focused on the develop-
ment of low-loss low-power control cireuits such as single-pole siugle-throw {SPST) switches
and switched-line phase shifters [30, 18, 60]. The advantage ol using MEMS devices over
FETs or PIN diodes is their extremely low scries resistance, on the order of 0.1 to 0.3 Q
as compared to 2 to 6 €, and their extremely low drive power requirements, on the order
of uW as compared with mW. In addition to this, due to the fact that MEMS devices
do not contain a semiconductor junction, with the associated nou-lincarity, they lack any
measurable intermodulation distortion [19].

MIMS switches have been fabricated in fixed-fixed beam. cantilever, and diaphragm
configurations with the bridge height typically 3 to 4 g above the transmission line,
resulting in an actuation voltage of 25 to 100 V. Pacheco et al. have shown that low voltage

actuation of 14 to 16 V can be achieved with a gap height of 3 pan by using serpentine
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Figure 1.1: Cantilever MEMS bridge in a scries configuration along a microstrip or CPW
transinission line.

C= 20fF,2pF

Z, L=7pH Zo
R=03Q

O O

Figure 1.2: Circuit model for a series capacitive MEMS switch with the capacitance switch-
ing from 20 {I to 2 pk.
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Figure 1.3: Circuit simulation of serics switch using the model in Figure 1.2

cantilever springs at the ends of the beam [48]. The 3 to 4 pm height is necessary in
order to reduce the parasitic capacitance of the bridge in the OFF-state (bridge up), and
results in a capacitance ratio of 50 to 100 for capacitive switches. MEMS switches have
been demonstrated reliably up to 40 GHz with low inscrtion loss (0.2 to 0.5 dB) and high
lincarity [30. 19]. The achievable isolation with thesc switches is typically 20 to 40 dB,
depending on the size of the MEMS bridge, with an agsociated reflection coeflicient from
-15 to -20 dB.
Chrrent microwave MEMS switches have been designed in both series and shunt con-

figurations with both cantilever and fixed-fixed beams, In the series configuration, shown



MEMS bridge,

bridge height
} /
v g N

Substrate

Figure 1.4: Fixed-fixed beam MEMS bridge in shunt configuration over a CPW transmission
line.
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Figure 1.5: Circuit model for a shunt capacitive MEMS switch with the capacitance switch-
ing from 35 {F to 3.5 pF.
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Figure 1.6: Circuit simulation of a shunt switch using the model in Figure 1.5.

in Figure 1.1 with a cantilever beam, the isolation is limited by the parasitic capacitance
which allows coupling at high frequencies. This can be seen with a simulation in which the
MEMS bridge is represented by a series capacitor-inductor-resistor combination as shown
in Figure 1.2, Figure 1.3 shows the circuit simulation for the isolation when the switch is
up and the return loss when the switch is down. As can be sceen, for the capacitance val-
ues nsed, the performance at low frequencies is limited by the return loss rising to -10 dB
around 2 GHz and at high frequencies by the isolation rising above -20 dB around 8 GHz.

One of the main problems of series capacitive switches is the high return loss, with the



switch down, in the frequency range where the isolation is greatest, with the switch up. In
Figure 1.3, this occurs at .1-2 GHz. Tt is for this reason that metal-to-mnetal serics MEMS
switches are used. Yao ef al. presented a series metal-to-metal MEMS switch for use il
systems up to 6 GHz with better than 50 dB isolation up to 4 GHz [60}.

The shunt switch configuration is shown in Figure 1.4 with a fixed-fixed beam over
a CPW line. In this case, the parasitic capacitance limits the high frequency response
when the switch is up by producing unwanted reflections. Again, the MEMS bridge can be
modeled by a series capacitor-inductor-resistor combination as shown in Figure 1.5. The
circuit simulation of this model is shown in Figure 1.6 where the return loss, when the
switch is up, and the isolation, when the switch is down, is shown. As can be seen, the
low frequency limit is set by low isolation while the high frequency limit is set by high
return loss. Because of the high frequency of operation of the shunt configuration, the
inductance in the MEMS bridge resonates with the capacitance as seen in the isolation
curve in Figure 1.6, Goldsmith ef al. [19], have developed a shunt capacitive MEMS switch
with 40 dB isolation, with the switch down, and -15 dB return loss, with the switch up, at
40 GHz. Muldavin et al. have demonstrated that by using several shunt capacitive MEMS
switches, the reflections can be tuned out and higher isolation can be achieved as compared
to a single switch. The measured results demonstrate a return loss below -15 dB from
DC-40 GHz with an isolation of better than 40 dB from 16-40 GHz [33].

MEMS switch designs have been very similar to standard PIN diode or FET switch
networks, with the active device replaced by the MEMS switch. This thesis presents a de-
parture from the traditional approach by incorporating the MIEMS switches in distributed
transmission line designs. In this approach, a CPW transmission line is loaded periodically
with MEMS bridges, as shown in Figure 1.7, which act as shunt capacitors/varactors. The
impedance and propagation velocity of the resulting slow-wave trausmission tine are deter-
mined by the size of the MEMS bridges and their periodie spacing. The shunt capacitance
associated with the MEMS bridges is in parallel with the distributed capacitance of the
transmission line and is included as a design parameter of the loaded line. Thus, the height
of the MEMS bridge can be lowered [rom 3-4 pm to 1-1.5 pm. An immediate advantage

of the lowered height is that the pull-down voltage of the MEMS bridge is reduced to 10-
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Figure 1.7: Top view of a CPW line periodically loaded by shunt MEMS bridges.

20 V. By using a single analog control voltage to vary the height of the MEMS bridges,
the distributed capacitive loading on the transmission line, and thercfore its propagation
characteristics, can be varied. This results in analog control of the transinission line phase
velocity and therefore in a true-time delay phase shifter. Furthermore, if the MEMS bridges
are pulled down (to form a very large capacitor), the distributed transmission line results
in a wideband switch.

The concept of periodically loaded lines has been researched for use as nonlinear trans-
mission lines since about 1960 [29]. [n this case, o CPW trausmission line is loaded with
millimeter-wave Schottky diodes and is used in voltage-level pulse shaping, picosecond-level
sapling, and harmonic multipliers [44, 45]. More recently, the periodically loaded line
concept has been used in developing microwave phase shifters using varactor diodes as the
capacitive loading [35, 36]. However, diode-hased periodically loaded lines are quite lossy at
millimeter wave frequencies, due to the series resistance of the Schottky diodes, and cannot
be used in low-loss phase shifters and wideband switches above 26 GHz. For these frequen-
cies, MEMS bridges offer excellent performance with very low additional transmission-line
losses.

This thesis consists of 5 chapters. Chapter 2 starts off with a basic description of
the mechanical properties of fixed-fixed beams as they are used in the distributed MEMS
transmission lines (DMTLs). The cantilever bridge is not used in this work, and therefore
is not discussed. Chapter 3 covers the theory of periodically loaded lines with extensions
for the case of using MEMS bridges as the varactors. Both analytic and circuit models
are found which provide for both the design and accurate simulation of the distributed

lines. Chapter 4 discusses the application of the distributed MEMS trausmission line as a



phase shifter. The design and optimization of the DMTL phase shifter for both 60 GHz
and 100 GHz designs is presented. In Chapter 5, additional applications of the DMTL
as a switch, phase modulator, and phase vernier are presented.  In addition, topics such
as the switching speed of the bridges and the power handling of the DMTL is discussed.
Chapter 6 concludes the thesis with a discussion of the future directions of rescarch for
microwave MEMS devices and the distributed MEMS transmission line. Several appendices
are ncluded for completeness, The first appendix covers the derivation of the electrostatic
force on a capacitor. The next two appendices cover work related to a monopulse radar
receiver where the indirect motivation for investigating MEMS based millimeter wave phase
shifters came from. The last appendix is the detailed process used for the fabrication of the

distributed MEMS transmission lines.



CHAPTER 2

Mechanical Properties of Fixed-Fixed Beams

The fixed-fixed beam bridge is used quite often in RF MEMS applications. For this
reason, it is important to develop a model for understanding the mechanical operation of
the bridge. In this chapter, a first-order model will be developed for the operation of a

fixed-fixed beam under electrostatic actuation as well as the effect of Brownian noise.

2.1 Spring Constant

If the operation of the fixed-fixed beam is limited to small deflections, the mechanical
behavior can be modeled using a lincar spring constant, k (N/m). This spring constant is
composed of two parts. One part, k', is due to the stiffness of the bridge which accounts for
the material characteristics such as Young’s modulus, E (Pa), and the moment of inertia,
I (in?). The other part of the spring constaut, k. is due to the biaxial residual stress, o

(Pa), within the beam which is typically a result of the fabrication process used to define

Figure 2.1 Fixed-fixed beam with concentrated vertical load P.

-



the beam.
The expression for the spring constant of a fixed-fixed beam with a concentrated vertical

load, P (N) in Figure 2.1, is found from the deflection versus load position given by [43):

[2,
EI( 'l,/ = Ma + Rax forae <a

dx?

Maz? At
y = —7’]\5—:1— + %;f] forz <a (2.1)
I*a g

Ma = =5 —a)
P 2 :

Ra = 5 (I —a)” (I + 2a)

where { is the length of the beam, Ma (N-m) is the reaction moment at the left end, and
Ra (N) is the vertical reaction at the left end. The moment of inertia, 1, for a rectangular
cross-section is given by wt® /12 where w is the width of the beam and ¢ is the thickness of
the beam.

In MEMS applications, the load is typically distributed across the beam and the deflec-
tion of the beam at the center is used to determine the spring constant. By substituting
= 1/2 into (2.1), the deflection at the center is found for a concenirated load at point
a. To find the deflection for a distributed load, the principle of superposition is used. For
instance, in the case where the load is distributed across the entire heam, the deflection is

found by evaluating the integral:

!
2 s e 242 ,
Y=g / " (l — 6l7¢ + Ya® — da ) de {(2.2)

172
where £ is the load per unit length so ihat the total load is [P = &1, and the expressions for
M and Ra have been substituted into (2.1). Since the structure is syunnctric, the integral
is evaluated from 1/2 to [ and multiplied by 2. When this integral is evalunated the spring
constant is found to be:

P& 32Fwt?

K = = = L oewt
Y Y 5

(2.3)
For the case of a fixed-fixed beam over a CPW line, the force is approximated as being
evenly distributed above the CPW center conductor as shown in Figure 2.2, For this case,

the integral in (2.2) would have to be revaluated with new limits. In this work, the center
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Figure 2.2: Fixed-fixed beam over a CPW line with the foree, P = £1/3, evenly distributed
above the CPW center conductor.
conductor is typically a third of the length of the bridge (or beam) which gives a spring

constant of:

$9Ewt? /27 '
fe st — [ 2.4
v==0 (%) 24

This spring constant is smaller since the same total load is concentrated more towards the
center of the beam where it is less stiff than at the ends.

The part of the spring constant due to the biaxial residual stress within the beam is
derived from modeling the beam as a stretched wire as shown in Figure 2.3. It should be
noted that this model only applies for tensile stress. The biaxial residual stress, o, results
in a force, S, [15}:

S =o(l —r)tw (2.5)
pulling on both ends of the beam, where v is Poisson’s ratio. When a vertical force (D) is
applied, the beam is deflected by an amount u at the location of the applied force. This
deflection stretches the beam which increases the stress in the beam and thus the force
pulling on the ends increases to [57]:

AEA ABA:;
§4 220 and S 42— (2.6)
0 ({—a)

where A, and Ay are the lengths by which the beam is stretched on either side of the

vertical load, P, and are given by:

Al = Vd*+ui-a (2.7)

Ay, = U —a)+ut=({{—a)

By cquating the applied force, I, with the forces in the beam, projected onto the vertical

direction, and assuming a small deflection, the following equation can be found for w:

[ -
u= ——P”(Slf”—) (2.8)

9



SHAEA)/(l-a)

S+HAEA,)a

Figure 2.3: Beam modeled as a stretched wire with concentrated vertical load P

in which the additional force duc to A and Ay has been neglected. From this equation,

the deflection at the center of the beam (x = {/2) is found to be:
y=—ggll—a) (2.9)

The deflection for a load distributed across the entire beam (P= &I) can now be found by

evaluating the integral:

!
y=—2 / ‘ES (I —a)da (2.10)
172
where symmetry has been used in setting up the integral. The spring constant is found to
be:
85  Bo(l —wv)wt

'H__,__g:___;_ffu______
K= =2 == [ (2.11)

Once again for the case of a fixed-fixed beam over a CPW line, the distributed force is
only located over the center conductor. The spring constant for a center conductor width

equal to a thivd of the length of the bridge is:

o Sl —v); 7”)% (_‘) (2.12)

5
Again, the spring constant is smaller due to the load being more concentrated at the center
where the beain is more casily moved.

The total spring constant is the sum of the contributions from the beam stiffness and

the biaxial residual stress, and for a load distributed across the entire beamn is:

32Ewt® 8a(l — v)wt
YT

k=k +k" = (2.13)

10



which is the same model reported in [37]. For a beam over a CPW line with the center

conductor a third of the length of the beam, the spring constant is given by:

328wt (27 Ba(l — vywt (3
_ g2kt 2T eoll = vjwt (4 2.14
k=" (49) T (o) (2.19)

A more general expression for the spring constant of a bridge over a CPW line is given by:

39 [ant? 1 8(;(1 — vywt i .
K= 3 (2 —(2 - :1;):1:2> + ! (2 _ :z:) (2.15)

where = W/l and W is the width of the CPW center conductor, Thus the spring constant

for a concentrated load at the center of the beam is found when @ = 0, and for a centered
load distributed over a third of the beam when @ = 1/3 which results in (2.14).

Figures 2.4 and 2.5 demonstrate the variation in the spring constant using (2.14), for
gold and aluminum bridges rospectively, as the thickness, ¢, is varied for lengths of 200 and
400 o and residual stresses of 0, 50, and 100 MPa.

For the case where the residual stress within the beam is compressive, the model for
k" is no longer valid. The primary concern with compressive stress is the tendency for the
beam to buckle. Due to the stiffuess of the beamn, a certain amount of compressive stress
can be withstood before buckling occurs. This stress, known as the critical stress, is given
for a fixed-fixed beam by [15]:

72 Et?

Ty = 5’—2—(‘1—;’”—) (216)

The variation in the critical stress with thickness for 200 and 400 yn long bridges made of
gold and aluminum is shown in Figures 2.6(a) and 2.6(b), respectively. Tt is seen that for a
bridge thickness of 1 to 2 pm and a length of 400 g, a compressive stress of 4 to 12 MPa
for goid and 2 to 8 MPa for aluminum can be tolerated. For a shorter length of 200 pm and
a thickness of 2 pm, a gold bridge can withstand 45 MPa while an aluminum bridge can
withstand 34 MPa. However, the shorter length bridge results in a much higher pull-down

voltage as discussed in section 2.2,

11
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Figure 2.4: Spring constant of a gold bridge (I£ = 80 GPa, v = 0.42) with lengths of 200 ym
(- ) and 400 pm (- -). For each bridge length the spring constant is evaluated
for biaxial residual stresses of 0, 50, and 100 MPa. The spring constant scales
linearly with the bridge width which is held constant at 35 pm.
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Figure 2.5: Spring constant of an almninum bridge (B = 69 GPa, v = 0.33) with lengths
of 200 pm (—) and 400 pm (= -). For cach bridge length the spring constant
is evaluated for biaxial residual stresses of 0, 50, and 100 MPa. The spring
constant scales lincarly with the bridge width whicliis held constant at 35 pan.
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Figure 2.6: Critical stress of a (a) gold (E = 80 GPa, v = 0.42) and (b) aluminum (E =
69 GPa, v = 0.33) bridge vs. thickness for 200 gm () and 400 pm (- -) long
bridges.
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Figure 2.7: Bridge height versus applied voltage with a zero-bias bridge height of 1.2 jan
and 3 gun. The bridge paramcters, given in Table 2.1, are chosen to result in a
pull-down voltage of 22 V.

2.2 Electrostatic Actuation

When a voltage is applied between the bridge and center conductor of 4 CPPW line, an
electrostatic force is induced on the bridge. This is the well kuown electrostatic force which
exists on the plates of a capacitor under an applied voltage (28]. In order to approximate
this force, the bridge over the center conductor is modeled as a parallel plate capacitor.
Althongh the actual capacitance is about 20-30% larger due to fringing fields, the model
will provide an understanding of how electrostatic actuation works.

If the width of the bridge is w and the width of the CPW center conductor is W, then

ghe parallel plate capacitance Is:
oW
g

C =

(2.17)

where ¢ is the height of the bridge above the center conductor. The force applied to the
bridge is found by cousidering the power delivered to a time-dependent capacitance and is

given by [61]:
Evzqu(_q) _ _lenW'{uV?

F= -
2 dy 2 g

(2.18)

where V is the voltage applied between the bridge and center conductor.

This electrostatic force is distributed across the scction of bridge above the center con-

14



Table 2.1: Dimensions of bridges used
in Figure 2.7,
I Go(pun1) 1 1.2 l 3.[)J
{yan) | 300 | GO0
wlpm) | 35 | 70
t{pm) | 25| 2.5
| o{MPa) | 10 [0,

The bridges are both made of gold with

E= &) MPa, v = 042, and p =

19320 kg/m™.
ductor and therefore we ean use the spring constant given by (2.14) to determine the distance
which the bridge moves with the applied force given by (2.18). Equating the applied elec-
trostatic force with the mechanical restoring force, due to the stilfness of the bridge, it is
found that:

1 e, WuV?2

9 ;2 = k{go — ¢} (2.19)

where ¢, is the zero-bias bridge height. Solving this equation for the voltage results i

9k
V= — g% (9o — ¢) (2.20)
€, W

The graph of bridge height versus applied voltage, shown in Figure 2.7, shows two possible
bridge heights for every applied voltage. This is a result of the bridge becoming unstable
at %_{]U. This instability is due to positive feedback in the electrostatic actuation which can
be understood by considering the clectrostatic force in terms of the electric field applied to

the charge on the bridge [14, 61]:
QFE
2

F= (2.21)

where () is the charge on the bridge and £ = V/g is the electric field due to the applied
voltage. When the constant voltage source (infinite charge pump) is increased, the force is
inereased due to an increase in the charge, Simultaneously the increased force decreases the
bridge height which inereases the capacitance, and thus the charge, as well as the electric
field. At %gm the increase in the clectrostatic force is much greater than the increase in the
restoring foree resulting in the bridge becomning unstable.

The clectrostatic force necessary to pull the bridge down is given by F = kg,/3. For

the examples given in Figure 2.7, with dimensions given in Table 2.1, the spring constants



arc 29 N/m and 7.5 N/m for the 1.2 pm and 3 pm high bridge, respectively. Thus, the
electrostatic force necessary to pull these bridges down is 12 uN for the 1.2 pum high bridge
and 7.5 N for the 3 pm high bridge. This can be compared with the aceeleration needed
to pull the bridges down completely given by:

kgo '
¢ =2 (2.22)

T

where the spring constant should be caleulated using (2.13) since the force due to acceler-
ation is cvenly distributed across the bridge. For the examples given in Figure 2.7, with a
mass of 0.51 pg and 2.0 pg. the accelerations are 13000x and 2100x the Earth’s gravita-
tional acceleration, respectively.

By taking the derivative of (2.20) with respect to the Lridge height and setting that
to zero, the height at which the instability oceurs is found to be exactly two-thirds the
zero-bias bridge height. Substituting this value back into (2.20), the “pull-down” voltage 1s
found to be: B

Vo = VI{2¢./3) = -\/——SLQS (2.23)
27¢, Ww

Figure 2.8 shows the variation in pull-down voltage with bridge thickness for gold and
almninum bridges with lengths of 200 pan and 400 pm and residual stresses of 0, 50, and
100 MPa, calculated using (2.23) and (2.14). It can be seen that the variation of the
pull-down voltage with thickness is much greater for a shorter bridge. Figure 2.9 shows
the variation in pull-down voltage with bridge height from which it can be scen that the
variation is higher for higher residual stress. 1t should be noted that although (2.23) shows
a dependence on the bridge width, w, the pull-down voltage is independent of the bridge
width since the spring constant, k, varics linearly with w (see (2.14)).

By using {2.20) and varying g lrom g, to %gu, the bridge height versus applied voltage
characteristics can be found. From this calculation, the parallel-plate capacitance versus
bridge height is determined and is plotted in Figure 2.10. 1t is seen that as the applied volt-
age approaches the pull-down voltage (22 V), the bridge capacitance changes very rapidly
and reaches a value of 1.5C,, = 30 fF at 22 V, where Oy, = 20 IF is the zero-bias bridge
capacitance. This can be seen very clearly in Figure 2.11 which shows the derivative of the

capacitance and bridge height with respect to the applied voltage. Due to the bridges

16
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Figure 2.8: Pull-down voltage of a (a) gold (E = 80 GPa, v = 0.42) and (b) aluminum
(E = 69 MPa, v = 0.33) bridge vs. bridge thickness for 200 gn {(—) and
400 pan (- ) long bridges. Tor each bridge length the pull-down voltage is
caleulated for biaxial residual stresses of 0, 50, and 100 MPa. The pull-down

voltage depends on the bridge height as gi,s/z

and g, is 1.5 pm.
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Figure 2.9: Pull-down voltage of a (a) gold (E = 80 GPa, v = .42} and (b) aluminum
(B = 69 MPa, ~ = 0.33) bridge vs. bridge height for 200 yan ( ) and 400 pm
(- ) long bridges. For each bridge length the pull-down voltage is caleulated for
binxial residual stresses of 0, 50, and 100 MPa. The pull-down voltage depends
on the bridge height as _(}2/2 and g, is 1.5 g,
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Figure 2.10: Variation of bridge capacitance and gap height with applied voltage. The
bridge parameters have been adjusted to result in a pull-down voltage of 22 V,
a zero-bias bridge capacitance of 20 {F, and a zero-bias Leight of 1.2 jum.
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to the applied voltage, vs. the applied voltage. The bridge parameters have
been adjusted to result in a pull-down voltage of 22 V.
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Figure 2.12: Stabilization of an electrostatically actuated MEMS bridge through the use of
a series feedback capacitor.

instability at 2¢,/3, it is not possible in practice to achieve this 50% increase in the bridge

capacitance. Instead, the applied voltage must be limited to 20-21 V which gives a capaci-

tance of C) = 25-26 I, or a 25-30% increase in the zero-bias bridge capacitance.
2.3 Stabilization of Electrostatically Actuated Bridges

It has been demonstrated that by placing a series capacitance in the DC path of the
MEMS bridge capacitor, as shown in Figure 2.12, the instability in the electrostatic actu-
ation can be reduced and even eliminated [48], This can be understood from a feedback
point of view. The applied voltage, Vi, is divided between the two capacitors such that the
voltage across the MEMS capacitor is:

Vs

V=
I+ O{)/C.s

(2.24)

where €y = €,A4/g is the MEMS capacitor and Cs is the fixed series capacitor. As Vi is
increased, the voltage applied to the MEMS capacitor increases, causing the bridge to pull
down and €}, to increase. This results in the positive feedback, discussed in section 2.2, and
the resulting instability at %go. However, in the scries (stabilization) configuration shown
in Figure 2.12, the increase in Gy results in less voltage across C, (and more across Cy),
thereby achieving negative feedback.

The position at which the instability now occurs is determined by first finding the force
on the MEMS capacitor in terms of Vi, solving for Vi, and taking the derivative of V with
respect to the bridge height. The force on the bridge is found by cousidering the change in
encrgy of both capacitors with respeet to the bridge height, ¢

iU VEd ( oxe ) B

Uy tEUAV;Z
N dy o2 dg \Cy + Cy

F ;
2(g+ Ky,)

(2.25)
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Figure 2.13: Plot of change in bridge height versus applicd voltage as the series feedback
capacitor is varied from 0.5Cy, to oc. The zero-bias bridge height is 1.2 pam.

where K = Cy,/Cy. and Oy = €0/ g, s the zero-hias bridge capacitance. By equating this

force with the force due to the stiffness of the bridge, F = k{gs ~ g), the applied voltage

can be solved in terms of the bridge height, ¢

2kgy :
V, = \/—(L (i + K’) (1 -~ i) (2.26)
€A Yo Yo

By taking the derivative of (2.26) with respect to g and setting it to zcro, the position of

the instability is found to be:
g = (2~ K) (2.27)
From this equation, it is seen that for K = 0 (ic. no series feedback capacitor), the instability
oceurs at the expected height of 2g,/3. However, il K = 2 or €y = Cpo /2, then the instability
point is climinated altogether (g, = 0).
This increase in the stable region of an electrostatically actuated bridge does not come
without a price. The voltage required to pull the bridge completely down is also increased.
The new pull-down voltage can be found by substituting (2.27) back into (2.26) resulting

in:

kgl )
Vi = 4] —2 (1 + K)3 .
5p \/27(“‘4( + K) (2.28)

which is seen to be the standard pull-down voltage, given by (2.23), increased by a factor

of (1 4 K32, Thus, if the iustability is completely removed by setting K = 2, then the
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Figure 2.14: Stabilization of an electrostatically actuated MEMS bridge, in the presence of

significant fringing capacitance, through the use of a series feedback capacitor.

pull-down voltage s increased by a factor of 5.2. For the example used in section 2.2, this
would increase the pull-down voltage from 22 V to 114 V. Figure 2.13 shows the change in
bridge height versus applied voltage as thie series capacitance is varied from 0.5Ch, to oo (e
a short circuit). As can be seen, if twice the initial pull-down voltage is acceptable, then a
series capacitance of Oy = 1.7C, (K = (.6} can be used, resulting in stable operation up
to 0.5g,.

While in some cases it may be possible to isolate a single capacitor without a large
fringing ficld component, in most cases, and particularly with the distributed MEMS trans-
mission lines, fringing fields can be very large. If a capacitor is placed in parallel with the
variable MEMS capacitor as shown in Figure 2.14, it is found that the effcct of the series
feedback capacitor is reduced, and the instability point must be solved again.

The force on the capacitor is again determined from the change in cnergy with respect
to g:
av Vi d

B _(-l; N —'Z_dg

- = | = - ; 2.29
Cy+ Cf + Gy 2(g(1+ C"f/(}:i) + K.(]o)z ( )

where C; is the fixed capacitance to ground in parallel with the MEMS capacitor. Setting

(C.scb -+ (js(}f ) foAVbZ

this foree equal to the restoring force of the bridge, the applied voltage 18 found to be:

2kgs (g Cy : g
= o 14+ L)+ K} (1= -
v d \/ tnA (.(]u ( * Cs) - &) ( gn) (2 JO)

It should Le noted that this equation reduces to (2.20) when €y = oo, and to (2.26) when

Cy = 0 as expected. By taking the derivative of (2.30) with respect to g and setting 1t to
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Figure 2.15: Plot of the change in bridge height versus applied voltage as the series feedback
capacitor is varied from 0.5C, to oo with a fringing capacitance of Cyp = Cpof3.
The zero-bias bridge height is 1.2 pan.

zero, the modified instability position is:

Yo K .
PO S 2.31
I, 3(2 1+GMCJ (2.31)

Setting g,.; = 0. it is found that the series capacitance would have to be:
g Up) s

v Cho
ig .
2

ey (2.32)

From this equation it is seen that if the fringing capacitance is larger than half the zero-blas
bridge capacitance. it is no longer possible to completely eliminate the instability. The

pull-down voltage is also affected by the fringing capacitance and is found to be:

8kg (Cys+ Cf + Chy)’
2e, A C2{C, +C)

Vipp = (2.33)

Figure 2.15 shows the change in the bridge height versus applied voltage with a fixed
parallel capacitance C, /3. The series capacitance is again varied from 0.5C%, to oc, how-
ever, it can be seen that even at 0.5Ch,, the inslability is still present at 0.32 pm while the
pull-down voltage has been increased to 120V (from an initial value of 22 V). Since the
parallel capacitance is less than 0.5Ch,, it is possible to completely eliminate the instability
by setting the series capacitance to Gy, /6. However, according to (2.33), this would increase

the pull-down voltage by a factor of 27 or to 594 V making the device nunusable.
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2.4 Frequency Response

The frequency response of a fixed-fixed beam is uscful for determining the mechanical
bandwidth over which the beam can be used as well as the effect which thermal noise will
have. The {requency tesponse can be determined by starting with the equation for the
dynamic respouse which according to I’ Alembert’s principle is given by [57]:

d* dx . o
m”{? + b:ﬁ + kv = fen (2.34)

where @ is the bridge height, mn is the bridge mass, b is the damping coclficient, and fez s
an external force. By using Laplace transforms, the frequency response is Tound to be:
X(jw) k™!
o) 2 -
F(jw) L (w/wy)” + Jw/ {(Qwy)

where w, = /k/mm is the resonant frequency and € = k/{w,b) is the quality factor ol the

(2.35)

resonant beam. For the resonant frequency when the bridge is over a CPW line with a
contor conductor that is a third of the length of the bridge, the spring constant given in
(2.14) can be used. The resulting expression for the case of no residual stress, o = 0, is

given by:

¢ B
fo= 066877/~ (2.36)

where p! is the density of the bridge material. As can be scen, the resonant frequency can be
increased by either increasing the thickness or decreasing the length of the beam. However,
it must be remembered that these changes will also affect the actuation voltage needed to
pull the beam down. If tensile stress is present in the beam, the complete expression for
the spring constant, given in (2.14), would have to be used when caleulating the resonant
frequency.

The quality factor of the beams is determined by several different variables such as
the pressure, temperature, and intrinsic material dissipation. Since the beams used in this
work are operated at atmospheric pressure, the quality factor is dominated by squecze-film
daanping [1]. Under this condition, an approximat ion for the quality factor of the fixed-fixed

bean is given by [23]:
Q'—l o ('1111/2)2
- VEpttg?

IThe density of gold and aluminum is 19320 kg/m® and 2700 ki/m®, respectively [58].

(2.37)
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where 12 is the viscosity of air. [t is secn that the quality factor is strongly dependent upon
the bridge height, ¢* variation, and the thickness, 2 variation. Figures 2.16{(a) and (b) show
the variation in the frequency response for gold and aluminum bridges, respectively. The
caleulation is carried out using (2.14) for the spring constant with 50 MPa residual stress
and for bridge lengths of 200 and 400 pu. For cach bridge length, bridge heights of 1, 2,
and 3 gan are used. The variation in the quality factor is seen by the amplitude change at
the resonant frequency and the values are given in Table 2.2, In addition, it is scen that
although the resonant frequency for aluminum is higher than for gold. duc to the significant

difference in their respective densities; gold has a higher quality factor.

Table 2.2: Quality factors for bridges in Figure 2.16.

Gold Aluminum J
go(pem) || 200 pn | 400 g | 200 gan | 400 pan
| i 0.40 (.10 (.14 0.035
2 3.2 0.81 1.1 (.28
3 11 2.7 3.8 0.95 J
| fo(kHz) [ 85 | 36 | 230 100 |

2.5 Brownian Noise Analysis

Any time a dissipation mechanism, such as the b term, is present in a system, there is
a corresponding noise source [26]. In the case of the mass-spring systein, this noise source
is Brownian noise which can be inclided by setting fopr in (2.34) to represent a noise force
(.jlca:t, = frr)

It is possible to derive an expression for the Brownian noise force by using the principle
of equipartition of energy [26]. According to this principle, every mode in a system which
is in thermal equilibrium and coutributes a quadratic term to the energy such as kinetic,
spring potential, or rotational kinetic will have an average energy cqual to %A:BT, where
kp is Boltzmann’s constant (1.38 - 10728 J/K). Thus, for the fixed-fixed beam the following

equation must be satisfied in thermal equilibrinm:

| — 1
Zka? = —kpT
2k..L Sk (2.38)

¥The viscosity of air is 1.79 - 107" Pa-s at atmospheric pressure and 288 1< [58].
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Figure 2.16: Frequencey response of a (a) gold (E = 80 GPa, v = 042, p = 19320 kg/m®)
and (b) alwninum (E = 69 MPa, v = 0.33, p = 2700 kg/m?) bridge for 200 pm
() and 400 gm () long bridges over a CPW line with W = [/3. For each
bridge length the respouse is caleulated for bridge heights of 1, 2, and 3 pm.
The width is 35 g, the thickness is 1.5 gm, and the residual stress is 50 MPa.



In order to find an expression for f,,, the meau-square of the position must be found using

the transfer function given by (2.35) and integrating over all frequencies:

X

g

Bl &

7o B
0

-
5 UJUQ
- f” 41(2

el

df

|

(wfwnt?] + w2 ()’

(2.39)

in which it has been assumed that the noise foree is frequency independent over the band-
width of the vibrational mode of the beam. Upon substituting (2.39) into (2.38), the noise

force is found to be:

T = Ak T (N/VHZ) (2.40)

which is immediately recognized as being analogous to the equivalent noise voltage of a
rosistor with the resistance, R, equal to the damping coeflicient, 6.
Referring the Brownian noise force to the beam position using (2.35), the equivalent

mean square position is found to be:

— ‘/HAY‘,T | ‘ .
22 = , (in*/Hz) (2.41)

](2 [l o (w/wu)ﬂz + wZ/ (c‘u)wf))z

From which it can be scen that bridges with large spring constants and low damping coeffi-
cients will result in a low Brownian noise position. For the devices shown in Figure 2.16 the
low-frequency rms Brownian noise positions are given in Table 2.3 from which it is seen that
there is very little difference between the gold and aluminum bridges. The low equivalent
noise position is primarily due to the stiffness of the bridges and thus the Brownian noise,
for the applications used in this work, is insignificant.
Table 2.3: Low-frequency rms Brownian-noise position values
for the bridges used in Figure 2.16 in A/V/Ha.

Gold Aluminum
golpm) | 200 pm \ 400 e | 200 g | 400 ppm
1 o401 1210 24107 [ 1.2-107°3
2 8510 | 441071 [ 851077 | 4.2.10°1
3 46-107° [ 241077 [ 46107 231071
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CHAPTER 3

Distributed MEMS Transmission Lines

Distributed circuits have been used in many devices including filters [41], traveling-wave
amplifiers [44], phase shifters [36], and non-lincar fransmission lines [44]. The concept is
very useful because the parasitics of the discrete compaonents, such as the gate-to-source
capacitance of transistors in traveling-wave amplifiers, or the capacitance of Schottky diodes
in mon-linear transmission lines, are included as part of the periodic transmission line,
therchy resulting in very wideband operation. The transmission-line dimensions can also
be designed such that the resulting periodic transiission line will have a 50 €2 characteristic
inpedance.

The distributed MEMS transmission line (DMTL) consists of a high impedance line
(> 50 ) capacitively loaded by the periodic placement of MEMS bridges. This could he
done with many different types of transmission lines, however it is most casily implemented
using coplanar wavegnide (CPW) transmission lines. Figure 3.1 shows the top view of a
typical DMTL used in this work. The MEMS bridges have a width w. a length ! = W + 2G,
and a thickness ¢. The periodic spacing between the bridges, s, and the muuber of bridges
vary depending upon the application. The DMTL is counected to probe pads via 50 Q
CPW feedlines for the purposc of testing.

A result of creating a periodic structure is the existence of a cut-off frequency or Bragg
frequency, fp, near the point where the guided wavelength approaches the periodic spacing
of the discrete components [47}. In wany of the distributed circuits mentioned, this cut-
off frequency can be designed such that it will not limit the device performance since the

discrete components will have a comparable maximmm frequency [44]. In the case of the
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RL ference Plane s Probe Pad

Figure 3.1: Layout of a DMTL constructed of a CPW line with center conductor width W
and total CPW width W+2G, and MEMS bridges with width w and spacing s.
The DMTL is connected to 50 € feedlines and probe pads for testing.

distributed MEMS transmission lines used in this work, the self-resonant frequency of the
MEMS bridges is not approached and thus the operation is limited by the Bragg [requency

of the line.

3.1 Fabrication of the DMTL

The distributed MEMS transmission lines used in this work are fabricated on 500 jun
quartz (e, = 3.8) using finite-ground CPW [40]. The outline of the fabrication process is
shown in Figure 3.2, The CPW lines are defined fivst by cvaporating a 500/8000 A layer
of Ti/Au [see Fig. 3.2(a)]. Next a 2000 A plasma-enchanced chemical vapor deposition
(PECVD) SizN,, layer is deposited over the whole wafer. The silicon nitride is patterned with
photoresist and etched in a reactive ion etcher (RIE) such that it is only covering the CPwW
conter conductor [see Fig. 3.2(b)]. Next the sacrificial photoresist layer (MICROTPOSIT
S1813)!, which determines the height of the MEMS bridge, is patterned [sce Fig. 3.2(¢)].
The height of the air bridges, above the center conductor, can be varied from 1.2-1.5 pim
by varying the rotational speed of the spinner from 5000-3000 rpm [51].

A 500/2000/500 A Ti/Au/Ti seed layer is evaporated over the entire wafer and then
patterned with photoresist to define the width and periodic spacing of the MEMS bridges.
The bridges and CPW ground planes are then gold-clectroplated to a thickness of 2-2.5 pm,
followed by removal of the top photoresist and sced layer [sce Fig. 3.2(d)]. The MEMS
bridge is a bilayer metal composed of Ti/Au since the titanium is not removed from the

bottom of the bridge. The last step is to remove the sacrificial photoresist by soaking the

'MICROPOSIT $1813 is a registered trademark of Shipley Company Inc., Newton, MA.
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Figure 3.2: Details of the fabrication process for the MEMS bridges. The illustrations show
a cross-sectional view of a DMTL.
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Figure 3.3: General model for a periodically loaded transmission line with series impedance
Zs and shunt admittance Y.

wafer in a solvent. At this poiut, the wafer cannol be air dried because the surface tension

of the liquid will pull the MEMS bridges down, causing them to stick to the substrate.

Therefore, the wafer is placed in denatured ethanol and a critical-point drying system is

used to release the MEMS bridges [see Fig. 3.2(e)][34].

For the purpose of testing, a short section of high impedance line is added at either
end of the DMTL. The periodic segments of the DMTL consist of a high impedance line
of length s with the MEMS l.ﬁidgc in the center of the section. The extra length of line at
cither end is (s —w)/2 long, for most of the designs. and contains the transition from the

50 € feedlines to the DMTL as shown in Figure 3.1,

3.2 Analytic Modeling of Distributed Lines

The general model for a periodically loaded transmission line is shown in Figure 3.3 [44].
Assuming a complex propagation constant 7y = «a+74 05, where « Is the attenuation per section

and 4 is the phase per section, a forward traveling wave is represented by:
) g 1 y
Vi) = Voo (3.1)

Using Figure 3.3, the voltages and currents are found to be:

e Infl - [n .
= T 3.2
1 }/p ( )

L= Yooi = Wn Ya and 1, = V= Vusa
Z 7,
Substituting the current equations for I, and I, into the voltage equation for V,,, the
following equation is found [44]:
ZY) Vi1 + Vi e’ +e7

l = oy = COS ‘.‘
+ 5 5V 5 cosh (y) (3.3)




which relates the propagation constant, v, to the series impedance and shunt admittance of
the line. Using these equations, the characteristic irapedance of the line can be found from

Z = Vin/Lin, or moving to the middle of the line:

Z = pna —_—
I'FL V-,, - V'n,—\—l Y’p

V;LJH/‘A Vet — Qv‘n + vn,Jrl 1 _és_
2

Ze? A
2sinh (y/2) 2

(3.1)

where Vi, (g = Vi, — 1, Z,/2. Tt is important to define the characteristic impedance at
a point of symmetry in order to find the correct impedance value. Using the half-angle
formula for the hyperbolic sine in (3.4), the characteristic impedance of the loaded line is

found to be [44]:

If a section of length s of unloaded transmission line is used with characteristic impedance
Z, and effective dielectric constant €.;p then Ze = jwsL; and Y, = jwsCy, where Cy =
Vel eZy) and Ly = C)Z% arc the per unit length capacitance and inductance, respec-

tively, of the unloaded (ransmission line. Substituting these values into (3.5) will give:

(3.6)

where wp = 2/(sVL,C}) 1s the Bragg frequency, or the frequency at which the characteristic
hmpedance goes to zero, indicating that no power transter can occur at this frequency. Since
this example is for an unloaded line, the length of the scction s can be made arbitrarily
small, and as s — 0 it is found that wg — o0 and Z — \/g = 7, as is expected for an
unloaded line.

For the distributed MEMS transmission line, the MEMS bridge can be modeled as a
shunt capacitor, resulting in a loaded-line model as shown in Figure 3.4 where () is the
shunt capacitance due to the MEMS bridge, and s is the periodic spacing of the bridges.
Using this model the series impedance is jwslL, and the shunf admittance is jw(sCy + Cy).

The characteristic impedance found using (3.5) is given by:

.S‘Lt wz - ‘SLf w ’
T = e (5O O =y ————t [ — 3.
sCr+ O Tl Gl = e ( ) B0
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o— —0

Figure 3.4: Lumped clement transmission-line model of the DMTL assuming the MEMS
bridge can be represented by a capacitor (. L; and C; are the per unit length
inductance and capacitance, respectively, of the unloaded transmission line, and
s is the spacing between the MEMS bridges.

By setting this inpedance to zero and solving for w, the Bragg frequency is found to be:

2

(53] el
B L O+ Cy)

Tt can be seen that well below the Bragg frequency, the impedance of the line is given by

(3.8)

VL/C where L = sLy and C = sCy + Cy.
The time delay per section of the loaded-line is determined from (3.3) by assuming a
lossless line and using the model in Figure 3.4 [44]:

ws

5

r g
BE

cos— (1 - 2w? Jwh)

b

- _ (3.9)
SLt (SCL -+ C{,) (l + 6-:)7—- + - )
3

where 7 is the time delay per section. At frequencics well below the Bragg frequency, the
phase velocity can be approximated as s/\/m From (3.9) it is secn that by varying the
MEMS bridge capacitance, Cp, the phase velocity of the transmission line can be varied
resulting in a variable delay line or true-time delay (TTD) phase shifter.

In reality, the MEMS bridge cannot be entirely modeled by a single capacitor due to
the presence of some inductance and resistance in the bridge. In the circuit modeling of
measured DMTLs (sce Sectiou 3.5), it is found that the inductance is large enough to have
a very noticeable effect on the device performance while the effect of the resistance is almost
negligible.

When an inductance, Ly, is included in series with the bridge capacitance, the shunt

32



admittance becomes:

. ’iWC1!J
Y, = 'w.b'(j + — 3.10
P J g 1 - szb(/Tb ( )
and the equation for the characteristic impedance beconies:
sL wes?L,C wisL,C
7 = L 1 - et L (3.11)
sCy + T:':zjﬁ 4 4l —w LyCy)

Setting this equation to zero and solving for w, the resulting Bragg frequency is found to

he:

b VB = dac |
Wi = ———“T—“* (312)

[ ,SEL[/CTLL(,C-‘(,
b = s*0,C + sL,Cy + 4L, Ch

¢ = 4

For most of the DMTLs designed in this work, the inductance in the bridge has been found
to be 10-30 pH. Table 3.1 shows the caleulated Bragg frequencies versus several values of
bridge inductance for a line with an unloaded impedance of 100 €2, an unloaded cffective
diclectric constant of 2.5, a periodie spacing of 200 g, and a bridge capacitance of 40 fF.
As can be seen, including the series inductance of the bridge has a significant effect on the
position of the Bragg frequency.

Table 3.1: Brageg Frequency Caleula-

tions from (3.8) and (3.12)
| 'L, (o) [ /1 (GHz) |

)] 137.9
10 123.3
20 111.9
D 102.9
Z, = 100 Q, e,.pp = 2.5, 5 = 200 pun,

Cy =40 tF.

3.3 Loss on Distributed Lines

Anytime a transmission line is loaded such that the impedance is changed, the loss of

the line is also changed due to a change in the amount of current on the line for the same
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amount of power. For example, if a high impedance line is capacitively loaded to a lower
impedance, the current on she lower impedance line will be higher, thus increasing the IR
losses. This can be seen directly by considering the complex propagation constant for a
lossy transmission line. 1f the transmission line is represented by series inductance and
resistance per unit length, L, and Ry, and by a shunt capacitance and admittance per unit

lengtl, C; and Gy, respectively, then the propagation constant is given by o
v = [(Ry + jwl (G + jwC)i (3.13)

For a low loss line were R < wl; and G; < wCy, the propagation constant can be approx-

imated as:

) 1 I G ,
’Yﬁju)\/L,{C't-i-‘-Z' LG, (}l + f) :T(J/Jr?ﬁ (314)
Lt

1
Assuming the characteristic impedance can be approximated by Z = /Lg/Cy, the attenu-

ation constant ¢ is:
R, Gz

= i) 315
57t (3.15)

¥

In a planar transmission line such as wmicrostrip or CPW, 1) represents conductor loss while
G, represents diclectric loss. For the lines considered in this work (on low-loss substrates
at mm-wave frequencies), the conductor loss dominates and the attenuation constant can
be approximated as « = R/(27). Thus, a change in the characteristic impedance from a
high impedance to a low impedance will increase the loss by a factor of the ratio of the
impedances.

The trausimission loss can also be included in the model of the distributed MEMS trans-
mission line (Figure 3.4) by including a resistance R, in series with the line inductance,
sLy. In this case the series impedance becomes Zy = Jwsly + Ry, To find the attenuation
coustant, {3.3) is expanded to give:

L . WALC  wi,C
coshy = coshrcos 7 4+ jsinhasing = 1 - 5 + 5

w\? w \ I
= 1-2(f> +j (ﬁ>$ 3.16
Wy J wp/) 4 ( )

where L = sLy, C = sC; + Cp, and the low frequency approximations have been used for

wp and Z. By cquating the real parts and assuming o Is small (cosha == 1), the cquation
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for the phase delay per section is found to be 5 = cos (1 — 2w?/wh) = 2w/wy. To find

the attenuation per section, the imaginary parts arce equated giving:

(lenRo/7 _ s

sinho = o0 = — 1 my
sin(2w/wp) 27

(3.17)

where Z is now the impedance of the loaded line. This result matches what was derived
earlier in the unloaded case. The ouly difference is that iu the unloaded case, « is the
attenuation per unit length (Np/m), while in the distributed case, o is the attenuation per
section (Np).

The offect of a series resistance in the bridge can be taken into account by placing a

resistor [, in serics with the bridge capacitance in Figure 3.4. In this case, (3.3) becomes:

jw._s'Lt

cosh(a + j8) = 1+

N al 2 3
(jws(}g, + jwly +w R0y )

I+ w?RICE

w2 w \Y AR, C) 2
12— 4+ (—) S (w) 3.18
(um) s wp Z \sCi+Cy (3.18)

where wy = 2//sL,(sCr + Gy), 2 = sL/(sCy +Cy) and a low frequency approximation

&Q

has been used for 1+ w?R?C? ~ 1. Usiug w < wg, the propa ration constaut is found to be:
bl g ) pag

7 2 y A 4RJ Cb ‘
. i3 = cosh V|1 -2 (E‘> J (i) A (m)
(Y‘|‘J// cOosll [ wpy + wp Z -9(](+C!)

w I ZCk?
j - + 3
Wy 2

2

(3.19)

Combining this loss with the transmission line loss, the total loss per section for a distributed
MEMS transmission line is [44]:

= fz + ?igg’i@ (3.20)
For a line with an unloaded impedance of 100 €, an unloaded effective diclectric constant
of 2.5, a periodic spacing of 200 pm, a bridge capacitance of 40 fF, a loss of 0.6 dB/cm at
90 Gz for the unloaded line. and a bridge resistance of 0.1 € at 30 GHz the loss from the
transmission line is 1.6 and 2.5 d3/cm at 30 and 60 GHz respectively, while the loss from
the bridge resistance is 0.05 and 0.28 dB/cm at 30 and 60 GHz. Thus, for these typical

parameters, the loss 1s dominated by the transmission line loss.



Radiation loss is also present in an unloaded CPW line on a thick dielectric substrate
because the wave velocity of the transmission line is greater than the phase velocity of the
waves in the dielectric [46]. This loss is given hy:

| (1 “fr)Q j-iisz‘

(W) —= (3.21)
gt = | = o — : 3.
e 2) V2 VT+e SKEKG)
ko= i
S
= - kP

where S = W + 2G 1s the ground-to-ground spacing ot the CPW line and K (k) is the
complete clliptic integral of the first kind, This radiation into the substrate occurs primarily
around the angle:

costh =k, [hy (3.22)

where &, is the propagation constant of the line and kq is the propagation constant in the
dieleetric. For the DMTLs used in this work, the wave velocity of the transmission line
ts slower than the phase velocity of the dielectric. Therefore the angle necessary to phase
match the wave on the transmission line to the wave in the dielectric, 4, becomes imaginary
indicating that radiation, and therefore radiation loss, cannot oceur. This will be discussed

further in Section 4.3.

3.4 DMTL Circuit Modeling

Although the analytic model presented in section 3.2 provides a good general under-
standing of the operation of distributed lines, it is desirable to have a circuit model as
well which can be used in a lincar circuit simulator. The simulator used for the modeling
of the DMTLs is HP EESof’s LibraZ. Using the circuit elements available in Libra, the
model shown in Figure 3.5 was developed for a single section of the DMTL. The model
consists of a section of physical transmission line to represent the unloaded CPW line and a
capacitor-inductor series combination shunted across the transmission line to represent the
MEMS bridge. The entire DMTL is modeled in the sinulator by cascading the necessary

nuwber of sections along with the added lengths of high impedance line at the ends. In

*HP EESof Communications Design Suite v6.0, Hewleti-1?ackared Company, Santa Clara, CA, 1995.
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Figure 3.5: Circuit model used for a scction in the DMTL simulation where Z, 18 the un-
loaded line impedance, s is the periodie spacing of the MEMS bridges, A is
the attennation in dB/em of the unloaded line, €, is the effective dielectric
constant of the unloaded line, Cy is the MEMS bridge capacitance, and Ly is
the bridge inductance.

this approach, the unloaded line impedance, Z,, the spacing of the MEMS bridges, s, the
number of sections, n, and the effective diclectric constant of the unloaded line, €.rp, are
determined from the physical dimensions of the DMTL being modeled. The unloaded line
attenuation, A, bridge capacitance, Cy, and bridge inductance, Ly, are all varied to fit the
model to the measured data. The attenuation in the physical transmission line model is

specified at a particular frequency and then follows a V[ variation.

3.5 DMTL Measurements

Measurements of the DMTLs were taken using an HP8510C for 2-40 GHz and an
HP8510C with a U-band millimeter-wave test set for 40-60 GHz. The measurements were
calibrated using NIST's MultiCal® TRL calibration routine and TRL standards fabricated
on-wafer. MultiCal de-embeds the effective diclectric constant and loss from the measured
TRL lines. Therefore, a comparison of the DMTLs with the unloaded CPW lines can be
made by constructing the necessary TRIL standards in both types of lines. The nnloaded
CPW lines used for this purpose are 96 Q lines (W = G = 100 pan) with a 5000 A thick cen-
ter conductor and the DMTLs used these same 96 € lines with 30 pm wide bridges spaced
at 306 o, resulting in a Bragy [requency of approximately 124 GHz. Figure 3.6 shows the
loss and Figure 3.7 shows the effective diclectric constant for both TRL calibrations.

The dashed line in Figure 3.6 is an estimate of the DMTL loss calculated by multiplying

IMultiCal is a registered trademard of NIST, 325 Broadway, Boulder, CO 80303
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the measured loss of the 96 Q@ CPW line by the ratio of the unloaded impedance to the
loaded impedance 96/60 = 1.6. As can be seen, this cstimate works fairly well at the lower
frequencies, but tends to underestimate the loss al higher frequencies. This is most likely
due to the added loss in the bridges and the extension lengths (sce Fig. 3.1) which are not
accounted for in the estimate.

The measured cffective diclectric constant of the unloaded CPW lines has an average
value of 2.37 and is npearly iuvariant with frequeney. This value agrees very closely with
the static value of 2.34 computed using the static-field solver, Maxwell? 2D, In comparison,
the measured effective dielectric constant of the DMTL with the extension sections (see
Fig. 3.1) 1s 6.7 from 18-33 GHz and slowly rises to 7.3 at 60 Gliz.

Using a TRL calibration of the CPW feedlines with the reference planes as shown
in Figure 3.1, DMTLs with different width bridges and periodic spacing were measured.
Figure 3.8 shows the measured S-parameters of a line with 16 30-pm wide MEMS bridges
spaced at 306 g (total length = 5.17 mm) with a nominal MEMS bridge height of 1.5 pm
and a bridge thickness of 2.5 peni. The loaded line impedance (Z = 61 Q) is caleulated from
the first peak in S11, knowing that the line is behaving as a quarter-wave transformer at this
frequency. The loading capacitance, Cy, is therefore caleulated to be 24 fF from (3.7}, using
the static values of Z, = 96 Q and e,y = 2.37 (W = G =100 iem) to obtain Ly, and ¢y, This
capacitance agrees very well with the value of € = 23.8 {I' found by simulating a single
MEMS bridge using the static-field solver, Maxwell 3D. The 23.8 {F bridge capacitance can
be broken into a parallel-plate capacitance, O = eA/d = 17.7 {F, and a fringing capacitance,
Cy = 6.1 fF. Thus, the fringing capacitance is quite high (~ 26%) and cannot be neglected
in the analysis of the DMTLs.

Using the circuit model given in section 3.4 and fitting it to the measured data, the
parameters listed in Table 3.2 are tound. The simulated S-paramecters found using this
fitted model are plotted along with the measured data in Figure 3.8 from which it is scen
that excellent agreement is obtained from 0 to 60 GHz, Using € = 25 {F and Ly = 23 pH,
the calculated effective dielectric constant, from (3.9), is 6.0 which underestimates the TRL

de-embedded value of 6.7.

TMaxwell is a registered trademark of Ansoft Corp., Pittsburg, PA, 15219
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Figure 3.8: Measured and simulated S-parameters of a DMTL with 16 30-7an wide MEMS
bridges spaced at 306 pm (total length = 5.2 mm, 7 = 61 Q, [ = 129 GHz).

Table 3.2: Fitted  Maodel  Parameters  flor
DMTL with w/s = 30/306 pun
), 25 fF
Ly 23 pH
A(@ 20 GHz) || 0.52 dB/cm

Sect parameters are: Z,=96 {1, ¢,;,=2.37, n=106.

The etfective dielectric constant can also be caleulated using two adjacent nulls in S11
and the total length ({ = 5.17 mm) of the distributed line. A value of 6.8-7.1 is obtained
up to 40 GHz which agrees well with the TRL measured value of 6.7. The reason for the
discrepancy between the measured value and that caleulated from (3.9) is due to the added
length of high impedance line at either end of the DMTL, mentioned in scetion 3.1, whicl
is included in the measured line. The effect of this added length of line can be scen in
the reflection coefficient plotted on a Smith chart in Figure 3.9, At low frequencies, the
input impedance is scen to circle arcund 60 Q, as is expected of a 61 Q line bound by two
50 2 ports. However as the frequency incereases, the input nnpedance cireles a point in
the inductive part of the Smith chart. According to (3.11), the characteristic impedance
of a distributed line should remain real as the frequency inereases from zero to the Brage

frequency. I order to verify that the characteristic iimpedance of the DMTL does remnain
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Figure 3.9: Measured S11 from 0-60 GHz for a DMTL with 16 30-yum wide bridges spaced
at 306 pem.

Figure 3.10: Mcasured S11 from 0-60 GHz for a DMTL with 16 30-zan wide bridges spaced
at 306 pm with the 138 g long high-impedance lines de-embedded.
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real with frequency and that the imaginary part of the center of the circles seen in Figure 3.9
Is a result of the added lengths of line at the input and output of the DMTL, these lines are
de-embedded from the measured data using ABCD matrices. If the measured data, with

the added line lengths, is given by [M], then the de-embedded data, [S], is given by:

(LIS = [M]

8] = [L] ' [M][L] (3.23)

where [L] is the ABCI matrix for the length of high impedance line. For the 30/306 pum
line, the added length is (s — w)/2 = 138 pm. Using Libra to generate the S-parameters
for the 138 pan length of 96 €2 line with €off = 2.37, the de-embedded data is plotted in
Figure 3.10. Tt is now scen that the input impedance does circle the real axis from 2-60 GHz,
indicating a real characteristic impedance of the DMTL. The characteristic impedance also
decrcases slightly with frequency, as predicted by (3.7).

Thhis de-embedded data can now be used to find the effective diclectric constant by using
a new total line length of 16 x 306 pum = 4.9 mm. The first three adjacent nulls i S11
give 6.06-6.36 which is in much closer agreement with the calculated value of 6.00 from
(3.9). The calculated Bragg frequency of this line, using C, = 25 fF and Ly, = 23 pH, is
114 GHz from (3.12). Using the circuit model with parameters listed in Table 3.2, Libra
gives a Brage frequency of 124 GHz. The added lengths of line at cither end of the DMTL
have almost no effect on the Bragg frequency.

The measurcment shown in Figure 3.11 is of a DMTL with 16 60-pem wide MEMS bridges
spaced at 640 pm (fotal length = 10.8 mm). The loaded line impedance is 62 €2 determined
from the first peak i1 SI1 at 2.8 GHz, The calculated MEMS bridge capacitance from (3.7)
18 = 48 1F, which agrees fairly well with the value obtained from the static-field solver,
Maxwell 3D, of €y = 42.5 {F (C); = 354 IF, Cy = 7.1 {F). The difference could be due to a
slight bowing in the MEMS bridge causing the height to be less than 1.5 feam.

Fitting the circuit model to the measured data, the parameters listed in Table 3.3 are
found. The simulated results, shown in Figure 3.11, are seen to be in excellent agreement
with the measured data and show that the circuit model is valid even when approaching the

Bragg frequency of the line. The caleulated effective diclectric constant for Cy = 48 fF and
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Figure 3.11: Measured and simulated S-parameters of & DMTL with 16 60-m wide MEMS
bridges spaced at 640 gm (total length = 10.8 mnm, Z = 62 Q, f5 = 62 GHz).

Table 3.3: Fitted  Model  Parameters  [or
DMTL with w/s = 60/640 pun
Cy, 48 ¥
Ly 14 pH
A(0 20 GHz) || 0.6 dB/cm

Set parameters are: Z,=96 (2, €opr=2.37, n=10.

Ly =14 pH is 5.7 while the measured value obtained from adjacent nulls in S11 is 6.2-6.5.
After de-embedding the extension lines at either end of the DMTL, the cffective dielectric
constant is calculated from the measured data to be 5.7-6.1 ( = 16 x 640 pm= 10.2 min)
which is in agreement with the value caleulated from (3.9).

According to (3.11), the characteristic impedance of this line should go from 62 §2 at low
frequencies to 50 §2 at 35 GHz and then to 0 € at 61 GHz. However, the measured results
in Figure 3.11 show no indication, in the form of the peak of S11 falling below -30 dB,
that the characteristic impedance of the loaded line goes through H0 €. This is also an
effect of the added lengths of line at either end of the DMTL. Figure 3.12 shows that the
mput-impedance circles are centered on points in the inductive part of the Smith chart and
thus the centers never pass through 50 €2 on the Smith chart. For this case, the line lengths
at cither end of the DMTL arc 290 pm long. When these lines are de-embedded from the

measured data, using the ABCD matrix approach, the results seen in Figure 3.13 arc
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Figure 3.12: Measured SLI from 0-60 GHz for a DMTL with 16 60-jum wide bridges spaced
at 640 pan.

Figure 3.13: Measured S11 from 0-60 GHz for a DMTL with 16-60 s wide bridges spaced
at 640 jn with the 290 2 high impedance lines de-embedded.
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found. It is seen that the input impedance is always centered on the real axis, aud that the
measured loaded-line impedance does indeed pass through the center of the Smith chart.
However, the measured loaded-line impedance does not reach 50 € until 45 GHz rather
than the predicted frequency of 35 GHz using (3.11).

Although the impedance of this line is approximately the same as the first line (~ 62 Q),
this line has a nch lower calculated Bragg frequency, 61 GHy according to (3.12), due to
the larger loading capacitance and periodic spacing. The Libra circuit model, using the
values given in Table 3.3, gives a value of 70 GHz as scen in Figure 3.11. An Lnportaut
observation is that both distributed lines (Figure 3.8 and Figure 3.11) show that the peak
of the reflection cocetficient approaches -10 dB at approximately half of the Bragg frequency
when the added high impedance lines at either end of the DML are (s —w)/2 long. This

is important when designing DMTLs for a specific frequency range,

3.6 Comparison of Analytic and Circuit Model

In order to quantify the accuracy of the analytic model given in {3.3) and (3.5), the LC

equivalent model is used to derive the S-parameters which are given by:

0 e
S = (3.24)

e” 0
where v is the propagation constant per section and n is the munber of sections in the
DMTL. These S-paranmcters are referenced to the characteristic impedance of the DMTL
given by (3.11). In order to compare these S-parameters with the Libra circuit simulation,
they must be referred to 50 Q. This is done by converting the S matrix in (3.24) to a 2
matrix and then back to an S matrix with a reference impedance of 50 Q.

The DMTL parameters for the first comparison are given in Table 3.4 with the S-
parameters shown in Figure 3.14. As can be seen lor this DMTL. the analytic model gives a
good approximation up to 90 GHz and is reasonable even up to the Bragg frequency. This
DMTL has a low-frequency characteristic impedance of 47 Q and an effective dieloctric
constant of 10. The Bragg frequency calculated fromn the analytical model is 124 GHz while

the circuit model results in a siimulated value of 128 GHy,
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Figure 3.14: Comparison between the cirenit model and analytical model for the DMTL
with parameters listed in Table 3.4,
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Table 3.4: DMTL parameters for Table 3.5: DMTL parameters for

Figure 3.14. Figure 3.15.
Z, 96 Zy 96
€off 2.37 Ceff 2.37
5 197 i 8 640 1m
Cy 34 {F Cy 48 fF
Ly 20 pH Ly 14 pH
A(©@ 20 GHz) || 0.52 dB/cm A(@ 20 GHz) | 0.6 dB/cm
| 1 ‘ 16 1 | 16

The parameters for the sccoud comparison are given in Table 3.5 with the S-parameters
shown in Figure 3.15. The low {requency impedance of this line is 62 € and the dip in S11
due to the impedance passing through 50 € is scen in both models. The effective dicloctric
constant at low frequencies is 5.7. The analytic model gives a good approximation up to
30 GHz, however, beyond that the models diverge rather quickly. The analytic model gives
a calculated Bragg frequency of 61 Gllz while the circuit moclel gives a siimnlated Brage
frequency of 70 GHz. This cannot be seen on a Smith chart representation since there is
no frequency reference for the plotted data.

In general, the accuracy of the analytic model improves with both shorter periodic
scctions and increased loading. The increased accuracy with shorter periodic sections is due
to the lumped clements, s- Cy and s- Ly, giving a better approximation to the transmission
line. The increased acenracy due to the increased loading is a result of the bridge capacitance
having a more dominant affect so that the error in the lumped eloment appreximation of

the transmission line does not carry as much weight in the analysis.

3.7 Conclusion

Distributed MEMS transmission lines have been developed and tested up to 60 GHa.
The DMTLs arce fabricated using CPW lines on a quartz substrate with MEMS bridges
periodically spaced across the line.  An analytic model and a circuit model have been
developed. The analytic model gives a good approximation of the performance at frequencies
well below the Brage frequency and can provide a reasonable approximation up to the Bragg

frequency. This model provides an invaluable tool for designing DMTLs. The circuit model
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Figure 3.15: Comparison between the circuit model and analytical model for the DMTL
with parameters listed in Table 3.5.

has been shown to model the DMTL very well, even at frequencies approaching the Bragg
frequency. The circuit model cousists of a physical length of transmission line for the CPW
line and a capacitor-inductor series combination to model the MEMS bridge. The circuit

model has also been used to quantify the accuracy of the analytic model.



CHAPTER 4

Distributed MEMS Transmission Line Phase Shifters

This chapter presents the design and optimization of distributed MEMS transmission
line (DMTL) phase shifters. The development of clectronically variable phase shifters has
been driven primarily by their usefulness in phased array radars, although they are now used
in a wide range of systems including communications and measurement instrumentation [27].

Most phase shifters currently used can be divided into either ferrite phase shifters or
semiconductor device phase shifters. The ferrite based phase shifters typically work well
from 3 GHz to 60 GHz with switching times on the order of a few microseconds to tens
of microseconds [21, 22]. Most ferrite based phase shifters are not monolithic and require
large switching cnergics but can handle kilowatts of RF power 9]. Recently, there has been
research into the use of the ferroclectric material barium strontium titanate [Baj_Sr, TiOy
(BSTO)] to produce planar phase shifters [12]. The recent results demonstrate 44°/dB
insertion loss at 14.3 GHz, however, these devices require very high bias voltages (250-
400 V) and suffer from increased losses above 20 GHz [56].

On the other hand, semiconductor device based phase shilters have been used up to
100 GHz with switching times well under 1 ps [2, 7, 16, 27, 32, 39, 49, 52, 59]. Thesc
devices are either hybrid or monolithic with switching powers on the order of milliwatts,
The hybrid devices (p-i-n or varactor diodes) can handle up to a kilowatt of RF power,
however, the monolithic devices can only handle RF power ou the order of milliwatts to one
watt [27].

There are many different designs for the semiconductor device based phase shifters.
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Sowme of the more prominent designs are switched-line phase shifters 152], loaded-line phase
shifters [49, 2], branchline or 3-dB coupler based phase shilters [39, 7, 59], and Ligh-pass/low-
pass phase shifters [32]. The loaded-line and high-pass/low-pass type phase shifters are
inherently limited to at most 67% bandwidth, were as the switched-line phase shifter is
true-tine delay with the bandwidth limited by the high-frequency operation of the switches.
Typical figures of merit for the semiconductor device based phase shifters are 144°/dB at
I GHz [32], 211°/dB at 12 GHz {16], 86°/dB from 16-18 GHz [7], 60°/dB at 60 GHz 139],
and 41°/dB3 at 94 GHz [59]. Also, Goldsmith has shown 4-bit switched line phasc shifters
using MEMS switches with an average perforimance of 279°/dB at 10 GHz and 138°/dB at
35 GHz [17].

Recently another type of true-time delay phase shifter, known as the distributed phase
shifter, has been investigated by Nagra el al. (35, 36].  Auother demonstration, albeit
with poor performance, is presented in [62]. These devices are very simdlar to the dis-
tributed MEMS transmission lines, but use varactor diodes rather than MEMS bridges for
the variable capacitance. The phase shifters developed by N agra et al. have shown good
performance with 86°/dB insertion loss at 20 GHz, or 4.2 dB insertion loss for 360° phase
shift. However, the millimeter wave performance of these devices is severely limited by the
series resistance of the diodes which is typically 2-6 2, and the integration of the phase

shifter on GaAs substrates.

4.1 Design

As mentioned in Section 3.2, the DMTL can be used as a true-time delay {TTD) phase
shifter since a change in the MEMS bridge capacitance changes the phase velocity of the
line (see (3.9)). The change in the bridge capacitance is achieved by applying a single bias
voltage to the center conductor of the DMTL with the CPW ground planes acting as a DC
ground as well. Thix application is demonstrated in Figure 4.1(a) which shows the phase
shift versus frequency, for varying biag voltages, of a DMTL with 32 30-pm wide bridges
spaced at 306 pm. The unloaded line impedance is 96 (W = 100 pm and S = 300 pum)

with an effective dielectric constant of 2.37. As can be seen, the phase shift increases linearly



‘able 4.1: Modeling paramecters for DMTL in
Figure 4.1.

(0 V) 28 (T
Cp(22 V) 32.6 110
Ly 18 pll

A(€ 20 GHz) | 0.6 d3/em

with frequency as expected for a 'T'TD type phase shifter. There is some deviation from
this lincar increase at the upper end of the frequency range which is a result of approaching
the Bragg frequency at 120 GHz The maximum phase shift is 118° at 60 GHz with an
associated insertion loss of 2.1 dB, The maximum time delay, at a bias voltage of 22 V, is
4.5 ps using the linearly extrapolated value of -98° at 60 GHyz.

The change in the phase velocity is also manifested in the spacing of the nulls in the
reflection coefficient scen in Figure 4.1(h). The reflection coeflicient of the DMTL under
22 V bias has more closely spaced nulls indicating that the line is clectrically longer than
when the bias is 0 V. Since the physical length of the DMTL has not changed, the phase
velocity of the line has decreased, as expected. The effective diclectric constant, caleulated
from the first three nulls in the reflection coefficient, is found to change from 7.2 at O V
to 8.3 at 22 V. Using the circuit model presented in Section 3.4, the phase shift can be
modeled as shown in Figure 4.1(a) using the paramcters given in Table 4.1. [t is seen that
the match between the measured and inodeled phase shift is nearly perfect.

In addition to effecting the phase velocity, the change in bridge capacitance also changes
the characteristic impedance, as indicated in (3.7). This effect can be seen in Figure 4.1({b)
in which the peak in the low-frequency reflection coefficient at 2.7 GHy is scen to change
from -15.7 to -18.4 dB. This peak in reflection coefficient occurs at a frequency where the
DMTL is a quarter-wave length long and the input impedance, seen from the 50 € feedline,
is at a maxinuun given by [41]:

72

Zin = 3*6 (41)

where Z is the characteristic iimpedance of the DMTL. Thus, the characteristic impedance
of the DMTL in Figure 4.1 changes from 59 £ at 0V 1o 56 € at 22 V. Tt should be noted that

although this is the same DMTL design as shown in Section 3.5, the impedance is calculated
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Figure 4.1: Measured (a) phase shift and (b) S-parameters for a DMTL with 32 30-pm-wide
bridges spaced at 306 pem (total length = 10.1 mm) for varying bias voltage. The
phase shitt at 22 V is modeled with the cirenit parameters given in Table 4.1.
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to be 59 € rather than 61 €. In addition, the modeled zero-bias bridge capacitance is 28 {F
rather than 25 fF. These differences are most likely duce to process variations in the bridge
height resulting in a slightly different loading capacitance.

The measured DMTL in Figure 4.1 has a capacitance ratio (Chya./Crin) of 1.16, so
the impedance change is relatively small. However, if this capacitance ratio could be made
wuch larger (5-10), the characteristic impedance of the DMTL would change by significant
amounts causing undesirably large reflection coefficients. Tn this case, the DMTL shonld be
designed such that the variation in characteristic impedance results in the same maximum
allowable reflection coefficient in the low and high bridge capacitance states. For oxainple,
if it is desired to have the maximum reflection coceflicient remain below -15 dB, then the
characteristic impedance should be 60 © in the low capacitance state and 42 € in the high
capacitance state. In general, the upper and lower hounds of the characteristic Impedance,

for a given reflection coefficient, are given by:
g )

1+SH>[/2 1 -5 1/2 )
Zpy = 00 ——— and Z,; =50 ——— 4.
e ) (1 5 I {d 3 (1 X SII) ( Z)

where Zp,, and Zy; arc the DMTL characteristic impedances for the low and high bridge ca-
pacitance states, respectively. Using (3.7), the minimum and maximum bridge capacitances

are found to be:

, sby (1 -5 . . sLy (1451 .
Cruin = 5—0_2 (m) —sCy and Craae = 5()7 (l—j"S.TJ) —sC, (413)

From these equations the capacitance ratio, ¢, = Cinar/Couin, is found to be:

¥ 72 v[_'f.‘;-' o 9

C,. - Cmu:z: i Ao (113”) 50
At : (4.4)

C'rm',n 72 (L 5 J) — 502

o 1457,

where Z, = \/L,/C, is the characteristic itnpedance of the unloaded transmission line.
Figure 4.2 shows this capacitance ratio versus the maximum allowable refloction coefficient
for different nnloaded-line impedances. It should be noted that thoe capacitance rafio is
independent of the substrate diclectric constant.  Also, this caleulation is based on the
low-frequency impedance and does not account for the effects of approaching the Bragg
frequency shown in Section 3.5, It is seen that the usable capacitance ratio for a maximum

reflection of -13 dB is around 3 for a 100 © unloaded lmpedance.
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Figure 4.2: Capacitance ratio versus maximum reflection coefficient  for unloaded-line
impedances of 80, 100, and 120 (2.

Of more importance for the DMTL phase shifter is the position of the Bragg frequency.
‘The Bragg frequency, given by (3.8), dictates the upper frequency limit of the phase shifter.
In this work, the upper frequency limit is defined to be where the retirn logs hits -10 dB. As
was noted in Section 3.5, the peak reflection coeflicient approaches -10 dB at approximately
half the Bragg frequency, when the extension lengths at both ends of the DMTL are (s—w)/2
long. In addition, the Bragg frequency is dependent on the bridge capacitance such that
the bandwidth should be defined using Ch,, rather than O, since Chuy, will result in a
lower Bragg frequency. A good example is Figure 4.1(b) where it is scen that the reflection
coefficient at 22 V starts out below the 0 V case, but gradually rises above the 0 'V case to
-10 dB necar 60 GHz, for o DMTL with a Bragg frequency of 120 GHz at 22 V bias.

The design of a DMTL phase shifter roquires the specification of the bandwidth or Bragg
frequency, substrate or diclectric constant, unloaded impedance, and loaded impedance.
From these specifications, the bridge capacitance and spacing can be determined from (3.7)

and (3.8), and arce given by:

Zy,
‘= ST ,, (45)
T Lo (CoLy = (Cr = )Gy Z2)
Ly
C( = §| -5 — 6
bo & (Zﬁl l) (4 (J)

where in (3.8) the bridge capacitance and inductance have been sel to Cy = C, - Cp, and



Ly = 0, respectively. The per unit length inductance and capacitance, Ly and Cy, are given

by [41]:

VEre 2
Cy = 7 t and Ly =C 27 (4.7)
Clig

in which e, o is the effective diclectric constant of the unloaded transmission line and ¢ is
the free-space velocity. For the case where the DMTL is constructed using a CPW line, Z,

and € . can be related to the physical CPW line parameters by a conformal mapping [20]:

p e
2, = 4—?:’1]1‘% (4.8)
ot ”2“ (4.9)
k= W/S
Eo= [y

where W and S are the center conductor width and total width of the CPW line, respectively,
"o 18 the free-space impedance, and K (k) is the complete clliptic integral of the frst kind.
Using these equations, the DMTL phase shifter can be designed to a set of specifications.
This initial design is then simulated using the Libra cireuit mode! as discussed in Section 3.4.
The Libra circuit model will give a more accurate value of the Bragg frequency from which

the design can be fine tuned, using iterative methods, to the desired specifications.

4.2  Optimization
4.2.1 Theory

The optimization method used in this section is based on the work of Rodwell et al.
[45, 44] which presented the first known analysis of loss in distributed non-linear CPW
lines. The distributed line analysis was significantly extended to optimize for best phase

shift by Nagra et al. [36]. In this thesis, we apply a method similar to Nagra to the case of

Table 4.2: Specifications for examples
in Figures 4.3-4.7.
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MEMS bridges to obtain the mazimum amount of phase shift for the minimum amount of
msertion loss in distributed MEMS phase shifers. In order to carry out this optimization,
analytic expressions for both the phase shift per unit length and the insertion loss per unit
length must be found. In addition, a set of design constraints nust be specified which,
for this optimization, are listed in Table 4.2. The choice of 48 Q for the zero-bias loaded
impedance, Z,, is a compromise between higher phase shift but increased return loss and
reduced bandwidth for a lower loaded impedance. The Bragg frequency in Table 4.2 is set to
120 GHz in order to limit the return loss to -10 dB3 up to 60 GHz as discussed in Section 4.1,
while the capacitance ratio was determined to be 1.2 from previous DMTL measurements.
The optimization analysis is carried out for silicon, quartz, and air substrates with the
total width of the CPW, S. chosen to be approxumately Ag/8 and A\y/5 at the maximum
operating frequency ol 60 GHyz. A total width of Ad/8 is typical for CPW designs in order
to limit radiation loss, however, as mentioned in Section 3.3, the DM'TL should not suffer

from radiation loss and therefore o larger total width, Ay/5, is usable.

Phase Shift

The phasc shift is found from the change in the phase constant given by:

Ay = p-p,

1 1
- W (— - —) (4.10)

] U
Using the capacitance ratio, C,, and (3.9) for the phase velocity, the phase shift is found to

be:
Cj’ 'Cf [#]
A = Ce 1 e (4.11)
, sC

C

CIN G (_}_ 1 )

N : i, Zig

Using this equation and (4.5)-(4.9), the phase shift per centimeter versus the center condue-
tor width is calculated for DMTLs on silicon, quartz, and air at 40 GHz for the specifications
listed in Table 4.2, As can be seen in Figure 4.3, the phase shift is much larger for narrow

center conductor widths (high unpedance). This is due to the larger loading capacitance

per unit length, G, /s, needed to load the line to 48 1 and therefore the change in bridge
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Figure 4.4: Measured and calculated loss vs. frequency for a 300 pn total width unloaded
CPW line on quartz with a 100 gm wide center conductor (Zo =100 £2).
-115° fem. The curve for silicon with a 180 i total width line is seen to hit zero degrees at

a center couductor width of 92 pum, which corresponds to an unloaded impedance of 48

resulting in C,/s = 0 and no phase shift.

Loss

‘The transmission line loss for the unloaded CPW line is found from a conformal mapping

technique and is given by Hoffinann [20]:

8.686 - L0 2R, /erar
Ao SK (R (K') (1 — £2)

L {rrn (5052)

+2 {7? +In (EZ—(SI%;L—)) H (dB/cm) (4.12)

where ¢ is the netal thickness, Ry is the surface resistance given by IR, = \/W,
and o is the conductivity of the metal. Tt should be noted that this equation significantly
underestimates the measured loss of the CPW line on quartz. Figure 4.4 shows the measured
and caleulated loss versus frequency for a 300 pm total width CPW line on quartz with
a 100 pm wide center conductor (Z, = 100 £2). The CPW line is 8000 A of gold with a
conductivity of 3.3-1077 §/m. Significantly less loss can be obtained, particularly at low

frequencies, if & 3 gm thick center conductor is used. In this case, the center conductor
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between the MEMS bridges would be electroplated to 3 yun while the section underncath
the MEMS bridge would remain 8000 A thick. This was not done in this work for simplicity
in fabrication, but will be done in future work {sce Chapter 6). The line loss calculated from
(4.12) is for a metal thickness of .8 fem which, at 40 GHz, is 1.8 skin depths, However,
according to (4.12) and Figure 4.4, if the metal thickness is mcreased to 3 pm the loss
would decrease by a factor of 1.15 mdependent of frequency. This is known to be incorroct
since the loss depends on the skin depth, and ouce the metal thickness reachoes several skin
depths, it will cease to decrease with increased thickness. Thus, (4.12) should not be used
to predict the loss performance of the line, but more as a guide to predict the frend of loss
versus center conductor widih,

As can be scen, the equation from Hoffmann must be increased by a factor of 1.4, in this
case, in order to mateh the measured results. Notice that above 40 GHz the uuloaded CPW
line is starting to radiate and this results in an adverse cffect on the calibration standards
and loss estimation using the TRL technique. The phase shift per dB loss derived in this
scetion uses (4.12) without any modification and thus predicts much better performance
than will actually be achicved. However, it is belicved that the loss versus center conductor
width trend is correct and thus, (4.12) can be used to find the optimal center conductor
width,

The loaded loss is calculated, as discussed in Section 3.3, by multiplying & by the ratio
of the unloaded impedance, Zy, to the loaded impedance, Z, given in (3.7). The loaded
impedance in the high capacitance state, Zyy, is used since this gives the maximum loss due
to the fact that it is the lowest impedance state. There is not a large change in the line
loss since the line impedance is only changing by 3-4 € for a capacitance ratio of 1.2, If
the capacitance ratio is increased to L5, then the impedance change goes up to 7-8 €2, In
this case, the DMTL, which starts at a loaded impedance of 48 2, will change to a Ioaded
impedance of 40-41 © when bias is applied. This will result in a -13 to -14 dB refiection
loss which is still within the design constraint of -10 dB3, However, it may be desirable to
reduce the reflection loss by changing the zero-bias loaded inpedance to 52  so that the
7-8 £ impedance change will not adversely eflect the phase shifter performance.

Figure 4.5 shows the calculated line loss at 40 GHy for the unloaded and loaded CPW
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Figure 4.6: Loaded transmission line loss and loss due to bridge resistance vs. frequency.

The line loss is calculated from Hoffmann’s equation for a 300 pm total width

CPW line with a 100 ;an width center conductor.  The Bragg frequency is

120 GHz, the bridge spacing is 197 panand the bridge capacitance is 34.6 {5,
line for silicon, quartz, and air using the specifications listed in Table 4.2 and 8000 A of gold
(7 =3.3-10"7 S/m) for the metal thickness, 1. As expected, the nmloaded line loss inercases
as the dielectric constant increases due to smaller CPW line dimensions. In addition, the
loaded line loss for silicon, with a 180 pan total CPW width, converges with the unloaded
line loss at a center conductor width of 92 g where the unloaded line impedance is 48
and the capacitive loading goes to zero,

In the caleulations of the loaded loss the bridge resistance has been ignored. This is
acceptable for calculations up to 60 GHy since, as discussed in Sectjon 3.3, the loss due to
a bridge resistance of 0.15 2 at 30 GHy is 5% of the total loss of the loaded line at 30 GHy
and 15% at 60 GHz. The loss due to the bridge resistance versus frequency is shown in
Figure 4.6 for bridge resistances of 0.15, 0.3 and 0.6 Q. The calculation is for a 300 j2m total
width CPW line with a 100 pm width center conductor (Zo = 100 ) loaded to 48 Q and a
Brage frequency of 120 GHz. The line loss is calculated from (4.12) and then multiplied by
the ratio of change in impedance to arrive at the loaded loss. Tt is seen that the distributed
phase shifter is line loss limited up to 60 GHz for bridge resistances of 0.15 and 0.3 €2,

whereas for a 0.6 2 bridge resistance, the bridge loss starts to dominate above 50 GHa,
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Optimization

The optimal center conductor width (and uunloaded nupedance) is found by dividing
the phase shift per centimeter by the loss per centimeter to find the phase shift per dB
loss. Figure 4.7 shows the calculation at 40 GHz for silicon, quartz, and air substrates
for a capacitance ratio of 1.2, The optimum center conductor width is seen to occur at
36 pm (S = 180 yan) and 60 pm (S = 300 pm) for silicon at an unloaded impedance of
75 42, 100 g (S = 300 gan) and 167 pm (S = 500 pan) for quartz at an impedance of
100 Q, and 240 pm (S = 600 gm) and 400 pm (S = 1000 pan) for air at an tmpedance
of 141 Q. Also, the optimal phase shift per dB loss increases as the diclectric constant
decreases and is -56°/dB (S = 180 pm) and -88°/dB (S = 300 p) for silicon, -136°/dB
(S = 300 pm) and -215°/dB (S = 500 ) for quartz, and -297°/dB (S = 600 gt} and
-473° /dB (S = 1000 g2m) for air.

As seen from (4.11) and (4.12), the phase shift increases linearly with {requency and the
loss increases as /f, due to R,. Therefore, the phase shift per dB loss will increase as V.
Thus, for the 300 pm total width line on quartz the phase shift per dB loss increases from
-96°/dB3 to -136°/dB to -166°/dB at 20, 40, and 60 GHz, respectively.

The phase shift per dB loss can be considerably improved if the capacitance ratio, C}, is

increased to 1.3 or 1.5, This is secn in Figure 4.8 in which the caleulatod phase shift per dB
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Table 4.3: Specifications  of  the Table 4.4: Dimensions of the DMTLs used to

DMTLs used to  ver- verify the optimization. The Bragg
ity the optimization frequency is calenlated using Ly =
procedure. 20 pl. Ry = 0.15 £ at 30 GHz.
Dta 48 Q W) ol | 100 | 150
fn | 120 GHz | Cyo (IF) 1] 37.97] 33.8 12856
[ 5] 300 o sGom) || 160 | 197 | 249
C, L2 wlan) || 80 | 35 |17
- J(GHz) | 119 | 1227] 127

loss versus center conductor width is plotted for a 300 pm total width CPW line on quartz
with varying capacitance ratios. The maximum phase shift per dB loss is increased from
-136° /dB to -194° /dB and -295°/dB for capacitance ratios of 1.2, 1.3, and 1.5, respectively,

Therefore, it is necessary to obtain a large capacitance ratio for very low loss performance.

4.2.2 Experiment

[n order to verify the position of the optimal center conductor width, three DMTLL
desigus were fabricated on quartz with center conductor widths of 50, 100, and 150 e
with the specifications listed in Table 4.3. Using the design equations (4.5)-(4.9), the bridge
capacitances and spacings for the three center conductor widths are caleulated and shown
in Table 4.4, When using the design equations, the bridge inductance is neglected, however
this inductance has been shown, in Section 3.2, to have a large effect on the Bragg frequency.
Therefore, in order to account for this effect, the Bragg frequency used in (4.5} is set to
140 GHz rather than the specified 120 GHz. Tho Bragg [requency is then calculated,
including a bridge inductance of 20 pH, using (3.12). A constant bridge inductance is used,
regardless of the bridge width, due to the fact that the bridge inductance is a weak function
of the bridge width [33]. As can be seen in Table 4.4, the Bragg frequency is close to 120 GHz
for all three cases. The bridge height for these designs is 1.2 g and the bridge widths are
determined using the static-field solver Maxwell 3D, with the results given in Table 4.4,
Figure 4.9 shows the calculated loaded and unloaded loss at 40 GHz, with Cr = 117, as
well as the measured data points. The measured unloaded line loss is approximately a factor
of 1.4 higher than the loss caleulated from (4.12) as seen in Figure 4.4, However, as seen in

Figure 4.9,
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Table 4.5: Circuit model paramcters for the
optimal DMTL (W = 100 pm).

Cra(0 V) (IF] 34.6
Cho(13 V) (fF) 40.6

Ly (pH) 11

A @20 GHz (dB/cm) | 0.46
Zi () a7

Zin () 45

the calculated loaded loss, using the same factor of 1.4, does not matceh the measured loaded
loss. Instead, a tactor of 1.8 matches the measured results. The reason for the difference
in the multiplication factor is unknown. The difference could be due to additional loading
effects, such as a change in the current distribution on the transmission line, which are not
accounted for in the formulation of the loaded line loss. 1t should also be mentioned that
Muldavin et al. have shown that the bridge resistance does not vary much with bridge
width and thus, a constant bridge resistance of 0.15 Q at 30 GHz is used for all three cases
in Table 4.4 [33].

Figure 4.10 shows the calculated phase shift per dI3 loss for capacitance ratios of 1.17,
1.3, and 1.5 at 40 GHz. The results of the measured DMTLs, with a capacitance ratio of
L.I7, are seen to verify the position of an optimal point at 100 yum for the center conductor
width, and the phase shift per dB for the optimal line (W = 100 gm) is measured to be
-70°/dB at 40 GHz. The calculated phase shift per dB loss, based on the measured line
loss, for capacitance ratios of 1.3 and 1.5 show that the performance of the DMTL can be
greally increased to -108°/dB and -164° /dB, respectively, whicl is the equivalent of 3.3 dB
and 2.2 dB insertion loss for 360° phase shift at 40 GHz.

Figure 4.11 shows the measured and modeled S-parameters for the optimal DMTL phase
shifter with a 100 pm center conductor at 0 V and its maximum bias voltage of 13 V. The
parameters used in the cireuit model are listed in Table 4.5. As can be seen, the zero-bias
bridge capacitance, Cy, is very close to the designed value of 33.8 {T and the return loss rises
up to -10 dB at 60 GHz, when the maximum bias is applied, as desired. The discrepancies
between the measured and modeled data seen in the return loss are most likely due to small

variations in the bridge height among the 38 bridges used in this DMTL.
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The measured and modeled phase shift are shown in Figure 4.12 with excellent agreement
between the two data. The maximum measured phase shift 1s 148° at 60 GHz which
corresponds to a time delay of 6.8 ps. Dividing the measured phase shift by the measired
insertion loss, with the reflection loss removed, results in the plot shown in Figure 4.13 in
which the modeled data is again shown to be in good agreement with measurcment. It is
seen that 70°/dB at 40 GHz and 90°/dB at 60 GHz are achicved with this line. Thus, this
DMTL is capable of giving 360° phase shift at 40 GHz with 5.1 dB loss and at 60 GHz with
4 dB loss.

The phasce shift per dB is scen to increase with frequency as /f which is in agrecient
with theory since the loss increases as V7 and the phase shilt increases as f. However, this
only holds true so long as the loss due to the bridge resistance remains small compared to
the transmission line loss. Once the loss due to the bridge begins to become significant it
increases as f°* (assuming Ry, increases as Vv F), as shown in (3.20) and Figure 4.6, and
will quickly dominate the phase shift per dB loss, causing it to decrease with frequency.

This phase shifter was designed to operate up to 60 GHz (S = 300 pan, W = 100 jem,
¢t = 8000 A, fi = 120 GHz), and therefore, at 10 or 20 GHz, does not give optimal phase
shifter performance. If the DMTL is redesigned to operate up to 20 GHz, a much higher
phase shift per dB loss could be achieved up to this frequency since the design would dictate
4 wider CPW total width and a much thicker metal, resulting in a reduced unloaded line
loss. Also, the capacitive loading would be increased such that the Bragg frequency would

be 40 GHz rather than 120 GHz as it is for the 60 GHz design.

4.3 W-Band DMTL Phase Shifter

The design procedure for a W-band phase shifter s identical to that given in the previous
section, however, there are some additional effects which must be taken into consideration
at higher frequencies. One such effect is loss due to the bridge resistance, which becomes
siguificant at W-band frequencies as demonstrated in Figures 4.14 and 4.15. In Figure 4.14,
the loss due to bridge resistance versus frequency is shown for bridge resistances of 0.15,

0.3, and 0.6 Q. The calculation is for a 300 fan total width CPW line with a 100 pm center
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conductor width (Z, = 100 §2) loaded to 48 € and a Bragg frequency of 180 GHz. The
line loss is calculated from (4.12) and then multiplicd by the ratio of change in impedance
to arrive at the loaded loss. It is seen that the distributed phase shifter is line-loss limited
up to 100 Gz for bridge resistances of 0.15 and 0.3 € where as for o 0.6 §2 resistance the
bridge loss starts to dominate above 65 Gz, In Figure 4.15 a Libra circuit siimmulation has
been carried out for a 32 bridge DMTL with an unloaded impedance of 96 §2, an effective
dielectrie constant of 2.37, a loaded impedance of 48 Q, a capacitance ratio of 1.17, and
different bridge resistances, 22, specified at 30 GHz and varying as /f. It is scen that as
the bridge resistance increases, the phase shift per dB loss starts to level off and can even
decrease with frequency for the higher resistances. The phase shift per dB loss drops from
115°/dB at 110 GHz for no bridge resistance, to 80°/dB for a 0.1 © bridge resistance, and
to 44°/dB for a 0.4 £ bridge resistance.

This additional loss also has an cffect on the optimization curve used to determine the
optimal center conductor width. Figure 4.16 shows the caleulation of the optimal center
conductor width for silicon, quartz, and air substrates with a total CPW width of A, /5 at
100 GHz, a loaded impedance, Z;,, of 48 Q. a capacitance ratio of 1.2, a Bragg frequency of
240 GHz, and a bridge resistance of 0.15 € at 30 GHz (0.27 © at 100 GHz) in Figure 4.16a
and 0 Q in Figure 4.16b. It is scen in Figure 4.16a that the optimal center conductor
width for silicon is 37 pm, for quartz is 113 pm, and for air is 283 pum compared with
36 pm, 100 pm and 240 g in Figure 4.16b, respectively. Although the bridge resistance
has not allered the optimal center conductor width by very much, the phase shift per dB
has changed significantly. Thus, in general, the bridge resistance can be safely ignored
tor circuit design purposes (choosing the center conductor width), but must be taken into
account in the circuit model and when evaluating the phase shifter performance (calculating
phase shift per dB3 loss).

Another effect which must be considered at W-band is radiation from the DMTL. As
mentioned in Scction 3.3, when the offective diclectrie constant of the DMTL is above the
relative dielectric constant of the substrate, the DMTL should not be able to radiate due
to slow-wave propagation. As seen in Figure 4.17, this condition is satisfied for the entire

range of center conductor widths for quartz and up to 55 g (Z, = 63 Q) for silicon. Using
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Figure 4.16: Calculated phase shift per dB loss versus center conductor width at 100 GHy
for a bridge resistances of (a) 0.15  at 30 GHz and () 0 Q. The total CPW
width is A, /6 at 100 GHz for cach substrate which is 180 pm, 300 g, and
600 jem for silicon, guartz, and air, respectively, The loaded impedance is 48 €2,
the capacitance ratio is 1.2, and the Brage frequency is 240 GHa.
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Table 4.6: Calculated design of an opti- Table 4.7: Dimcusions for the optimized

mized W-band DMTIL phase W-band DMTL phase shifter.
shifter on quartz. W () 100
W () 100 S{pn} 300
S pen) 300 Cho (fF) 20.7
Mo (TF) 19 s{pan) 110
s(pon) 110 w{pm) 25
fo(GH=#) (L, = 20 pH) | 192 fu(GHz)(Ly = 20 pIl} | 186

(3.21) and (4.12) the loss for the unloaded CPW lines at 100 GHy, including radiation loss,
is calculated and shown in Figure 4.18. The unloaded CPW line loss for silicon starts at
6 dB3/cm and therefore is not shown, The DMTL loss neglects radiation and is calculated at
100 GHz using (3.20) with a bridge resistance, Ry, of 6.15 Q at 30 GHz which increases as
Vf. The unloaded CPW line loss for quartz is seen to cross over the corresponding DMTL
loss at a center conductor width of 105 pun. Thus, if the DMTL does, in fact, not radiate,
then it could exhibit lower loss than the unloaded CPW line.

Using cquations {4.5)-(4.9), a DM'TL on quariz is designed for operation up to 100 GHz
with a total CPW width of 300 yzm and a zero-bias loaded inpedance of 48 ©. The resulting
desigu s given in Table 4.6 where the effect of neglecting the bridge inductance has been
offset by increasing the Bragg frequency used in (4.5) to 250 GHz. As seen in Table 4.6, the
caleulated Bragg frequency, assuming a 20 pH bridge inductance, is 192 GHz. Using the
static-field solver Maxwell 3-D, a bridge width of 25 pm at a height of 1.5 jan is found to
give a bridge capacitance of 20.7 {F. As shown in Table 4.7, the resulting Bragg frequency,
assuming an inductance of 20 pH, is 186 GHz with the Libra circuit simulation showing a
Bragg frequency of 189 GHz which is close to the desired Brage frequency of 200 GHz.

The W-band DMTL is measured using an HP8510C for 2-40 GHz and an HP8510C with

W-band millimeter-wave test set for 75-110 GHs, The measured and modeled results

Table 4.8: Circuit model paramecters for the
W-hand DMTI, phase shifter.

0 V) (1) 20.7
Coo(26 VT (1) 237

Ly (pH) 22

A @ 20 GHz {dB/cm) | 0.5

Ry, © 30 GHz () | 0.15
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Figure 4.19: Measured (2-40 GHz and 75-110 GHz) and modeled S-parameters at (a) 0 V
bias and (1) a naximum bias of 26 V for a W-band DMTL phase shifter.

The dimensions are listed in Table 4.7 and the circuit parameters are listed in
Table 4.8,
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Figure 4.20: Measured and modeled phase shift per dB3 loss at a maximmum bias of 26 V for
a W-band DMTL phase shifter. The dimensions are listed in Table 4.7 and the
circuit, parameters are listed in Table 4.8.
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Figure 4.21: Calculated phase shift per dB loss al 100 GHz with a capacitance ratio of 1.15,
1.3, and 1.5, The measured data point is shown for a center conductor width
of 100 pm.
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Figure 4.22: Measured loss of a 96 @ CPW (W = 100 pzm) and DMTL line. The estimated
loss, calculated from (3.20) uses the measured CPW loss to calculate f2,. A
bridge resistance of 0.15 €2 at 30 Gz is also included in the estimate.

of a 48 bridge DMTL are shown in Figure 4.19 with the circuit model parameters listed in

Table 4.8. The S-parameters are shown for 0 V and the maximum applied bias of 26 V,

and show very good agrecment with the design. The pull-down voltage of this line is just

over 26 V with a corresponding capacitance ratio of 1.15. This capacitance ratio is lower
than previcusly observed which is believed to be due to higher levels of compressive stress
within the bridges and increased nou-uniformity across the wafer. The measured phase
shift per dB loss, seen in Figure 4.20, shows a fairly constant level of nearly 70°/dB from

75-110 GHz, or 5 dB loss for 360° phase shift at W-band. The modeled data shows good

agreement using a bridge resistance of 0.15 € at 30 GHz which scales as /7.

Figure 4.21 shows the calculated phase shift per dB3 loss for capacitance ratios of 1.15,
1.3, and 1.5 at 100 GHz and a bridge resistance of 0.15 £ at 30 GHz. The calculated
loss from (4.12) is increased by a factor of 1.8 in order for the caleulated results to matceh
measurements as diseussed in Section 4.2.1. The result of the measured DMTL, with a
capacitance ratio of 1.15 is in agreement with the adjusted caleulated value. The calculated
phase shift per dB loss for capacitance ratios of 1.3 and 1.5 show that the performance of
the W-band DMTL can be increased to -136°/dB and -224° /dB, respectively, which is the
equivalent of 2.6 dB and 1.6 dB inscrtion loss for 360° phase shift at 100 GHz.

The measured loss in dB/ci for the unloaded 96 € CPW line (S = 300 gm and W =
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100 pan), and the W-band DMTL are shown in Figure 4.22. It is seen that above 90 GHz,
the unloaded line begins to exhibit large variations in loss and no longer increases with
frequency. This is indicative of leakage into higher-order modes. However, it is also seen
that the DMTL loss steadily increases with frequency. In addition, using the unloaded line
loss to find the series resistance, 2, and assuming a bridge resistance, Iy, of 0.15 € at
30 GHz, (3.20) can be used to estimate the loss of the DMTL. This estimate is shown in

Figure 4.22 and exhibits much higher loss at W-band than the measured DMTL.

4.4 Stabilized DMTL Phase Shifter

As mentioned in Section 2.3, the MEMS bridges can be stabilized by the inclusion of
a series capacitance in the bias path. For the DMTLs, this can be achieved through the
use of integrated capacitors in the center conductor at both the input and output of the
DMTL as shown in Figure 4.23. If these capacitors are identical, then the DC cirenit can
be reduced to Figure 4.24 where the total length of the DMTL is { = -5 + (s — w). From
this figure it is scen that the second integrated capacitor must be included as part of the
fixed capacitance parallel to € so that Cp = {- Cy 4+ C,. Using (2.33), it is found that the

pull-down voltage of the DMTL will be increased by the factor:

20, +1C) + nCy,)’
\/( o FICL ¥ 1Ch) (4.13)

C2 (20 +1C))
From this equation it is seen that if Cy is very large, then the minimum increase in the
pull-down veltage is 2. This is a result of the integrated capacitor at both ends of the
DMTL being identical.

For the optimized DMTL, presented in Section 4.2, with 16 bridges, the total bridge
capacitance is 16 - Gy, = 541 {1 and the total transinission line capacitance is 1 - C, = 177 {F
({ = 3.3 mm). The pull-down voltage for this line is around 13 V. Siuce the bias-tees used in
the experimental sctup have a maximum bias voltage of 40 V, the pull-down voltage should
not be increased by more than a factor of 3. Using (4.13) with these values, the series
capacitance can be solved for numerically giving a value of ¢y = 1.04 pF. From (2.31), the

new position of the instability is found to be 0.7 pgm rather than 0.8 gn for the unstabilized
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Figure 4.23: Optimized DMTL design with integrated capacitors for stabilization of MEMS
bridges.
C, line C,
L
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Figure 4.24: Reduced DC civeuit of Figure 4.23 with integrated capacitors, Cy, at both ends
of the DMTL.
line. This results in a theoretical increase in the capacitance ratio from 50% to 70%.
Figure 4.25 shows the measured and modeled results of the optimized 16 bridge DMTL
with 1.9 pF integrated series capacitors for both 0 V and 40 V applied bias. The circuit
parameters used in the model are given in Table 4.9. It is seen that the change in bridge
capacitance is only slightly greater than 12% at 40 V. According to (4.13), the pull-down
voltage should have been inereased by a factor of 2.5 or to 33 V since the original pull-down
voltage of these bridges is 13 V. The pull-down voltage is measured from standard DMTLs
fabricated on the same wafer. The reason for the discrepancy between the theoretical
pull-down voltage of 33 V and the measured result is belicved to be due to charging of
the diclectric used in the integrated capacitors. As the dielectric charges up by trapping
clectrons, the bias voltage becomes partially shielded causing the voltage across the bridges
to drop. This effect has been observed in the measnrement of these lines in the form of the

phase shift of the line decreasing with tine at a constant applied bias.
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Table 4.9: Circuit model paramecters for the

optimal DMTL with integrated ca-
pacitors.

Co(0 V) (1) 33
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CHAPTER 5

Applications of Distributed MEMS Transmission Lines

Although the focus of this thesis is on the application of distributed MEMS transmission
lines as low-loss millineter-wave phase shifters, there are a number of other applications
in which DMTLs can be uscful. Some of the more significant applications are reflective
switches, phase modulators, and phase verniers. This chapter presents the results of using

DMTLs for these applications, but no attempt is made to achicve the best performance.

5.1 Reflective Switches

Millimeter-wave switches are an essential element in radar and communications systems.
Typically. their function is to switch between the transmit and receive modules, or to switch
an antenna beam in Rotman lenses or focal-plane designs. Recent results of W-band GaAs
PIN diode switches for automotive radars have demonstrated 1.6 dB loss with 20 dB isolation
over a 10 GHz bandwidth centered at 80 GHz [5]. Also, hybrid GaAs PIN diode switches
with an insertion loss of 0.6 dB and an isolation of -16 dB have been demonstrated at
94 GHz. Switches are also used in instrumentation units, such as vector network analyzers,
and require 60-80 di3 of isolation. These are typically built using PIN diodes and have an
insertion loss of -10 dB from 40-60 GHz [8]. One way to achieve high isolation and low
insertion loss is to use the distributed MEMS transmission line as a switch. The wideband
distributed MEMS switches measured in this work only operate to 60 GHz; however, it is
believed that high performance can also be achieved at W-band frequencies (ie. >60 dB

isolation with <2 dB insertion loss).

81



0 T T T

521
S -0} 1
E S11
5]
=
]
3
A 20 F 1
W
-30 : : :
0 10 20 30 40 50 60
Frequency (GHz)
(a)
0 —

-10 ¢
)
=
4 —2() i 1
o
o
g
5 -30 8 bridges 1
o substrate 16 bridges

isolation
-40 ¢
-50 s .

0 10 20 30 40 50 60
Frequency (GHz)

)

Figure 5.1: Measured rvesults of distributed MEMS switches with 8 and 16 30-pm wide
bridges spaced at 306 g in the (a) open position (bridge up) and (b) elosed

position. The S-parameters for the open position are only shown for the case of
the 8 bridge design.

82



5.1.1 Design and Measurements

The DMTL switch works by applying a bias voltage greater than the pull-down voltage.
This canses the MEMS bridges to be clamped down on top of the center conductor with
the SipN, layer separating them. Thus, the MEMS bridge capacitance is greatly increased
and an RF short to ground is obtained above a certain frequency. The npper frequency of
the distributed switch is determined by the Bragg frequency when the bridges are up. As
was noted at the end of Section 3.5, acceptable performance (S, <-10 dB) can be obtained
up to about half of the Brage frequency.

Figure 5.1 shows results for DMTLs with 8 and 16 30-pm width bridges spaced at
306 pm (total length = 2.7 mm and 5.2 mm, respectively) resulting in a loaded impedance
ot 60 2. The Bragg frequency for these lines is 129 GHz which limits their upper frequency
of operation to approximately 656 GHz. The insertion loss, with the bridges in the up
position, is 0.4 to 0.6 dB for 8 bridges, and 0.7 to 1.3 dB for 16 bridges, at 30 to 60 GHz,
respectively. In this case, the center conductor thickness is only 5000 A, and a much better
insertion loss could be achieved for a 3 pm thick center conductor. When the bridges are
pulled down with a DC voltage of 30 to 35 V (V=23 V), the cutoff frequency is 40 GHz for
the 8 bridge design and 38 GHz for the 16 bridge design, giving an operational bandwidth
of 40 to 65 GHz. The switch isolation is limited to around 45 dB by CPW line radiation
into the substrate. The substrate isolation is found by measuring the insertion loss between
two CPW short circuits separated by 1 mim. Notice that the 8 and 16 bridge designs result
i nearly the same response, indicating that it is not necessary to design the distributed
switch with more than 8 bridges.

Figure 5.2 shows results for a DMTL with 16 60-zan wide bridges spaced at 400 g (total
length = 6.7 mm} resulting in an impedance of 43 £2. The Bragg frequency is 69 GHz, which
limits the upper frequency of operation to approximately 35 GHz. However, the measured
S-parameters indicate that the switch can be used to 40 GHz. The inscrtion loss, with the
bridges in the up position, is 0.9 to 1.4 dB for 20 to 40 GHz. Again, the center conductor
thickness is only 5000 A, and a much better insertion loss could be achieved for a 3 A1

thick center conductor. When the bridges are pulled down with a voltage of 15 to 20 V
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Figure 5.3: SEM image of the remains of a DMTL after the breakdown voltage of the Six N,
was exceeded,

(V=06 V), the cutoff frequency is 21 GHz, which results in an operational bandwidth of 21

to 40 GHz.

The closed switch results shown in Figure 5.2a are suceessfully modeled using the Libra
circuit model discussed in Section 3.4. The pulled-down bridge capacitance and the bridge
inductance are 0.9 pi* and 12 pH, respectively. The capacitance ratio is 0.9/0.075=12. It
is seen that excellent isolation is achieved even for such a low capacitance ratio due to the
distributed approach of tlie switch. The transmission line attenuation needed to fit the data
is 1.1 dB/em at 20 GHz. This is double the value used previously in Chapter 4 (0.55 dB/cm
at 20 GHz) and is believed to be due to the additional losses of the large capacitors formed
by the MEMS bridge, 1000 A of SizNy,, and the CPW center conductor. Using this model,
the performance of a switch with 8 bridges was simulated with the results also shown in
Figure 5.2a. Obviously, it is more cfficient to use 8 bridges since this design will result in
half the insertion loss (0.5-0.7 dI3 for 20 to 40 GHz and much less if t = 3 jzm) for the same
*sharp™ response and operating bandwidth. The switch isolation is again limited by the
CPW line substrate radiation.

Lt should be noted that the closed switeh in Figure 5.1 could not. be modeled successtully
because a high enongh bias voltage could not be applied to these switches in order to obtain

a uniform down capacitance in every bridge. The bias voltage is limited by the breakdown
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Figure 5.4: Variation of lower cutoff frequency with different number of sections used in the
distributed switch design.

voltage of the Si, N, which is approximately 35 V for a 1000 A thick layer. Figure 5.3 is an
SEM image of a DMTL after the diclectric breakdown voltage was exceeded. The bridges
and center conductor metals are not thick enough to handle any appreciable current and
simply melt, causing catastrophic failure of the device. The stlicon nitride thickness was
later increased to 2000 A in order to avoid dielectric breakdown and to avoid piu-holes in
the MIM capacitors used in Section 4.4. The closed switch in Figure 5.2a has a pull-down
voltage of 6 V; so an applied bias of 20 V is sufficient to obtain uniform capacitance values
along the transmission line,

Figure 5.4 shows the variation in the cutoff frequency hetween distributed switch designs
with 4. 8, and 16 bridges. As can be seen, the 4, 8, and 16 bridge designs give nearly the
same cutoff frequency. The primary limitation in the current distributed MEMS switeh is
the capacitance ratio. If a capacitance ratio of 80-100 is used, instead of a capacitance ratio
of 12 achieved with these switches, then the corner frequency will be pushed down to below
10 GHz as scen in IFigure 5.4, and the bandwidth of the distributed switch will increase to
around 50 GHz (10-65 GHz). The distributed switches are designed by choosing either the
upper or lower frequency cutoff and then designing the spacing and bridge capacitance to
achleve the desired Bragg frequency in either the up state, for the upper cutoff frequency,

or the down state, for the lower cutoff frequency.
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Figure 5.5: Driver circuit used to provide a 0 to 33 V step to the bias Hne of the DMTL.

5.1.2 Switching Speed

The switching speed is meastred by applying a step voltage on the bias of the DMTL and
measuring the change in the power transmitted through the DMTL using a diode detector.
The experimental setup is shown in Figure 5.6.

The RF frequency generator is set to 35 GHz with 10 dBin output power for the switching
speed tests done in this work. The RF power at the output of the DMTL is measured using
a diode detector with waveguide transition. The bias is supplied by a diver circuit, shown
in Figure 5.5, in order to achieve a 0 to 30 V step function. The function generator is
only able to deliver a 0 to 15 V step function which is insufficient for devices with a 20 V
pull-down voltage. The bias-tees have a maxinum bias voltage rating of 40 V, therefore, the
bias is limited to 33 V due to inductive peaking which swings the step voltage up to 40 V
during switching. A step from 0 to 10 V on the gate of the N-channel MOSFET causes the
gate voltage of the P-channel MOSFET to drop from the DC bias voltage to approximately
half the DC bias voltage and consequently turning the PMOS device on. This causes the
output of the driver circuit to step from 0 V to the DC bias voltage minus a 2 'V source
to drain voltage drop across the P-channel MOSFET. The driver circuit, is charging a large
capacitive load and therefore the current path mmst be low resistance in order to obtajn a

fast vise time. The on resistance of the P-chanuel MOSFET is around 1.5 Q, as per the
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Figure 5.7: Switching speed measurement of a 16 bridge DMTL with a bridge width and
spacing of 25 pm and 110 g, respectively. The bridge height is approximately
0.9 pn and the pull-down veltage is 6 V.
mamfacturer’s data sheet, resulting in a measured rise time of 0.2 V/ns or 150 ns for a
30 V step with all cables attached (capacitive load taken into account). This is accoptable
since the response time of the bridges is expected to be on the order of a few mnicroseconds.
When the voltage at the gate of the N-channel MOSFET drops back to 0 V the output
also drops to 0 V, however, the capacitive load is discharged through the 10 k€2 resistor and
thus the fall time is muach slower (~ 700 ps). Therefore, only the pull-down switching time
is measured with this setup.

The back-to-back waveguide-to-coax transitions at the output of the RF generator act
as a low frequency block, and are needed to prevent modulation of the RF signal by leakage
of the step voltage through the bias-tee as well as possible dainage to the source. The
oscilloscope is triggered using the step voltage, and records the response of the detector
diode.

The first DMTL measured has 16 25-pm wide bridges spaced at 110 pm. The bridge
height was intended to be 1.5 pm, however this particular wafer had higher compressive
stress in the bridges than normal resulting in the bridges being buckled down to approxi-
mately 0.9 g Figure 5.7 shows a measured switching time of 2.7 us for this DMTL with
an applied step voltage of 33 V. The switching time is measured from 0 ps, where the step

voltage hits 5 V, to the time at which the detector voltage reaches 95% of its final value.
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Figure 5.8: Switching speed measurements of a 16 bridge DMTL with a bridge width and
spacing ol 25 pm and 110 g, respectively. The bridge height is 1.5 jorn and
the pull-down voltage is 21 V.,

9



Table 5.1: Parameters of the gold bridge used
in the caleulation of Figure 5.9.
w20 g f) W 100 jun

L300 pm || QQ 2.6
Lol 2.2 pm || f, | 27.6 kHy
Yo | L.opm || Vo | 213V

The DMTL measured in Figure 5.7 never recovered from being switched and so no further
measurewents could be made on this device.

Figure 5.8 shows the switching speed measarements of the same DMTL design on a
waler with the correct bridge height of 1.5 jan. The pull-down voltage for these bridges
is 21 V. In this case, the DMTL returns to its initial state after the bias is released and
so multiple measurements were made. As can be seen, the switching speed increases from
13.6 pes to 19.7 ps and then to 25.1 ps as the DC actuation voltage is decreased from 33 V
to 28 V and then to 23 V. The slower switching speed is due to the fact that the bridges
are farther away (1.5 pm instead of 0.9 yun), and also because the foree able to be applied
to the bridges is less. As scen in Figures 5.7 aud 5.8, there are voltage transients between
the switching voltage being applied at ¢ = 0 ps and the final value of the detector voltage.
These are most likely due to the dynamics of 16 bridges being actuated simultaneously and
the differences in how cach bridge moves. Some of the transients may be due to bouncing
of the bridge off of the dielectric layer. Another possibility is parametric effects of the time
changing capacitance causing some modulation of the RF power level.

‘The switching speed can be modeled using the differential equation of motion given by

(2.34) where the external force is electrostatic:

2 du 1e,Wwl?
T — b+ kg =~ 27 7 5.
e t dt ok 2 g (5.1)

where the damping coefficient is given by b = k/(w,()). Using Mathematica!, this differen-

bial equation can be solved numerically for varying DC actuation voltage conditions.
Figure 5.9 shows the numerical solution of (5.1) in which a contact force has been added

to simulate the effect of hitting the silicon nitride [6]. The parameters of the contact force

are chosen to result in stable numerical solutions and do not reflect any realistic modeling

"Wolfram Research, Inc. 100 Trade Center Drive Champaign, 1L 61820, USA
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Figure 5.9: Numerical solution of the switching speed for step voltages of (a) 33V, (b) 28V,
and (¢) 23 V for a gold bridge with parameters given in Table 5.1.
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of the silicon nitride surface. The parameters of the gold bridge are given in Table 5.1. It
should be noted that the spring constant has heen reduced from 13.9 N/m (caleulated using
the bridge geometry) to 9.6 N/, in order to account for the compressive stress within the
beain, such that the caleulated pull-down voltage matches the measured value. The quality

factor is dominated by squeeze-film damping and is given by [23]:

M (wl/Z)2 -
@ = Teg 2

where g is the viscosity of air. The solution has been carried out for step voltages of 33, 28,

and 23 V with, as seen in Figure 5.9, switching speeds of 13, 17, and 27 18, respectively. The
bounces scen atter the initial contact of the bridge are due to the contact force parametoers
and do not simulate the actual dynamics of the switch coming in contact with the silicon
nitride. The switching speed was also caleulated for a step voltage of 50 V with a resulting
switching speed of 7.8 us. Thus, in order to achieve a fast switching tiine, the actuation
voltage needs to be well above the pull-down voltage.

A closed form expression for the switching speed can be found by approximating the

electrostatic force as being a constant magnitude of:

€o W V2
29;
and ignoring the damping coeflicient. Then (5.1) reduces to:
d
m—p + ki =F 5.4
dt? (5:4)

The switching time can be solved assuming the bridge is at rest and a step voltage from 0

to V volts is applied at time ¢ = 0. This results in:

3
i 2y, (
o Wwl?2

i, = sin~

o
<
—

where ¢, is the switching time and m is the bridge mass.

A comparison of the measured, numnerical model, and closed form model switching speeds
is shown in Table 5.2, Tt is seen that the numerical model gives a very good approximation to
the switching speed at each voltage level. The closed form model, in this case, overestimates

the switching speed slightly. However, this is for the case in which the Q of the bridge is 2.6.
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Table 5.2: Measured and modeled switching speed in s () = 2.3).

Voltage | Measured ‘ Numerical Model | Closed Form Model I
0 v - 7.8 6.7
33V 12.1 13 15.5
28V 18.6 17 21.5
| 23V 25.5 27 31.8

Table 5.3: Caleulated switching speeds, in ps, from the
numerical solution for varying () values.
D/oltagn Q=23 ’ Q=1 ‘ Q:().QT
| 50V T 78 | 87 | 166

33V 13 15.9 42
28V 17 22 70

Keeping all other parameters constant, the numerical solution will change if the Q) is varied,

however the closed form solution, which ignores the damping coefficient, will stay constant.
Table 5.3 shows that for quality factors below 1, the closed form solution begins to greatly
underestimate the numerical solution. As seen from (5.2), the ( will vary with changes in

the air viscosity {(or a change in air prossure) and the density of the bridge material.

5.2 Phase Modulators

In Chapter 4 it was demonstrated that the DMTL conld be used as a phase shifter
capable of achieving more phase shift simply by increasing the length of the line. Thus,
a binary phase shift keying (BPSK) modulator can be designed by using a line with 180°
phase shift. The DMTL provides some unique characteristics for a phase modulator in that
it requires very little drive power compared to most semiconductor based phase shifters.
However, it is limited in how fast it can modulate due to the mechanical motion of the

bridge.

Measurements

Using the optimized design of Section 4.2.2, a DMTL with 96 bridges was designed to
give over 180° phase shift at 35 GHz and above. The measured DMTL, shown in Figures 5.10

and 5.11, has a bridge height of approximately 0.9 e rather than the intended 1.2 pm due
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to high residual stress within the bridges. This results in a much lower pull-down voliage of
6 V rather than 13 V seen in Section 4.2.2. However, as cau be seen from the S-parameter
and phase shift measurements, this line is still useful for demonstrating a BPSK modulator.

The experimental setup for the measurement of the DMTL as a BPSK modulator is
showu in Figure 5.12. The modulating signal is a 1 kHz square wave with a magnitude of
6 V and DC bias of 3 V. This signal is coupled onto the DMTL center conductor using a bias
tec. It is important to note the use of a back-to-back waveguide to coax transition between
the bias tee and the RF frequency generator. Although the bias tee will prevent DC from
passing through to the frequency generator it will not completely block the modulation
signal from reaching the frequency generator. This is potentially a problem beeanse the
modulation signal could cause nnwanted modulation of the RE signal before it enters the
DMTL. With the back-to-back transition in place, the modulation signal is far below cutoff
(31.36 GHz for WR-19), and thus is not able to reach the frequency generator. The RF is
set to 35 GHz and the IF is chosen to be 10 kHz. Thus, the local oscillator signal to the
harmonic mixer is set to 17.5 GHz minus 5 kHz.

The measured TF signal is shown in Figure 5.13, from which the phase changes can be
seen at (.37 msec and 0.87 msec. Since the inodulating signal ts a 1 kHz square wave, phase
changes occur at twice that rate, or every 0.5 s as seen in Figure 5.13. The change in
amplitude for the different phase states is very small, and is most likely due to a combination
of changes in the insertion loss and return loss of the DMTL when the hias is applied.

The REF spectrum of the modulated signal is measured by taking the output of the
DMTL through another back-to-back waveguide to coax transition and into a spectrum
analyzer. Figure 5.14 shows the measured spectrum with an RF of 35 GHz and a 1 kHz
square wave modulation. The carrier at the output of the DMTL, with no modulation,
was measured to be -14.7 dBm. As can be scen {rom the measured spectrum, the carrier is
suppressed by 25 dB as expected for a BPSK spectrum. The measured power levels of the

modulation spectrum, in dB below the carrier (dBe), are shown in Table 5.4.
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Figure 5.10: Measured S-parameters of the 96 bridge DMTL at a maximum bias voltage of
6 V. The DMTL is based on the optimized design of Section 4.2.2, although the
bridge height is approximately 0.9 jon, rather than 1.2 pny, due to excessive
residual stress within the bridges.
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Figure 5.11: Measured phase shift of the 96 bridge DMTL based on the optimized design
of Section 4.2.2.
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Figure 5.13: Measured output of the DMTL as a BPSK modulator with a modulation rate
of 1 klz. The RF is at 35 GHz and is mixed down to 10 kHz as shown here.

Phase changes can be observed at 0.32 ps and 0.87 s,
Modeling

The theoretical spectrum of a phase modulated signal can be broken into Fourier com-

ponents, assuming a periodic modulation signal, given hy [11]:

JI‘F’P
Oy = .fm / f—mePU']W'NMmEd,' (50)
0

where f,,, is the modulation rate, T, = 1/f,,, n is the harmonic number, and my(t) is the
modulation signal. BPSK modulation is phase modulation with a square wave modulation
signal with a phase deviation of 180°. Evaluating (5.6) under these conditions, the theoret-
ical spectrum of a BPSK signal is found. The caleulated values are given in Table 5.4 from
which it is seen that the measured values given in Table 5.4 match reasonably well.

Using the differential equation of motion given by (5.1), a munerical solution for the
bridge movement, with time can be found as shown in Figure 5.15. The paramcters of the
bridge used in this calculation are given in Table 5.5 where the spring constant has becn
reduced from 19.5 N/m to 5.0 N/m to account for the compressive stress within the bridge.
The reason the Q is lower than that shown in Table 5.1 is that the bridge height is 0.9 g
rather than 1.5 pm and also because the bridge width is 35 pian rathier than 25 g, From the
solution for the bridge height versus thne, (4.11) cau be used to determine the phase which

is the modulation signal, 1, (£), used in (5.6). As can be seen in Figure 5.15, the rise time of
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Table 5.4: Measured, theoretical, and modeled RF spectrum of the BPSK signal in dBe.

Harmonic fol S | s [ fs [ fa| o | [ 3 Is fz g
Measured (dBe) | -23.5 | -22.8 | -20.3 | -13 -3 | -25 | -5 | -14.8 | -17.8 ] -20.8 | -24.3
Theorcetical (dBc) | -23 | -20.8 | -17.9 | -13.5 | -3.9 | -oc | -3.9 [ -13.5 | -17.9 | 208 | -23
Modeled (dBc) 2742234 | <188 | -18 | -3 226 | -5 <151 o194 [ 221 T o242

() T T T T Al T T T T T T T
[ Span: 20 kHz
Resolution: 30 Hz
20 ¢ 1
7 f
= 40
=
£ 60
[s ¥
-80
100 -
34.9969 35 35.00001

Figure 5.14: Measured RF spectrum of the DMTL as a BPSK modulator with a modulation

rate of 1 kHz. The carrier, with no modulation, was measured to be -14.7 dBm.

the bridge is faster than the fall time. This is the source of the difference in the magnitudes

between the positive and negative harmonies of the measured spectrum (Table 5.4). The
)

calculated harmonic levels from the numerical model are also shown in Table 5.4 which

Frequency (GHz)

demonstrate nearly the same imbalance in the positive and negative harmonic levels.

Since the resonant frequency of the bridges in this DMTL is only 16.8 kHz, the mod-

ulation frequency could not be pushed much above 1 kHz without excessive distortion of

the BPSK signal. Figure 5.16 shows the numerical solution for this same DMTL driven
with a 10 kHz modulation sigual with an amplitude of 6 V. Tt is seen that the bridge can

not even reach 0.7 pm before the actuation voltage returns to (0 V. However, if the bridge

Table 5.5: Parameters of the gold bridee used
o
in the caleulation of Figure 5.15.

—

w1 35 pum P W 100 pm

L] 300 pm || Q 055
t| 22 pm | f, | 16.8 kHy
go | 09 pm |V, 6.1 V
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Fig_”lll'(ﬁ 5.15: Numerical simulation of bridge wovement under 6 V 1 kHz square wave mod-
.
ulation.
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Figure 5.16: Numerical simulation of bridge movement under 6 V 10 kHz square wave maod-
ulation.
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Figure 5.17: Numerical simulation of bridge movement under 60 V 50 kHz square wave
modulation for a bridge with dimensions listed in Table 5.17.

Table 5.6: Parameters of the gold bridge used
in the caleulation of Figure 5.17.
w | 35 pm || W 75 um

{1100 pm || € 1.1
L] 3.5 pn || f, | 476 kHy
Jo | 0.5 pm ||V, | 604V

design is altered to achieve a higher resonant frequency, the usable modulation rate can be
greatly increased. Such a design using a gold bridge is given in Table 5.6 with the simulated
bridge movement shown in Figure 5.17. The spring constant of this bridge is 2117 N/m due
to a much shorter length and larger thickuess. The residual stress for the design is set to
0 MPa. With such a large spring constant, the briclge height had to be reduced to 0.5 Jem
and the resulting pull-down voltage is still 60 V. Thus, this design could be used as a BPSK

modulator capable of delivering 100 kps data rate.

Drive Power

The average drive power required by the DMTL can be found from determining the
total energy, required to move the bridges and to charge the capacitance, and multiplying
it by the frequency of modulation. The energy required to charge the capacitance of the
line and bridges is given by:

1 .
Ue: = 5Cu v (5.7)
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where Ciy includes the bridge capacitance in the down state as well as the transmission
line capacitance and is given by Cyyy = n - Ch- Cyy + 1 5 - C'y. The energy required to move

one bridge is found by integrating the force needed over the distance moved:

G ‘
T e, WuwlV? coWwl 2 i :
[/ — o : Lo = 0 — _Cmvz 5.8
a / 57 Y 44, 4" (58]
260 /3

where the maximnm possible distance has been used to provide an upper bound on the

cnergy. The total required power is therefore:
> y 2 1 1 ’
P = ’.’i.-jV 74'(}[,” + 507»03),) -+ SC-,_ (59)

where f is the frequency of modulation.

For the 96 bridge DMTL with a bridge height of 0.9 jun, bridge spacing of 197 jamn, and
transmission line capacitance ot 53 pF/m, the zero bias bridge capacitance is approximately
47 11" based ou the low frequency reflection coefficient. Assuming a capacitance ratio of 1.2,
the total capacitance to be charged is 96(1.2 x 47 + 197 x 0.053) - 1071 = 6.4 pF. Thus, the
total energy requived is given by:

4.5.10712  g4.10772
? : + 5 36 = 0.156 1J (5.10)

With a 1 kHz modulation rate, the average drive power is ~ 0.16 (W, which is extremely
low. If the actuation voltage needed is increased to 25 V, the average drive power increases
to 2.7 uW for a 1 kHz modulation rate and 27 gW for a 10 kHz modulation rate. This is
still a much lower drive power than semiconductor device phase modulators exhibit, which
is typically on the order of a few milliwaits or more 27].

If the high frequency design given in Table 5.6 is used, which has a caleulated parallel-
plate zero-bias capacitance of 46 {F, with the samo spacing and CPW line dimensions, the

total energy becomes:

4.4-1071%  6.3.107°
+

- ; 607 = 15.3 1 (5.11)

which is two orders of magnitude larger due to the 60V actuation voltage required to

modulate the bridges. With the 50 kHz modulation rate, the average drive power becontes

0.77 mW.

102



0 y . r
- 8 ]
-10 ¢ f -
16
20t :
§ 32
sho =30 .
8]
=)
s 40 f
-50 ¢ 1
-60 1
0 5 10 15 20

Applied Bias (V)

Figure 5.18: DMTL lines measured as phase verniers at 40 GHz. All three lines have 30 Jim
wide bridges spaced at 306 pm with the number of bridges shown in the plot.
The insertion loss is 0.51/0.75/1.57 dB for the 8/16/32 bridge DMTLs.

5.3 Phase Verniers

Figure 5.18 shows the operation of the DMTLs as phase verniers at 40 GHz. The
wmeasurement was done on three lines with identical bridge widths (30 yum) and spacings
(306 pam). The number of bridges on cach line is labeled in the plot. As can be seen from
the measurement, 12°/36°/62° phase shift at 40 GHz can be achieved over a 21 V bias
coutrol for the 8/16/32 bridge DMTLs with minimal insertion loss. Thus, very fine control
of the phase (0°-36°) can be achicved with less than 0.5 dB insertion loss with 8000 A
gold lines. This is well suited for applications in which a digital master clock drives several
direct digital synthesizers to achicve true time delay over a large array of antenna clements.
A phase vernier is then needed to fine tune the phase between the receiver/transmitter

modules at each antenna clement.

5.4 Power Handling Measurement

The power handling of the DMTL can be limited by cither the current density on the
transmission line causing excessive heating or by the MEMS bridges being pulled down

due to the average REF voltage on the line. Since the clectrostatic forco attracts the bridge
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towards the center conductor with either a positive or negative voltage, it is as if the RF
voltage was rectified and the average voltage level of the rectified sine wave due to the RE
power on the line is pulling on the bridge.

The average voltage of a rectified sine wave is given by:

/2
— 1 ' VA It = V-’“ 5.12
Ving = T Vy sinfwt)dt = - (5.12)
0

where I" = 2r /w. The RF power in terms of the peak voltage, "» 18 given by:

2
v

P =
2z

(5.13)

where Z s the characteristic impedance of the DMTIL and is typically near 50 . Using
(5.12), the RF power on the DMTL can be written as:

TV
P=—2% 5.14
Y (5.14)

Using this equation, the predicted RF power level at which the DMTL, with a 6 V pull-
down voltage, will be pulled down is 3.6 W while for a pull-down voltage of 20 V, the RF
power level is 39.5 W.

Power measurements were carried out on DMTLs wilh pull-down voltages from 6 V
to 20 V. The power source was an X-band (8-12 GHz) TWT amplifier and the maximum
output 4power delivered to the DMTL was approximately 7 W. However, even at this power
level, none of the DMTLs tested had the bridges pull down due to the RF voltage. What was
found is that after pumping 7 W through the DMTL, the pull-down voltage had increased.
For the line with an initial pull-down voltage of 6 V, the pull-down voltage increased to 20 V.
The DMTL with an initial pull-down voltage of 20 V ended up with a pull-down voltage
above 40 V and could not be accurately measured due to bias tee limitations. It is believed
that the large amount of RF current passing down the line heated up the bridges such that
some amount of annealing oceurred resulting in a higher pull-down voltage. The heating
of the bridges was certainly made worse by the low thermal conductivity of quartz which
is 0.014 W/em-K, compared to the thermal conductivity of silicon which is 1.5 W/em-°C
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CHAPTER 6

Conclusions and Future Work

This thesis presented the application of MEMS bridges to penodically loaded lines and
focused on the use of this distributed MEMS transmission line as a millimeter wave phase
shifter. Optimized phase shifters were developed at 60 GHz with a maximum performance
of 90°/dB or 360° phase shift with only 4 dB loss, and 100 GHz with 70°/dB or 360°
phase shift with only 5.1 dB3 loss. These arc the lowest loss millitneter wave phase shifters
reported to date. In addition, the distributed MEMS transmission line was applied as a
broad band switch with better than 40 dB isolation over bandwidths of 20-40 GHz and
40-60 GHz. Also, a BPSK phase modulator was demonstrated with at a modulation rate
of 1 kHz and a required drive power of less than 2 #W. All of these devices have great
potential for advancing the funetionality of millimeter wave systems, particularly when low

power consuinption is required.

6.1 Very Low Loss Phase Shifters

As was noted repeatedly in Chapter 4, the performance of the DMTL phase shifter is
primarily limited by the small variation in bridge capacitance that could be achieved using
clectrostatic actuation in the region before the bridges are pulled down. One attempt made
at increasing this variation in bridge capacitance was 1o increase the stable actuation region
by incorporating series capacitors in the bias path of the DMTL. Unfortunately, due to
dielectric charging, the increased capacitance variation was never achieved. This problemn

has been reported by other researchoers using capacitive MEMS switch technology and is
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certainly one arca for future research.

In addition to this, it was noted that the variation that could be achieved, ~ 1.2, is less
than the theoretical variation of 1.5, There are several possible reasons for this difference
including variations in bridge thickness and residual stress. These variations are primarily
a result of non-uniformity across the wafer due to the fabrication Process.

One solution to this problemn is to use the MEMS bridge in a digital mode rather
than analog.  Thus, the applied voltage is either above the pull-down voltage with an
associated down-state capacitance or there is no applied voltage with an associated up-
state capacitance. Using this approach, the capacitance ratio can be designed to be 2 or
3 to give the largest phase shift for the maximmm allowable return loss as discussed in
Scction 4.1. However, in order to achieve the neeessary phase resolution, several bits are
needed as in a switched line phase shifter.

In addition to using the digital phase shift, the loss can be further reduced, thus en-
hancing the phase shifter performance, by designing the distributed line using microstrip
rather than CPW. Using the combination of digital phase shift and microstrip, for low loss,
the DMTL phase shifter should be able to achieve 360°/d13 at 35 GHz or 1 dB loss for 360°
phase shift,

Such incredible performance would certainly lead to new innovative desiguns for phased
array systems. In current phased array systems, there is a PA /LNA chip at each antenna
element in order to limit the effect of the loss in the phase shifters. However, with 1 dB
imsertion loss or less, the munber of PA/LNA chips needed could be reduced by using one
chip for several antenna elements, This would greatly reduce the cost of large phased array

systems which typically have thousands of antenna elements.

6.2 Wideband Switches

Although it was shown that the distributed MEMS transmission line could be used
for wideband high isolation switching, the results were limited. again, by the fabrication
process. The capacitance ratio for the switches was only 10-12 and thus, the change in

the Bragg frequency was limited. If a capacitance ratio of 80-100, as reported by industry,

106



is used, then the change in the Bragg frequency would be much larger and result in a
bandwidth of 40 or 60 GHz. Also, the isolation was shown to be limited by leakage through
substrate modes. Several techniques could be used to lower the offect of substrate modes
including judicial layout to limit the coupling hetween the two sides of the switch, as well
as the use of micromachining/micropackaging to increase the isolation [3].

The distributed line is not necessarily the best switch design, depending on the por-
formance criteria. A more compact design can be achioved by using two tuued bridges as
presented by Muldavin ef al. This technique has already been shown to result in -40 B3
isolation from 20 to 40 GHz with a capacitauce ratio of 40 and a pull-down voltage of 15 V
[33]. Muldavin et al. have also shown a cross bridge design using 4 MEMS bridges with a
capacitance ratio of 45 results in better than 50 dB isolation over a bandwidth of 12-40 GHz.

All of these switch designs are reflective in nature. However, it is possible, using the
distributed line approach, to design an absorptive switch such that when the switch is down,
rather than appearing as a short cirenit, the switch is matched to 50 Q. Such absorptive
type switches are important for use with power amplifiers and VCO's where it may be

damaging to the active device if the power was reflectod back into the output by the switch.

6.3 Modulators

Low drive power phase modulators arce very useful in applications requiring battery
operation where power is at a preminm. As shown in Chapter 5, the DMTL phase modulator
can be designed to operate up to 100 kbps by appropriately designing the MEMS bridge,
with an associated drive power of less than 0.8 mW. If a lower data rate of 30 kbps is
acceptable, then the MEMS bridge can be redesigned such that the drive power is on the
order of 10 pW. Thus, extremely low power communications systems can be designed which
would greatly extend battery lifetimes.

The DMTL phase modulators presented in this thesis are much larger than need be. By
using a 3 dB hybrid coupler, such as a Lange coupler, a phase modulator can be constructed
which requires only a fow MEMS varactors. Thus, the drive power requiremnents can be

even further reduced while malitaining very good linearity and low iusertion loss.
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6.4 Development of High-Q Varactors

Varactors can be used in a number of applications including tunable filters and voltage
controlled oscillators (VCOs) [3, 13]. Traditionally, varactor diodes have been used in these
applications, however, the filter and VCO perforinance suffer from the relatively high series
resistance. Thus, a MEMS varactor is extremely uselul due to its very low series resistance.

In the case of tunable filkers, the MEMS varactor could be used with an interdigitated
filter in which the varactors load the resonant clements to tune the resonant frequency.
As shown by Brown, the series resistance of the varactor can very quickly destroy the
quality factor of the resonant transmission line [3]. Thus, the low series resistance of a
MEMS varactor would give much greater filter performance. Tunable filters which maintain
excellent filter performance will greatly enhance the functionality of receiver systems and
reduce the need for space consuming filter banks.

‘The phase noise of VCOs is inversely proportional to the quality factor of the resonant
circuit [13]. Thus, a high-(Q) MEMS varactor could yield tunable oscitlators which maintain
very good phase noise characteristics. VCOs are a eritical comtpouent in modern wireless
colmunications systems, particularly as more multi-function systems are designed. By
enabling VCOs which maintain very good phase noise performance, tunability can be in-
troduced into many more systems which, until now, have not been able to use VCOs due

to stringent phase noise requircments.
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APPENDIX A

Forces on a Capacitor

The derivation of the electrostatic force on a capacitor is often misunderstood and is not

always immediately obvious. One very useful source for this derivation is Electromaguetic

Field Theory: a problem solving approach, by Markus Zahn [61]. The derivation is quoted

here for reference:

Consider a capacitor that has one part that can move in the 2 direction so

that the capacitance depends on the eoordinate o
g =Cl(x)o (A.1)

The current is obtained by differentiating the charge with respect to time:

. dg d N
T = 7[—1“ = E {C(T)I} = (;([)
. sdv o dO () du

= O e (4.2)

dw dC ()
— 4w
dt dt

Note that this relation has an extra term over the usual eireuit formula, pro-
portional to the speed of the moveable member, where we expanded the time
derivative of the capacitance by the chain ruie of differentiation. Of course, if the
geotetry is fixed and does not change with time (die/dt = 0), then (A.2) reduces
to the usual circuit expression. The last term is due to the eloctro-mechanical
coupling.

The power delivered to a time-dependent capacitance is

, d N .
p=vi=ve ([C(z)v] (A.3)

110



which can be expanded to the form

o 50(:1))?)“ + -v

S d {1 .)} I 5dC{x)
! 2 di

_odrr 1 ,dC () du
= 0] g (84

where the last term is again obtained using the chain rule of differentiation.

This expression can be put in the form

dW Cdux

o= — 4 f.
! (dt ‘i

where we identify the power p delivered to the capacitor as going into increasing
the energy storage W oand mechanical power f, dx/dt in moving a part of the
capacitor:
! g
L LdCle)

| _ L .
W = 56(.1,)7) \ fe= 5 Y 7 (A.6)

Using (A1), the stored energy and force can also be expressed in terms of

the charge as

1 ¢ _ 1 ¢ dC(x) 1 5d[1/C(x)]
W=~ PR S = p ) :
2C(xy fa 2C%x) dx 2" dr (A7)
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APPENDIX B

An Octave Bandwidth Monopulse Processor

B.1 Introduction

The monapulse processor is a eritical component in monopulse radar systems, It forms
the sum and difference channels (azimuth and elevation) from lour antenna inputs as shown
in Figure B.1(a). The swn, difference in azimuth, and difference in elevation signals are used
to determine the angular position of the target relative to boresight[50]. The monopulse
coufiguration is the standard technique used for high accuracy tracking with typical appli-
cations including airport traffic control, aircraft defonse, and ship defense.

Waveguide monopulse processors have typically been designed using 0°/180° 3 dB cou-
plers (waveguide magic-tees). However, 0°/180° 3 dB couplers cannot be used in planar
circuits due to the positioning of the sum and dilterence ports. As a result, 0°/90° 3 dB
couplers are used with 90° delay lines to synthesize the monopulse pattern as shown in
Figure B.1(b)[25]. One critical problem when implementing this configuration as a planar
circuit is the crossover of the two lines in the center of the processor. Jackson, et al. solved
this problem by unfolding the pr()(:ussdr such that the feeds from the antennas are in the
center of the processor as shown in Figure B3.2[25]. However, this configuration is not viable
tor applications in which a dual-polarized antenna is used.

In this work, the cross-over problem is solved using a O dB coupler as shown in Fig-
wre B.3(a)[35]. The 0 dB coupler is formed by cascading two 0°/90° couplers and allows

the two signals in the middle of the monopulse processor to cross over one another without
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Figure B.1: (a) Monopulse radar receiver with (b) a standard monopulse processor using
0°/90° 3 dB couplers.

coupling. Figure B.3(b) shows the circuit simulation of the 0 dB coupler implemented using

Lange couplers. As can be seen, the coupler allows the eross-over of the two signals with

better than 16 dB isolation over an octave bandwidth, The 0 dB coupler also delays cach of

the signals by 90° which eliminates the need for the two 90° lines in the standard monopulse

configuration.

'The wideband monopulse processor is an excellent choice for the new IF-based monopulse
processors first proposed by Ling et of.[31]. In this configuration, the RF channels are am-
plified, mixed down to an IF, amplificd again and then sent to the MONOPUISE Processor.
The IF-based monopulse processor reduces the complexity of the RF front-end and enables
the use of additional amplification at the 11 to reduce the effects of loss in the Processor.

"This novel monopulse processor allows a wideband millimeter-wave signal to be processed
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Figure B.2: Example of a planar RF monopulse processor using using 0°/90° 3 dB couplers
with 90° delay lines. The ontput labeled T is terminated in a matehed load.
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Figure B.3: 0 dB coupler used in the Monopulse processor: (a) block diagram and (b) sim-
ulation using Lange couplers.

at low IF frequencies (2-4 GHz).
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Figure B.4: Monopulse processor using Lange couplers: (a) layout and (b) simulation.
B.2 Design and Measurements

Inorder to achieve the largest possible bandwidth, the monopulse processor was designed
nsing Lange couplers for the 0°/90° 3 dB couplers. As can be scen from Figure B.4(a), this
results in an elegant and compact design. The processor was designed for a 525 pm high
resistivity silicon substrate and simulated using HI* EEsof’s Libra'. The simulated results
shown in Figure B.4(b) demounstrate a difforence port with a 20 (B null-depth over a 2 GHz
bandwidth centered at 3 GHz and a sum pattern with a 1 dB variation over the bandwidth.
The remaining two difference ports are of standard bandwidth due to the dispersion effects
of the input 90° delay lines.

In order to understand why A3 has such a wideband null, the group delay of each input
port to Al and A3 was simulated. As can be seen in Figure 3.5(a), the group delay from
ports 1 and 4 are very close and thus, the difference of these ports will be very low aver the
entive bandwidth. However, the group delay from ports 2 and 3 are not, very close at all and
diverge away from the center frequency. This is the cause of the narrowband null in A1 By
comparison, the delays in Figure B.5(b) show that ports 1 and 2 are close enough together

to form a good null and they stay close together across the entire bandwidth. Ports 3 and

"HI EEsof Release 6.0, July 1995
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Figure B.5: Simulated group delay from the input ports to (a) Al and (b) A3.

4 are close at the center frequency and gel closer away from the center frequency. Thus,
A3 maintains a good null across the entire octave bandwidil.

The width of the lines in the Lange coupler is 29 g and the separation between the
lines is 39 pan. The couplers are 9.46 mm long and the 50 Q lines are all 0,43 mm wide.
The microstrip transmission lines are gold plated to a thickness of 3 pan and the pround
plane is gold plated to a thickness of 6 gn. The input and output lines are all spaced 1 em
apart which allows SMA counectors to be used without the need for additional spacing,
An aluminwn mount is used to hold the silicon wafer and connectors, and the connections
between the SMA connectors and the microstrip lines are made with silver epoxy. The fully
assetbled monopulse processor is shown in Figure B.6(a).

The monopulse processor was tested nsing a Mini-Circuits 2-4 GHy 4-way power divider
and an HP 8720 vector network analyzer. As can be seen from Figure B.6(b), the center
frequency of the monopulse processor is shifted down in frequency to 2.6 GHz. However,
even with this shift in frequency, a wideband difference port is obtained with an 18 dB mull
over 2 GHz and a 30 dB null over 0.95 GHz. The shift in the measured frequency response
is due to phase error in the Lange couplers, The increased loss in the measured data 1s due
to the conmectors and skin effect losses since the transmission lines are only 1.2-2.4 skin

depths thick from 1-4 GHz.
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Figure B.6: (a) Picture of asseinbled Lange coupler based monopulse processor and (b)

measured response.

B.3 Conclusion

We have demonstrated a wideband Lange coupler based monopulse processor centered

at 2.6 GHz with an 18 dB null over a 2 GHz bandwidth. This design can be sealed up to

X-band or K-band in order to obtain much greater bandwidths (8-16 Gz, 20-40 GHz) if

necessary. The monopulse processor has also proved to be very useful in the new 1F-based

wonopulse systems, allowing the processing of 2 GHz wideband signals from a 94 GHz radar

system,
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APPENDIX C

IF-Based Polarimetric Receivers

Introduction

C.1

Polarimetric radars from L-band to W-band are widely used for reinote-sensing, tracking,

and target discrimination applications [34]. Current polarimetric radars use a dual-polarized

antenua (microstrip or waveguide type) connected to a set of LNA’s, variable attenuators,

and phase shifters as shown in figure C.1{a). The processed H (horizontal polarization) and

V (vertical polarization) signals are sunmued to give a particular polarization state depend-

ing on the setting of the variable attenuators and phase shifters. Since the RF polarimetric

circuits are expensive, multiple polarization states are not formed simultaneously. This is

not acceptable for applications in which a quick measurement of multiple polarizations is

required, such as smart munition seckers or advanced automaotive radars.

RF Polarimetric
Circuit

1 Single

Polarization

Multiple
Polarizations

IF Polirimetric
Circuit

RF Front-End

()

Figure C.1: Architecture of (a) Current Polarimetric Systems and (b) Proposed IF-Based

Polarimetric Systens.

In order to provide low-power multiple polarimetric measurcments, the system shown
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in figure C.1(b) is proposed as a mecans of forming many polarization states at the IF
frequency. The advantage of this system is that low-cost low-power silicon-based IF circuits
can be used to perform most of the processing and many ditferent polarization states can
be formed simultancously. This architecture also allows the TF frequency, used to perform
the polarimetric processing, to be independent of the RF frequency. Thus, the same [F
polarimetric processor can be used with different RF front-cnds. The disadvantage with
this system is the larger fractional bandwidth which the received signal has at IF frequencies
compared to RF frequencies. However, it is possible to build an IF network which yields an
accurate polarization neasurement for a fractional bandwidth of 20%. Since current radars
have a bandwidth of 50 to 250 MHz, it is scen that an IF network centered at 2 GHz can

process a 400 MHz bandwidth signal.

Microstrip .
Antenna T H IF Amp

Mixer LO
e
—
—
—
—
-
f 3dB O/180° |
Coupler

H+V Power

H-V Divider/Combiner
H H
V|

3 dB 0s0°
Coupler

Figure C.2: Schematic of the Passive IF Polarimetric Receiver.,
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C.2 Experiment

The polarimetric receiver is composed of a 9.8 GHz dual-polarized microstrip antenna,

fabricated on a 0.51 mm thick ¢, = 2.2 Duroid substrate', followed by two balanced mixers

with a measured SSB conversion loss of 6 dB. The mixers are fed with an LO frequency of

9.6 GHz, rvesulting in an IF frequeney of 200 MHz. Al of the IF couplers, amplifiers and

switches used for the IF circuitry are low-cost components purchased from Mini-Circuits?.

The IF polarimetric processor can be completely integrated on silicon, including all neces-

sary amplifiers and switches up to 1 - 2 GHz [4]. This will reduce the cost even further and

also increase the available bandwidth of the system.

The IF polarimetric circuit that has been tested is shown in figure C.2. It is based on

the concept of a six-port junction in which the relative phase and amplitude between the

two Input signals can be determined from fonr different amplitude measurements [24]. In

this case, six different measurements have been used in order to decrease the error in the

polarization measurement.
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Figure C.3: Response of Polarimetric Recciver for (a) Horizontally Polarized Wave and
(b} Lefi-hand Circularly Polarized Wave,

To verify the operation of the polarimetric receiver, two tests are performed. The first

'Rogers Corp., 100 8. Roosevelt Ave., Chandler, AZ 85226 USA.
*Mini-Circuits, P.O. Box 350166, Brooklyn, NY 11235-0003 USA
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measures various antenna patterns where the measurements are taken from the output ports
of the IF polarimetric circuit. The second test trausmits many different polarizations and
measures the error in the incident polarization calculated from the amplitude measurements
taken at the IF output ports. For both of these tests, an X-band quad-ridged horn is used as
the transmitting antenna. The transmitted polarization is set by adjusting low-loss coaxial
line stretchers placed in the feed-lines of the quad-ridged horn. The coaxial line stretehor
physically changes the length of the line and is therefore equivalent to a MMIC phase shifter

in the sense that it adjusts the phase of the signal.

C.3 Results

The reccived patterns for a horizontally polarized transmitted wave and a left-hand
circularly polarized transmitted wave measured at the 1F ports are shown in figures C.3(a)
and C.3(b), respectively. The measured patterns show the typical traits of a microstrip
antenna. For the lincarly polarvized wave the E-plane pattern falls to -10 dB at 90°, and the
H-plane pattern is -15 dB at 90°. The cross-pol. for the microstrip antenna was measured
to be -23 dB and so the increased cross-pol. seen here is due to the presence of the RF and
IF circuitry around the antenna. For the circularly polarized wave, the cross-pol. increases
significantly near £90° (as expected) due to the difference between the E and H-plane
patterns.

To obtain accurate polarization measurements, the system is calibrated to eliminate
phase and amplitude imbalances in the [F couplers. The calibration is performed by trans-
mitting six different known polarizations and then calculating the necessary calibration
coefficients from the measured response. Figure C.4 shows the results of the calibrated and
uncalibrated measurements. As can be seen, the calibrated system works well and gives a
+57 error in the measured polarization at the IF ports. This error s limnited by the accuracy
of the transmitting system. The jumps in the nnealibrated curve are due to using different

output ports of the IF polarization circuit to find the incident polarization.
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Figure C.4: Measured Phase Error for X-band Receiver.

C.4 Conclusion

The idea of using IF based polarimetry for applications in which a quick polarization
measurement is needed while maintaining low power consumption has been proposed. The
advantage of this architecture is that low-cost low-power silicon-based IF cirenits can be
used to implement the polarimetric processing. Bandwidih should not be a problem since
the IF circuits can be designed to operate at 1 - 2 GHz. This idea has been successfully

demonstrated with an X-band system, and can be implemented with any RF frequency.
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APPENDIX D

Detailed Fabrication Process

This appendix discusses the fabrication process used for the distributed MEMS trans-
mission lines discussed in this thesis. The process used determines, to a large extent, the
mechanical properties of the MEMS bridges since the residual stress within the released
structures can have a large effect on these properties. This process is based on using quarty,
walers and thus includes some steps intended to deal with the particular problems associated

with fabricating on quartz.
1. Wafer Cleaning:
(a) Dmmerse the wafer for 15 minutes in 1:1 HpSO4:H, 0Oy (Piranha Etch). Cascade
rinse in deionized (DI) HoO for 5 minutes.
(b) Blow dry with No. Dehydrate bake on a 130° C hotplate for 2 minutes.
(¢} Clean in a 250 m'T Oy Plasma at 150 W for 3 minutes.
2. CPW metal lift-off:
(a) Evaporate 200 A Ti (This step is necessary in order to obtain good adhesion and
the correct lift-off profile for the AZ 5214 PR on quartz).
{b) Spin coat with AZ 5214 PR at 3000 rpmn for 30 sec.
(¢} Soft bake on a 105° C hotplate for 1 min.
(d) Align a clear-field mask, exposing arcas where the metal is to be lifted off. Expose
at 20 mW/cm? for 4.5 sec.
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Table D.1: PECVD Si;N, recipe [42].
Gas/Flow | SiH4/100 scem
Gas/Flow NH3/10 scem
Gas/Flow Ny /990 scem
Gas/Flow He /900 scem

Pressure 700 mT
Rl Power 100 W
Temperature 400° C
Time 12 min.
Thickness 2000 A

{¢) Hard bake on a 130° C hot plate for 1 min.
(f) Flood expose for 1.5 min. at 20 mW /em?.
(g) Develop in AZ 327 MIF for 50 sec. Rinse in DI HoO and dry with N,.

(h) Evaporate 300/8000 A Ti/Au (8000 A Au is necessary in order to reduce loss

since the CPW center conductor is not electroplated in this process).

(i) Soak in acctone (ACE) overnight in order to lift-off undesired metal.

(i) Rinse in isopropyl alcohol (IPA). Dry with N,.

3. Plasma Enhanced Chemical Vapor Deposition (PECVD) of SiyN,:

(a) Clean in a 250 mT O, Plasma at 150 W for 3 minutes (This step is critical for
removing a film left by the AZ 5214 PR.)

(b) Deposit SizN, using recipe listed in Table D.1.

(¢) Clean in ACE and IPA. Dry with Ny,

(d) Spiu coat with Hexamethyldisilazane (HMDS) adhesion promoter and Shipley

1813 PR at 3.5 krpm for 30 sec. each.
(e) Soft bake on a 105° C hotplate for 1 min.

() Aligu a clear field mask, exposing arcas where the S1i. Ny is to be removed. Expose

for 5 sec. at 20 mW/em?,
(g) Develop in 1:5 MF351:DI for 1 min. Rinse in DI and dry with N,

(h) Hard bake on a 130° C hotplate for 2 win.
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(1)

()
(k)
o

Table D.2: PECVD SipN,, reactive ion
ctehing (RIE) recipe.

Gas/Flow | CF4/40 scem

Gas/Flow | Oy/1 scan

Pressure 100 mT
RF Power 100 W
Time 7 1in.

Etch SipN,, in a CFy and Ou plasina using the recipe shown in Table D.2 (This

cteh will also remove some or all of the 200 A Ti layer).
If any of the 200 A Ti layer is remaining, remove it in 1:10 HF:DIL.
Remove the vesist in a 250 m'T Oy plasma at 150 W for 3 min.

Clean in ACE and TIPA. Dry with Nj.

4. Metal electroplating and MEMS bridge formation:

()

(b)

(d)
(¢)

(b)

Spin coat with Shipley 1813 PR at 3-5 krpm for 30 sec. to form the sacrificial
resist layer which defines the bridge height (the thickness of the resist is from
L.5-1.16 pum after the hard bake).

Soft bake on a 105 ° C hotplate for 1 min. 10 sec.

Align a dark field mask, exposing arcas to be electroplated except any arcas

beneath bridges or circuit metal regions which are not electroplated. Expose for

5 sec. at 20 mW /ein?,
Develop in 1:5 MF351:DI for 1 min. Rinse in DI and dry with Ny.

Hard bake on a 130° C hotplate for 2 min. 30 sec. (It is important to drive out
all of the solvents from the resist in order to avoid problems with bubbling when

the next resist layer is applied).
Evaporate clectroplating seed layer 500/2000/500 A Ti/Au/Ti.

Spin coat Shipley 1813 PR at 3 krpm for 30 see. (resist thickness is approximately

1.6 ).

Soft bake in 80° C oven for 20 min.
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(i) Align a dark field mask exposing areas to be electroplated, including the air
bridges. Expose for 5 sec. at 20 mW/cm?.

() Develop in 1:5 MF351:DI for 1 min. Rinse in DI and dry with Nj.

(k) Etch the exposed top Ti layer in 1:10 HE:DI for approximately 6 sec. Rinse in
DI and dry with No.

(1) Electroplate 2.5-3 pm of gold using a current of 6 mA with a plating rate of
~ 0.12 pm/min. (with this solution, higher plating current tends to give more
compressive stress in the bridges, which can cause buckling). The pold plating
solntion used is Aurall 305! at a temperature of 50° C and stirred with a magnetic
stir rod.

(in) Rinse in DI and dry with Ns.

(n) Flood expose the top layer of resist for 1.b min. at 20 mW /ew?.

(0} Develop in 1:5 MF351:DI for 1 min. Rinse in DI and dry with Ny.

(p) Strip the Ti/Au/Tisced layer. The Tiis etched in 1: 10 HF:DI for approximately
6 sce. The gold is etched in TFA Gold Etchant (~ 28 A/sec. at room temper-
ature). Rinse in DI between each etch. Care must be taken when etching the
gold seed layer since the gold eteh will also attack the electroplated gold and at
a much higher etch rate than the evaporated gold (~ 2-4x faster). This is most
critical for the bridges since if the bridge thickness becomes too small, the bridge

could buckle due to compressive stress.

{(q) Rinse in DI and dry with Ny,

(r) Remove the sacrificial resist layer by soaking in PRS-2000 overnight. At this
point, the wafer cannot be air dried because the surface tension of the evaporating

liquid will pull the released bridges down to the substrate causing them to stick

[28).

(3) Rinse in DI for 5 min.

'The patent on the Aurall 305 gold process is held by LeaRonal Inc. 272 Buffalo Ave. Freeport, NY
11520
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5. Release of MEMS bridges:

(a) Tramsfer from DI to TPA and then to fresh IPA to remove all DL

(b) Transfer to Ethanol and then to fresh Ethanol to remove all IPA. The release

process uses liquid COy which is miscible with Ethanol but not TPA,

(¢} Transter to Critical Point Dryer chamber filled with Ethanol and secure chamber.

() Cool chamber down to -20° C.

(¢) Replace Ethanol with liquid COs by filling and purging the chamber with liquid
COs several times.

(f} Completely fill the chamber with liguid COq and turn on heater.

(g) Once the chamber pressure and temperature have risen above the COg eritical
point (LO73 psi and 31.17 C), the pressure is gradually reduced, while maintaining
a coustant temperature of ~ 35° C, such that the super flnid transitions directly
to a gas [34].

(h) Clean in a 250 mT Oy plasma at 150 W for 3 min.
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